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FOREWORD 


A. Background 

It has been some years now since the publication of something comparable 
to the present work concerning the interaction of the nuclear electromagnetic 
pulse (EMP) with complex systems. The most recent document of this kind is 
Electromagnetic Pulse Handbook for Missiles and Aircraft in Flight , EMP 
Interaction 1-1, September 1972; it was several years in the making, and the 
present document likewise was a lengthy undertaking. 

Recent years have witnessed some considerable effort and associated 
advances in the state of the art of EMP interaction modeling. This develop¬ 
ment has been spurred by experimental observations of the EMP response 
characteristics of complex systems and by analytical and computational 
advances concerning the solution of appropriate types of electromagnetic 
boundary-value problems. Related to these advances, but extending beyond 
them in significance, are the fundamental insights which have been developed 
concerning the general properties of the EMP response of complex systems; 
these insights have led to ways of reducing somewhat the complexity of the 
interaction problem by decomposing it in certain "natural" ways into smaller 
subproblems and subresponses, each of these smaller entities being somewhat 
simpler than the total interaction problem and associated complex response. 

There has also been a significant increase in the number of researchers, 
engineers and system designers involved in applying EMP interaction models 
developed mainly by theorists to military systems. These models are usually 
only applicable to highly idealized problems and/or may be described by very 
complicated mathematics not easily used to solve day-to-day practical problems. 
Consequently, a gap has appeared between the theoretical models and the practical 
applications. This document is meant to help bridge this gap. 

B. Applicability 

In organizing and compiling a work of this nature it is necessary to 
determine for whom this work is constructed and how such persons are to use it. 








This .h cvment is intended to be used by engineers responsible for EMP 
hardening and testing of real military systems. Such is the fundamental 
purpose of all the EMP interaction research: to develop better information 
and techniques for ultimate use in making better (EMP hard) systems. 

The rationale for studying the problem of EMP interaction with a system 
is to try to understand and quantify the characteristics of the penetrating 
EMP at the subsystem levels. This information when coupled with test data 
results in an insight into how much the EMP energy may have to be reduced so 
as to preclude functional upset or damage. The application of data, formulas, 
etc. from this document to a system can aid the analyst in making preliminary 
order-of-magnitude estimates of responses at a point in a system but does not 
in itself result in predictions for use in determining system hardening 
requirements. However, when used with high-quality data resulting from EMP 
testing a measure of the degree of hardening and hardening approaches 
necessary can be obtained. It is important to stress at this point that in 
designing and/or assessing the EMP hardness of a system high-quality system- 
level test data are absolutely indispensable, which are not contained in this 
document. It is also important to point out that this volume does not address 
the reliability/confidence error intervals (which are usually quite large, for 
example, a factor of 20 for 90/90 interval [1]) that one encounters in making 
an assessment of aircraft survivability to EMP. The error estimates presented 
in Chap. 1.6 and Sec. 3.2.5 of Chap. 3.2 are those that arise from physical 
modeling, mathematical approximation and laboratory scale-model measurements. 

They are generally small in comparison with the reliability/confidence error 
intervals. 

The reader may ask: "How can something as complicated as electromagnetic 
theory ever be used by a multitude of engineers to design anything?" To 
answer this question one must first observe that there is not much choice in 
the matter. Design means to take some body of knowledge and apply it to 
making something with desired performance characteristics. EMP implies electro¬ 
magnetics, and the distilled statement of electromagnetic phenomena, as we best 
understand it, is electromagnetic theory. One can always question whether a 
particular form of the description of an electromagnetic phenomenon is the best 
possible description or is optimally communicable to neophytes in electromagnetic 






theory. Nevertheless, any description adopted must be at least approximately 
correct (i.e., in agreement with experimental fact). This rules out attempts 
at oversimplification; there are some concepts which will have to be learned 
in order to be able to effectively apply electromagnetic theory to EMP system 
interaction problems. 

A secondary use of the document is for the electromagnetic theory community. 
In the process of'organizing and writing such a work one gets a better picture 
of the state of the art and deficiences become more apparent. This in turn 
can serve as a partial guide for future research. It must be emphasized, 
however, that even though the electromagnetic theory research community is 
of necessity the group providing the basic information for this volume, this 
work is not intended primarily for their use; its intended use is for the 
applicators. This does not necessarily mean the applicators at their current 
state of skills and knowledge, but the applicators raised to some basic level 
of required electromagnetic knowledge for the applications problem. 

C. Technical Concept 

In constructing this kind of work summarizing the state of the art of 
EMP interaction modeling, one might just list all the physical quantities 
and topics and have brief sections concerning each. However, these things 
are not unrelated to each other; one can make use of these relations in 
order to create a more coherent whole. This document is thus organized in 
some sense from the top down instead of from the bottom up. A consistent 
overall structure and notation has been created and the various pieces have 
been selected to fit into the overall concept. 

This work is divided into three parts. The first part. Principles 
and Techniques, concerns general concepts and calculational procedures from 
electromagnetic theory relevant to EMP interaction. This qontains a discussion 
of the concept of electromagnetic topology which is used to divide complex 
systems into somewhat natural smaller parts in an ordered way. This concept 
is fundamental to the organization and understanding of this work and is 
expected to lead to further insights and computational techniques [2-8]. 

Of course there are many other concepts and techniques which play important 



roles and which are discussed in this part. The reader might consult a recent 
review paper [9] to put these in perspective including some concepts of potential 
future significance. 

The second part. Formulas and Data, considers the information concerning 
the pieces of the system. The organization of this part is based on the system 
topology, specifically the hierarchical topology which divides the system into 
layers. Each layer is further divided into three ordered parts: coupling, 
propagation, and penetration. Within each category the various individual 
(or canonical) types of boundary-value problems are considered. As one might 
expect, the bulk of the material is contained in this section. 

Having considered, first, the general concepts and techniques for EMP 
interaction and, second, the specific information concerning the pieces, we 
come to the third part, System Applications. This part attempts to illustrate 
the use of the previous parts in analyzing the EMP interaction with complex 
systems. Hypothetical system examples are chosen to illustrate the topological 
decomposition of the problem for selected signal paths, and the subsequent 
approximate calculation of the internal signals. 

As appropriate to any large task this was a cooperative one involving 
many individuals and organizations. AFWL personnel were concerned with the 
overall technical organization and contractual adminstration of the effort. 

This was accomplished by a set of memos termed E1H (EMP Interaction Handbook) 
memos in three parts [10-12] which addressed outlines, notations, summaries of 
particular problems, etc. Particular thanks are given to MSgt. Harris Goodwin 
of AFWL for his efficient administration of this effort. 

D. Future Evolution 

While in our opinion some significant advances are reflected in this EMP 
interaction document, the present work should not be regarded as definitive. 

As was expected, the process of producing this document revealed various defi¬ 
ciencies to the participants. We believe that with time additional improvements 
will become apparent to us and to you, the user. With proper aging, as in the 
case of good wine, we will be able to form mature judgments concerning an 
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improved version of this volume. Presumably such an Improved version will 
involve generalizations and simplifications of the basic concepts and 
techniques as well as more specific data and examples. Uhen the technology 
allows for significant such Improvements, a new version of this work is 
called for. 


Air Force Weapons Laboratory 
Albuquerque, New Mexico 

September, 1979 


C.E. BAUM 
J.P. CASTILLO 
J.H. DARKAH 
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A NOTE FROM THE EDITOR 


This document is the product of a project undertaken by the Air Force 
Werpons Laboratory to compile a comprehensive, up-to-date, standard reference 
on EMP interaction. While this documentation should be useful to the entire 
community of EMP research workers, it is specifically aimed at providing in 
one volume the best currently-available technical data to engineers who are 
engaged in hardening military aircraft, missiles, and satellite communications 
systems against EMP penetration. To ensure accurate and expert coverage of 
every topic in EMP interaction, the contributors to this volume have been 
selected from among the nation's foremost EMP specialists who have been 
actively participating in EMP interaction analysis and experiment. 

The body of technical data collected in this document is largely drawn 
from results obtained under AFWL-sponsored EMP research efforts directed by 
John Darrah, Carl Baum and Phil Castillo. These results have appeared in 
the AFWL EMP note series and in various AFWL technical reports. However, 
many of the results presented here were worked out during the making of this 
document and have never before, appeared elsewhere. 

During the last three yea^s I worked very closely with Phil Castillo 
and H.A. Goodwin of AFWL on every aspect of the project. They had given me 
continued encouragement and advice, and helped overcome all the difficult 
problems that stood in the way. Their unstinting assistance and unabated 
interest in the project were essential to its completion. Carl Baum of AFWL 
was very much involved in the technical aspect of the project. He had contin¬ 
uously and generously given me comments and ideas to improve the content of 
the document. The entire technical staff of Dikewood, Santa Monica, no„ only 
has contributed a large amount of material to this document, but also proofread 
the typescript. In particular, Kendall Casey and F.C. Yang helped me rewrite 
and integrate many sections of the document. Ed Vance of SRI, Clay Taylor of 
the Mississippi State University, and several members of the technical staff 
of RDA have made numerous valuable suggestions regarding the suitability and 





accuracy of the material in the document. Needless to say, the contributions 
from the twenty-four authors are the building blocks of the project. Their 
efforts and cooperation have made this document possible. Finally, my sincere 
appreciation goes to Diane DiFrancc for her patience, assistance and skills 
in the preparation of the entire typescript. 

Dikewood Industries, Inc. K.S.H. LEE 

Santa Monica, California 

September, 1979 
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CHAPTER 1.1 
INTRODUCTION 


The interaction of the nuclear electromagnetic pulse (EMP) with a 
large aeronautical or communication system is not limited to coupling 
with the system's external structure. EMP energy can penetrate through 
the system's outer surface, propagate in its interior or along cables, 
and finally appear as electric currents and voltages at the sensitive 
components of electronic subsystems. The goal of EMP hardness engineering 
is to suppress these currents and voltages to levels below the components' 
damage and upset thresholds. The primary objective of this document is 
to provide quant 1u•• l ive data, both analytical and experimental, on EHP 
interaction (which comprises coupling, propagation and penetration) for 
typical system geometries, for use in system hardness design and imple¬ 
mentation. 

The material of this document is organized in three parts. Part 1 
presents the fundamental concepts of EMP interaction and the methods of 
its formulation and analysis. The general process of EMP penetration into 
a large system is generically viewed as one of EMP energy transfer across 
successive substrata (intersurfaces)of a layered topological model. The 
outermost surface of the model is the system's external skin; the innermost 
surface consists of the shields of internal electrical cables. The crossing 
of each surface can be quantified by a transfer function. Each transfer 
function is to a large extent dependent on the local surface geometry and 
can be determined by solving an appropriate boundary-value problem in 
electromagnetic theory. The analytical methods for formulating and solving 
these electromagnetic boundary-value problems are described in detail. 

Part 2 presents the analytical formulas as well as numerical and 
experimental data on EMP coupling, propagation and penetration. These 
formulas and data are organized according to the surfaces of the topo¬ 
logical model to which they apply. Those pertaining to the outermost 
surface of the model describe the EMP interaction with the external 
structures of aeronautical and communication systems. Those pertaining 
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to the intermediate surfaces describe the excitation of wire-like 
conductors and cavities lying behind these surfaces. Those pertaining 
to the innermost surface describe the penetration of cable shields and 
the excitation of shielded or unshielded wires. 

Part 3 presents a number of system examples to demonstrate the 
application of the formulas and data in Part 2. These examples are 
designed to illustrate typical EMP interactions with aircraft, missiles, 
satellites and ground communication facilities. Engineering techniques 
for hardening these systems are discussed. Finally, the errors in the 
calculations of the system examples are described. 

1.1.1 HISTORY OF EMP 

There are a number of reasons that make it difficult to compile 
even a brief history of EMP. Among these are the following: (1) much 
of the early work was never written down or documented in readily available 
sources; (2) EMP studies were carried out independently by persons and 
organizations (AEC, AFWL, DASA, etc.) in a number of locations both within 
the U.S. and overseas (e.g., U.K., U.S.S.R.); (3) much of the work was 
classified, making open literature surveys somewhat incomplete and 
possibly misleading; and (4) scientists and engineers were busy trying 
to solve technical problems rather than recording historical details. 

Thus, the brief history presented here may contain errors or have omitted 
important contributions by certain groups or individuals, but all in all 
is factual. 

A partial list of events important to the history of EMP is given 
in table 1. The list includes nuclear test information and the first 
interests in system vulnerability and EMP simulation Issues. The events 
are listed in chronological order to show the historical (although not 
necessarily the most logical) development. 

1.1.1.1 Discovery of EMP 


It is reported that Fermi realized that any nuclear explosion would 
create electromagnetic fields. The exact mechanisms that he had in mind 







TABLE 1. IMPORTANT EVENTS IN THE HISTORY OF EMP 


1945 TRINITY EVENT; electronic equipment shielded reportedly 
because of Fermi's expectations of EM signals from a 
nuclear burst 

1951- First deliberate EMP observations made by Shuster, Cowan 

1952 and Reines 

1952- First British atomic tests; instrumentation failures 

1953 attributed to "radioflash" 

1954 Garwin of LASL proposes prompt gamma-produced Compton 
currents as primary sources of EMP 

1957 Bethe makes estimate of high-altitude EMP signals using 
electric dipole model (early-time peak incorrect) 

1957 Haas makes magnetic field measurements for PLUMBBOB 
test series (interest in EMP possibly setting off 
magnetic mines) 

1958 Joint British/U.S. meeting begins discussions of system 
EMP vulnerability and hardness issues 

1958 Kompaneets (USSR) publishes open literature paper on 
EMP from atomic explosion 

1959 Pomhara and Taylor of the U.K. present u theory of 
"radioflash" 

1959 First interest in EMP coupling to underground cables of 
Minuteman missile 

1962 FISHBOWL high-altitude tests; EMP measurements driven off 
scale; first indications of the magnitude of the high- 
altitude EMP signal 

1962 SMALL BOY ground burst EMP test 

1962 Karzas and Latter publish two open literature papers on 
using EMP signals for detections of nuclear tests; bomb 
case EMP and hydromagnetic EMP considered 











TABLE 1. IMPORTANT EVENTS IN THE HISTORY OF EMP (Cont'd) 


1963 

Open literature calls for EMP hardening of military systems 

begin to appear 

1963- 

1964 

First EMP system tests carried out by Air Force Weapons 
Laboratory (AFWL) 

1963- 

1964 

Longmire gives a series of EMP lectures at AFWL; presents 

detailed theory of ground burst EMP and shows that the 

peak of the high-altitude EMP signals is explained by 
magnetic field turning (magnetic dipolp signal) 

1964 

First note in the LASL/AFWL EMP notes series published 

1965 

Karzas and Latter publish first open literature paper 
giving high-frequency approximation for the high- 
altitude magnetic dipole signal 

1967 

Construction of ALECS as the first guided-wave simulator 

is completed for EMP simulation on missiles 

1967 

AJAX underground nuclear test 

1969 

Close-in EMP mechanisms recognized and evaluated by 

Graham and Schaefer 

1970 

EMP underground test feasibility recognized and preliminary 
design presented by Schaefer 

1973 

First joint nuclear EMP meeting at AFWL 

1974 

MING BLADE underground EMP test for confirmation of near 

surface burst EMP models 

1975 

DINING CAR underground EMP test as the first system 

hardware EMP test 

1975 

MIGHTY EPIC underground EMP test 

1978 

Special joint issue bn the nuclear EMP in IEEE Trans¬ 
actions on Antennas and Propagation and also on 

Electromagnetic Compatibility 

1978 

Nuclear EMP meeting in Albuquerque under IEEE sponsorship 
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were apparently not recorded, but electromagnetic shielding techniques 
were applied to the various instruments used on the TRINITY event in 1945. 

The first deliberate EM? measurements were apparently made in 1951 through 
1952. The goal was to obtain diagnostic information describing weapon 
output. Early U.S. tests also reportedly often used the EMP signal to 
trigger oscilloscopes and other recording equipment. 

Standard shielding practices used by U.S. experimenters apparently 
kept EMP signals from interfering with diagnostics on the early nuclear 
tests. The British were less fortunate, however. In the first British 
atomic tests in 1952 through 1953, a number of instrumentation failures 
occurred, apparently due to EMP and the absence of any shielding. Thus, 
the British developed an early interest in "radioflash" (the British label 
for EMP). 

1.1.1.2 Early Activities 

The fact that nuclear explosions generate electromagnetic signals was 
experimentally well known by the mid-1950's when theoretical explanations 
of the effect began to appear. In 1954 Garwin of Los Alamos correctly 
proposed that the Compton current produced by prompt gamma radiation was 
a major source term for Maxwell's equations, while in 1958 Kompaneets [1] 
of the U.S.S.R. published one of the first papers in open literature on EMP. 
Also, in 1959 Pomham and Taylor of the U.K. presented a paper entitled "A 
Theory of Radioflash" [2], 

The early theories were often incomplete and sometimes incorrect. 
Emphasis was placed on ground bursts or low-altitude explosions. Much of 
the interest was in nearby (but outside the source region) diagnostic 
measurements or long-range detection and observation of foreign tests. 

VLF and other low-frequency effects were of particular Interest, since good 
quality high-frequency EMP measurements had not been made in the early tests. 

The first glimmerings of the strategic and tactical Importance of EMP 
effects began to appear about 1957 when Haas made a series of magnetic field 
measurements during the FLUMBBOB test series. One goal of these measurements 
was to determine if EMP could set off nearby buried magnetic mines. In 1958 
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discussions between the U.K. and the U.S. took place regarding the EMP 
vulnerability and hardening of military systems (perhaps motivated by 
British test instrumentation problems), and in 1959 people began to 
worry about EMP coupling to the silos and buried cables of the Minute- 
man system. 

Both experimental and theoretical work continued to be carried out 
at Los Alamos during this period, notably by Partridge, Suydam [3,4] and 
Malik. Some interest in high-altitude EMP began to appear in 1957 when 
Bathe made some estimates of the high-altitude signal using an electric 
dipole model. Unfortunately, this model is incorrect for the large, 
early-time peak and, as a result, a number of measurements attempted 
during the 1962 high-altitude test series were driven off-scale. 

In 1962 a number of EMP measurements were attempted at the SMALL BOY 
nuclear test in Nevada. The goal was to obtain data on the close-in EMP 
environment of a ground burst. Unfortunately, many of the attempted 
measurements were unsuccessful due to instrumentation and other problems. 

The somewhat surprising results of the high-altitude test series, 
combined with an atmospheric test ban, created a great deal of Interest 
in EMP in the early 1960's. Karzas and Latter published two papers [5,6] 
on EMP theory in the open literature in 1962, their investigations being 
at least partially aimed at detection of nuclear test ban violations. In 
1963 through 1964 Longmire gave a series of lectures at AFWL which presented 
a fairly detailed theory of source region surface-burst EMP and showed that 
electron turning effects due to the earth's magnetic field would produce 
the large early-time signals from high-altitude EMP seen in the 1962 test 
series. This "high-frequency approximation" was first presented in the 
open literature by Karzas and Latter in 1965 [7]. Significant theoretical 
work and computer code development were also carried out during this period 
at AFWL and in the U.K. Also, 1963 through 1964 apparently marked the 
beginning of EMP testing of military systems when Henderson, Graham, and 
Cikotas of AFWL first used a distribution of loops, a fast switch, and a 
large capacitor bank to carry out EMP tests. 
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Since the mid-1960's, both Interest in and knowledge of EMP phenomena 
have greatly expanded, and an adequate history of this period is beyond 
the scope of this brief discussion. As a result of numerous efforts over 
this time period, there now exist a wide variety of simple analytical 
models and very complex computer codes used for calculating EMP environ¬ 
ment. A number of EMP simulators have been built and simulation tests 
carried out. Interests in system vulnerabilities have also expanded 
from missiles to aircraft, satellites, and communication systems. 

A good idea of present EMP Interests can be gained by examining 
the recent special joint issue of two IEEE journals on the Nuclear 
Electromagnetic Pulse [8], 

1.1.1.3 Sensor Development 

After the SMALL BOY test in 1962 it was apparent that instrumentation 
for measuring the EMP physical parameters was inadequate, especially in 
the nuclear source region. The conventional sensors, which convert 
electric fields, magnetic fields, current densities, etc. to analog 
electrical signals on data cables and circuit elements, had fundamental 
physics problems in that their response In EMP source regions was unknown, 
and hence they were not designed to operate with acceptable and known 
accuracy. Problems associated with Comptom (source) current density, 
nonlinear and time-changing air/soil conductivity, and other nuclear 
radiation effects were not familiar to antenna designers. These problems 
had to be solved if any experimental progress was to be made concerning 
the EMP source as well as the EMP interaction with objects in such source 
regions. 

As a part of the nuclear test readiness program AFWL, with DASA 
funding, initiated a sensor development effort for source-region applica¬ 
tions. Design concepts were developed based on the physical processes 
in EMP source regions (described by Baum in the early Sensor and Simula¬ 
tion Notes) and prototype sensors were built primarily by EG & G with the 
early E-field sensors being built by SRI. These first models were fielded 
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on the AJAX underground nuclear test in 1967 and several subsequent 
EMP experiments. Also during this period some air conductivity 
measurements were made on underground nuclear tests (by Baran, Baum 
and Ekman) using X-band double-interferometer techniques on irradiated 
air in a rectangular waveguide. 

With the growth of EMP testing and the concomitant design of EMP 
simulators, accurate broadband sensors were needed for measuring both 
simulator performance and various response parameters of the system 
under test. For this application several designs have evolved which 
have found widespread use in both American and European agencies. 

Both the source-region and source-free-region sensors are reviewed 
in a recent paper in the special joint issue on the Nuclear Electromagnetic 
Pulse authored by the principal contributors to this technology [9]. 

1.1.1.4 Simulator Development 

From an EMP interaction viewpoint a military system such as a 
missile, aircraft, communication center, etc. is extremely complex, 
implying a low confidence in the results of an EMP interaction analysis 
as it affects the many possible electronic vulnerabilities. It was 
therefore apparent that a test capability was required. To perform 
these tests on any extensive basis required special test facilities 
producing EMP-like environments. This led to the need for what are 
referred to as EMP simulators. 

There are two fundamental points to be considered in deciding if 
something is an EMP simulator (in the strict sense) or not: the accuracy 
of the form of the fields in the absence of the test object (spatial, 
temporal, frequency content, etc.), and an acceptably small interaction 
of the simulator itself with the test object (thereby changing the response 
characteristics of the test object [10]). The beginning of EMP simulation 
is related to the quantification of both of these points with designs 
accounting for them. 

While some preliminary tests of military equipment were begun in 
1963 through 1964 on some computer equipment and later on missiles, the 





first EMP simulator in the strict sense was ALECS. This was first proposed 
by Partridge [11] as a three-plate parallel-plate transmission line for 
testing EMP instrumentation. This facility was changed (after construction 
as a three-plate facility) into a two-plate facility for testing missiles. 

The latter was completed in 1967 using calculations of Baum [12,13] and 
was Intended to simulate a threat-like plane-wave EMP environment appropriate 
to in-flight systems (away from the earth's surface but below the atmospheric 
source region from a high-altitude (exoatmospheric) nuclear detonation). 

Given its 12.75 meter plate spacing ALECS is strictly an EMP simulator with 
respect to "in-flight" test objects of somewhat smaller dimensions In order 
that simulator/object interaction not be too severe. 

Another important early development in EMP simulation concerns the 
source region of a near-surface burst. After some preliminary tests of 
missile silo systems subjected to somewhat arbitrary EM excitation, a 
simulator known as SIEGE was developed to simulate the magnetic field 
distribution produced near the ground surface by a near-surface burst. 

This simulator incorporated two concepts: the buried transmission line 
[14] and the surface transmission line [15], In 1968 low-level testing ' 
was begun with the SIEGE simulator. 

By now EMP simulation has evolved into an extensive field in its own 
right, with various simulator types available for various EMP environments. 
AFWL has pioneered in the development of EMP simulator concepts and has 
contracted the construction of the largest number of these. However, various 
other American agencies including DNA, Naval Surface Weapons Center, and 
Harry Diamond Laboratories have built some as well. Various European 
agencies have also built some EMP simulators, generally somewhat smaller 
than those in the U.S. For a review of the various EMP simulators, including 
both existing simulators and those that as yet exist only conceptually, the 
reader is referred to [10]. 

1.1.1.5 Notes on EMP and Related Subjects 

An important stimulus for the development of EMP technology was begun 
in 1964 by Partridge of LASL. This was the Sensor and Simulation Note 



series begun by Partridge to stimulate thinking about EMP sensor and 
simulation design problems. In 1966 the editorship was turned over to 
Baum at AFWL who was by that time the major contributor. Various indivi¬ 
duals at AFWL (some being now at RDA) had contributed to the expansion of 
the note series to Include various other aspects of EMP technology. 

Currently, the editor has divided the note series on EMP and related 
subjects (or "EMP Notes" for short) into three major categories: EMP 
(Electromagnetic Pulse), PEP (Pulsed Electrical Power), and ACT (Analytical 
and Computational Techniques) encompassing over a thousand individual 
papers. These represent most of basic EMP-related technology. A majority 
were printed directly as notes, but some existing reports have been only 
assigned note numbers. Various indices have been published and the most 
extensive one (including detailed subject division) was published in 1973 
[16]. A previous extensive index was published by Quested of AWRE in the 
United Kingdom in 1971 [171. 

The Notes have functioned as a journal of the EMP community with 
Important contributions from agencies and contractors in the U.S. and 
U.K. Publication has been supported primarily by AFWL, but many other 
agencies have made some contribution to this effort. The recent special 
joint issue on the Nuclear Electromagnetic Pulse [8] is based primarily 
on material that can be found in the Notes. 

In addition to the individual notes, thirty volumes (about A00 pages 
each) or so have been published beginning in 1970 by AFWL to compile the 
early notes. The first few volumes were first published by DASA (now DNA) 
in 1968. In addition, a few special documents (handbooks) have been 
published as volumes in this series. 

1.1.2 PHYSICS OF EMP 

Although the fact that a nuclear explosion produces an electromagnetic 
pulse (EMP) was recognized as early as 19A5 (see Sec. 1.1.1), it was some 
time before the mechanisms of EMP generation were understood well enough 
to make possible reasonably accurate predictions of signal amplitudes 
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and waveforms. EMP Is now recognized by many as a potentially damaging 
nuclear weapon effect, and yet relatively few people have more than a 
rudimentary knowledge of the physics of EMP generation. Hopefully, this 
section may help to alleviate that situation. 

It should be noted that a systems engineer or interaction analyst 
may never even see the results of a "real" EMP calculation. This is 
because calculated EMP waveforms can be sensitive functions of weapon 
design, burst location, and observer-burst orientation. Thus an EMP 
criterion signal is often defined. This criterion signal often represents 
an envelope that Includes most or all EMP signals of a given type. Working 
with such a criterion signal greatly simplifies interaction analyses, but 
it should be remembered that the criterion and an actual threat signal 
are usually not Identical. 

Similarly, detailed predictions of EMP waveforms will not be presented 
here, partly because such waveforms are usually classified, but also because 
the interaction analyst will probably be supplied with an EMP criterion 
signal specific to the problem of Interest. Instead, the presentation 
here is aimed at giving the reader some idea of the basic mechanisms of EMP. 

A flow chart outlining the various steps of the EMP generation process 
is shown in Fig. 1. The process starts with a nuclear explosion. This 
nuclear burst creates photons with a large range of energies. 

For understanding EMP phenomena one is primarily interested in the 
gamma-rays (photons with energies of about 1 MeV) and the X-rays (photons 
with energies of a few keV) created by the burst [18]. These photons 
Interact with the material through which they pass (e.g., the bomb casing, 
the atmosphere, or the wall of a satellite) by Compton and/or photoeffect 
processes [19], creating free electrons and positive ions. The moving 
electrons then create spatial current densities which serve as source 
terms for Maxwell's equations. These fast electrons will also slow down 
by ionizing the medium through which they move, creating numerous secondary 
electrons. The low-energy secondaries will drift along the local electric 
field lines and are thus often treated in terms of an effective conductivity. 
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Small differences between the mobilities of various Ions are usually 
neglected. The electron mobility Is not Independent of the electric 
field, and Is affected by water vapor [23,24], 


Since the mobility of electrons Is much larger than that of ions, 
electrons dominate the conductivity at early times when the densities of 
electrons and ions are comparable. In this circumstance the air conduc¬ 
tivity is 

a - eN e P e (17) 

where -e is the electron charge. Using (12) and other data stated above, 
we can relate the conductivity to the dose rate and find 


o 


(¥) 


1X10 4 


rads \ 
, sec / 


(18) 


This result is independent of air density, except through the term k^. It 
should be noted, however, that variation of the ionization completion time 
with p a and the dependence of on E/p a (E » electric field) make the 
results only approximate. 

At late times, when the electrons are almost all attached in 0^, ion 
conductivity can dominate. 

1.1.2.1.4 The Spherically Symmetric Case 

In Sec. 1.1.2.1.2 an expression for the spatial current density 3°due 
to primary Compton electrons was derived and a conductivity a was calculated 
in Sec. 1.1.2.1.3. One then has the information necessary to solve the 
Maxwell equations 


„ o || + ,,t-0 

-e Q || + V x 5 - 3°+ of 


(19) 

( 20 ) 
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Eq. (19) indicates that 3H/9t is zero if Vxe is zero. Thus, the magnetic 
field will remain at its initial value (usually assumed to be zero) if the 
electric field is curl-free. The spherically symmetric geometry is one 
such case. For this case, V x h ■ 0 in (20), and if ^has only a radial 
component centered at the burst location, then (20) becomes 


Note that in this case the electric field is purely radial and non-zero 
only within the source region where J^is non-zero. 

The solution of (21) is easy to understand. At early times, and o 
begin at arbitrarily small values, and increase. Therefore, E r also begins 
at arbitrarily small values. Thus at sufficiently early times, the term 
oE r is negligible. In this time regime, the solution of (21) is 



which indicates that j£ is creating the electric field E r in space, which will 
rise exponentially if J^does. At some time, the conduction current aE r 
may become comparable to the displacement current e o 9E r /3t. If after 
this time we neglect the latter, we obtain 

J c 

V - r 5 E s (23) 

From (3) and (18) we see that E g is independent of the dose rate D £ ,since 

J^and a are proportional to D^. Thus E^becomes constant at the saturated 

value E . 
s 

From (3) and (18) we find 

E S (J)« 2x ;i 0“ 4 (a + ki )( se c “ 1 ) (24) 


24 



With a ■ 2 x10® (not atypical), this formula gives E g - 6 x 10^V/m at sea 
level where ■ lx 10®, and E g ■ 4 xlO^V/m at higher altitudes wnere 
is negligibly small compared with o. 

After the gamma pulse and the Compton current reach their peaks, the 

value of a effectively goes to zero. Eq.(24) indicates that E will then 
4 s 

fall to about 2 x 10 V/m at sea level. The displacement current remains 

negligible, and E^follows E g . At sea level, within some kilometers from 
the nuclear burst, this value is maintained for some tens of ps, after 
which the dominance of ion conductivity causes E r to fall gradually, 
approximately as /s' . This behavior can be deduced from the approximate 
solutions(13) and (3). 

It should again be-noted that for the spherically symmetric geometry 
just considered, there are no radiated EMP fields (i.e., no fields beyond 
the source region). If radiated EMP signals are to be created, there must 
be some asymmetry in the source current distribution. The magnitude and 
time history of radiated EMP signals can be very sensitive functions of 
the source asymmetry; thus, much of the early work on the physics of EMP 
was aimed at determining the most important sources of asymmetry. 

1.1.2.2 Types of Electromagnetic Pulse 
1.1.2.2.1 EMP From High-Altitude Bursts 

One important type of EMP is generated by a nuclear burst above 
the atmosphere at altitudes of 100 kilometers or greater. In this case 
the prompt gamma output is the most important radiation source since 
these gammas will penetrate farthest into the atmosphere. 

As indicated in Fig. 4, the downgoing gammas will begin to interact 
appreciably with the air at altitudes between 40 and 20 kilometers creating 
a Compton current in this EMP source region. The Compton current has two 
components. First, the component in the direction radial from the burst 
produces principally a radial electric field. However, since only part 
of the gamma shell intersects the atmosphere, we do not have complete 
spherical symmetry. Thus some transverse fields, principally of electric - 
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Fig. 5. Diagram indicating the current elements due to geomagnetic turning 
and how they add in-phase to give a large outgoing wave. 


Because there has been a good deal of misunderstanding about the 
various aspects of high-altitude EMP, it is useful to give a brief mathe¬ 
matical explanation of the phenomenon. For simplicity, consider a planar 
pulse of gamma rays approaching a flat earth with a flat exponential 
atmosphere from the vertical direction. Let the vertical coordinate z 
increase downward, i.e., z is essentially the same as the radial coordinate 
from the burst, which is imagined to be very far away. Let the geomagnetic 
field be in the y-direction, so that, the Compton current will have components 
J z and J^. We will have field components E z , and H^, which depend only 
on z and t. Maxwell's equations become 


8H y 9E x 

p o 3t - 3 T 


(25) 
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"o 3t 


oE + J c - 0 


(27) 


It is now convenient to transform variables to retarded time t and outgoing 
and incoming fields F and G, where 



T ■ Ct - Z 

(28) 


F - E + Z H 
x o y 

(29) 


G - E - Z H 
x o y 

(30) 

where Z Q is 

the impedance of free space. Thus 



E x - (F + G)/2 

(31) 


H y - (F-G)/(2Z q ) 

(32) 

and under the retarded-time transformation, the partial derivatives 
replaced by 

are 


c at 3t 

(33) 


a a a 

3z 3z " 3 t 

(34) 

As a result 

of these transformations, Maxwell’s equations become 



a- oZ F aZ G 

IE + ° -zt 0 0 

(35) 


ar aZ G i ar z J C aZ F 

3G, o b 1 3G ox o 

3t 4 “ 2 3z 2 4 

(36) 
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3t 0 z 0 z 
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It is to be noted that the differential equation for E z is uncoupled 
from the other field components and that this equation has the same form 
as the spherically symmetric field equation treated in Sec. 1.1.2.1.4. 

The nature of the solution is thus the same as was previously discussed. 
At early times, E z is proportional to the time integral of J z , and if the 
total charge displacement is sufficient, E z saturates at the value -J z /o. 
The condition that saturation be reached while the Compton current pulse 
is still rising as e C is that the peak conductivity reach the value 


o >. e a “ 10 mho/m 


(38) 


Here we have used a ~ 10®/sec. Using (18) as an estimate, we find that 
dose rates of about lO^rads/sec are needed to produce saturation of the 
radial electric field. For a nominal 1-megaton burst, saturation would 
occur only within slant distances of about 50 km between the burst point 
and the EMP source region. We will see that it is much easier to saturate 
the outgoing field F. 

Now assume, as will be verified later, that G is small compared with 
F. One can thus neglect the oZ q G term in (35). When this term is dropped, 
the equation for F has the same form as the equation for E z just discussed 
except that the derivative is with respect to distance z rather than the 
retarded time r. Thus, for small a. 


F(z,t) « - Z I J C (z*, t) dz* 

0 J_ w x 

while if 0 is large enough, F will saturate at the value 


(39) 


F - 



a 


(40) 


In an exponential atmosphere, both and o increase as exp(z/h), where 
h is the atmospheric scale height. Saturation will thus occur when 
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a > —■ “ I0~ 6 mho/m 


(41) 


o 

This is much smaller than the value needed to saturate E z as given in (38). 
One can see that the transverse field will saturate at distances some 30 
times farther from a burst than the radial field, or up to 1500 km for a 
nominal 1-megaton burst. 

The reason F is more easily saturated than E is that F integrates J c 
c 2 * 

over a scale height, while E z integrates J z over the rise time multiplied 
by c. The latter distance is of the order of a few metera, while the 
former is about 7 km. It is for the same reason that G is small compared 
with F as is indicated by (36) that G integrates J C in time. Moreover, 
once F saturates, the source term Z q J x /2 + aZ Q F/4 effectively vanishes in 
the G-equation. In this regime the outgoing wave F induces a conduction 
current which effectively cancels j£, leaving no net current to drive 
ingoing waves. The smallness of the incoming wave G compared with the 
outgoing wave F implies that 


so that (35) ia approximately 


a E 

2 -r-i + Z oE - - 


(42) 


(43) 


This equation, which is known as the outgoing-wave approximation or the 
high-frequency approximation, is the basic equation of high-altitude EMP 
theory. It was derived in Cartesian coordinates (as here) by Longmire in 
1963, while the equivalent expression in spherical coordinates was presented 
by Karzas and Latter in 1964 [7]. 

The behavior of the solution of (43) for E x is the same as that dis¬ 
cussed above for F. For a given retarded time t, F. increases as exp(z/h) 
at very high altitudes. If the source is sufficiently strong, E x will 
saturate at 

4 

E x = - = E g = 6 x10 V/m (44) 
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and remains saturated until the wave reaches an altitude below about 
30 km where, due to absorption of the gammas, both o and fall away. 
Below this altitude, called the altitude of desaturation, (43) indicates 
that 3E x /3z “ 0, or E x “ constant; the EMP propagates as a free wave. 
Actually, of course, E x wil.1. fall as 1/r. 

At very early retarded times, and a are very small and saturation 
does not occur at all. The rise of the final EMP is similar to the rise 
of the Compton current before saturation. The duration of the final EMP 
is not longer than the duration of the Compton current pulse at the 
desaturation altitude. 

Many details of high-altitude EMP theory neglected in the above 
discussion have been studied over the years and no serious problems with 
the high-frequency approximation have been discovered. Both detailed 
numerical [25] and theoretical [26] studies have been carried out. 

1.1.2.2.2 EMP From Surface Bursts 

For a nuclear burst in the air just above the ground or ocean 
surface, a Compton current density and air conductivity are produced 
as described previously. In this case, however, the source region is 
primarily hemispherical, since radiation created by the burst will not 
appreciably penetrate into the earth below the burst point. Also, soil 
conductivities are of the order of lO'^mho/m and the ocean conductivity 
is about 4 mho/m. These values are higher than the air conductivities 
over most of the EMP space-time source region. Thus, the ground shorts 
out the radial electric field near it, and is often approximated by a 
perfect conductor. The net result is that a radially directed Compton 
current is generated in the hemisphere above the ground, resulting in a 
radial electric field as discussed in Sec. 1.1.2.1.4. The asymmetry 
introduced by the ground, however, creates transverse field components 
which can radiate to distances large compared to dimensions of the 
source region. 

One simple model for understanding surface-burst EMP is illustrated 
in Fig. 6. The net effect (ignoring retardation) of radially directed 
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Fig. 6. Surface burst geometry showing Compton electrons and net current 
density, J^. Radiated fields are approximately proportional 
to dJ „ et / d t (electric-dipole fields). 

current densities over a hemisphere is a composite current perpendicular , 
to the ground. This current is just proportional to the time derivative 
of an effective electric dipole moment. The radiated fields seen by a 
distant observer can thus be approximated by the radiated fields of an 
electric dipole, and is proportional to the second time derivative of 
the dipole moment (i.e., the first time derivative of the net current). 

Another simple model useful for understanding how a surface burst 
generates close-in magnetic fields is illustrated by the toroidal geometry 
shown in Fig. 7. As noted previously, when the burst occurs, Compton 
electrons flow radially away in the air creating a charge displacement. 
Because of the relatively large ground conductivity, equilibrium near 
the ground/air interface will be established by conduction current (oE) 
flow through the ground. The net result is a toroidal positive current 
flow toward the burst point in the air and away from the burst in the 
ground. It is clear that this toroidal current flow will create a strong, 
azimuthal magnetic field near the air/ground interface. 

A basic theory of ground-burst EMP, including most of the important 
physical mechanisms, was presented by Longmire in 1963. More detailed 
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Fig. 7. Surface-burst geometry at intermediate times when Compton 
electrons created near the ground flow back to the burst 
through the highly conducting ground, creating a toroidal 
current loop. Both Compton currents and conduction currents 
are nearly radial close to vertical axis. 


analytical treatments and complex numerical calculations have since been 
carried out, and a complete theory is obviously quite complicated. Thus, 
only a brief outline of parts of the physics of ground-burst EMP will be 
sketched t. the following paragraphs. 

The surface-burat EMP can be understood in terms of three phases. 
The first is the wave phase, in which the conduction current is small 
compared with the displacement current. This phase corresponds to the 
time before saturation and Maxwell’s equations are approximately linear 
in this phase. The diffusion phase is entered at saturation, when the 
conduction current exceeds the displacement current and the latter can 
be neglected. During this phase, the return conduction current (which, 
in the spherically symmetric case, tries to cancel the Compton current) 
shifts to the ground from the air just above it. Thus current loops 
are formed and an azimuthal magnetic field is produced near the ground 
surface. This field diffuses up into the air and down into the ground 
by the familiar skin effect process. When the skin depth in the air 
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reaches to an angular elevation of about 1 radian (referred to the burst 
point), the diffusion Is completed and the final, quasi-static phase is 
entered. During this final phase the induction (transverse) part of the 
electric field is small compared with the electrostatic (longitudinal) 
part, and the Compton and conduction currents are approximately in steady 
balance. 

In mathematical terms, these various phases can be understood by 
considering a spherical coordinate system, centered at the burst with 
the polar axis perpendicular to the air/ground interface. In the air, 
Maxwell's two time-dependent equations reduce to 


y 0 at 1 " “ r h (r V 


(45) 


; (rH.) 


(46) 


r r sin 9 39 


(47) 


During the early-time wave phase, it is convenient to transform these 
equations to retarded time and introduce outgoing and incoming fields, as 
was done for the high-altitude EMP case. As before, the incoming field G 
is small compared to the outgoing field F, and at early times the conduc¬ 
tion current OE is small compared to the displacement current. One can 
thus obtain the approximate wave-phase equations to be 


3F Z o 3E 

_r o _r 

3r 2 r " 39 

3E^ . 3F 

3t or + 2r 2 39 

where 

F r “ r(E e + Z oV 


(48) 

(49) 

(50) 
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t * ct - r 


(51) 


Jq has been assumed to be small compared to j£, and sin 0 has been replaced 
by unity since F r Is confined to angles near the ground surface. 

An examination of these equations indicates that the outgoing vave F y 
is confined to a region near the air/ground interface (since 3E r /30 is 
largest there) and the field produced near the ground spreads upward as 
it propagates outward. 

At somewhat later times, during the diffusion phase, it is convenient 
to return to the real-time equations (45) -(47). During this phase, the 
conductivity has become large enough that the time-derivative terms in 
(46) to (47) can be dropped (i.e., the displacement current is much 
smaller than the conduction current). Since the magnetic field is 
confined to points near the ground surface, one can introduce the local 
vertical coordinate z “ r(it/2-0). Eqs. (45) and (47) can then be combined 
to give 


Note that this equation is just the standard diffusion equation for 
the skin effect which can be solved under various assumptions for the time 
dependence of a, and hence the name "diffusion phase." 

Rather than investigate the diffusion phase by directly studying (52), 
a somewhat more intuitive approach using the geometry shown in Fig. 8 will 
be taken. If one ignores the displacement current, then 


Vxh - J (53) 

where J includes both the Compton and conduction current. The integral 
form of this equation, using Stokes' law, is 



(54) 
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Fig. 8. Geometry for estimating surface-burst magnetic fields. 


One can choose the line Integral to be at a constant radius r and the 
surface S to be on the air/ground interface. One then obtains 


2irrH, - irr 2 J (55) 

<P n 

where J n is the normal current density through the air/ground interface. 
Thus 


I 

2 irr 


(56) 


where I is the total current flowing normally through the surface. Hence, 
the magnetic field at a given radius can be found from a knowledge of the 
total current flowing vertically through the surface inside that radius. 

One can estimate the total current through the ground in the following 
manner. Consider the wedge shown in Fig. 8 through which the Compton 
current flows to reach an observer at radius r. Assume that all currents 
within a skin depth of the surface flow back through the ground and that 
all currents abcvt this flow back radially. If there is no charge build¬ 
up, the total vertical current will then equal the total current through 
the right-hand vertical end of the wedge, i.e., 


I - 2irrSJ c 


(57) 
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where J is the Compton current at radius r and the skin depth 5 of 
plasma is given by 


6 - /2/ u y o o (59) 

where a> is the frequency of an oscillatory waveform. 

At early times one often assumes that the current rises as e at . A 
characteristic skin depth is then 


5 - /2/ay o o 

(60) 

and 


h - /Xi! 

♦ \l av 0/a 

(61) 

Since a and J c are both rising as e 0t , it follows 

from (61) that 

H. ~ e“ t/2 

9 

(62) 

At later times, one can assume 


6 ~ /t7o 

(63) 

so that 


H. ~ J c /t7o 
<J> 



(64) 

This last expression is useful since J C /o is just 

the saturated electric 

field, which is approximately a constant. Thus, 

the time history of H 

in this regime depends upon /at. The peak will then occur near the 

peak of the gamma pulse and Compton current. After the peak, varies 
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only as the square root of gamma flux. As a result, H, does not 
decrease much during the remainder of the diffusion phase. 

In the quasi-static phase, the divergence of the total current 
density must vanish, and E must be derivable from a potential <j> which 
must satisfy 

V • (a 7(j>) - V*J C (65) 

Longmire has shown that the solution of this problem is such that the 
electric field and the conduction current are very nearly in the 6 
direction. Thus while the Compton current flows outward radially, 
the return conduction current flows down to the ground in the 6 
direction. 

We have not discussed here the EMP problem in the ground, which 
is dominated by conductivity [27,28]. Soil conductivities and permit¬ 
tivities typically vary substantially with frequency and the water 
content of the soil. 

1.1.2.2.3 EMP From Low-Altitude Bursts 

For low-altitude nuclear bursts, the basic physics of EMP generation 
is quite similar to the mechanisms already discussed — the geometry and 
relative timing of the various effects are more complicated, however. 

For higher bursts (e.g., 30-50 km) the geomagnetic turning signal 
will be important, as it is for high-altitude bursts. However, as the 
altitude of the burst decreases, the magnitude of the geomagnetic turning 
signal also decreases because the increasing air density decreases Compton 
electron ranges and lifetimes. The air density gradient will still give 
an electric-dipole EMP following the magnetic-dipole signal. 

At lower altitudes, the magnetic turning effects are small and the 
weak electric dipole source caused by the air density gradient becomes 
the dominant radiation mechanism. As the burst altitude is lowered 
still further, the gamma deposition region begins to intersect the 
ground, and the situation is similar to the ground-burst case discussed 
previously. 


38 





The nature of low-altitude EMP thus changes from nearly a high- 
altitude EMP signal to a ground-burst signal as the altitude of the 
burst is lowered. As this transition is made, the magnitude of the 
radiated EMP becomes quite small. Low-altitude effects are thus often 
ignored in favor of the more severe system threats posed by the high’ 
altitude or ground-burst signal. 

1.1.2.2.4 Dispersed EMP 

The term "dispersed EMP" (DEMP) has been applied to describe the 
case where the radiated signal from a high-altitude nuclear burst misses 
the earth (e.g., when the ray is tangent to the earth’s surface) and 
travels out into space after traversing the ionosphere. Since the iono¬ 
sphere is a dispersive medium (i.e., different frequencies will travel 
at different velocities), the dispersed pulse leaving the ionosphere will 
be considerably different from the pulse entering. Calculations show 
that a monopolar high-altitude EMP signal will be converted to a much 
longer pulse that resembles a swept CW waveform [29]. 

1.1.2.2.5 MHD EMP 

Thus far, all of the various types of EMP discussed have resulted 
in early-time signals with characteristic times related to the radiation 
output of the nuclear device (i.e., milliseconds or less). Electromagnetic 
signals are also generated at much later times (tens of seconds after the 
burst) due to the hydromagnetic motion of the atmosphere and device debris. 
For simplicity, all such very late-time EMP signals are referred to here 
as magnetohydrodynamic electromagnetic pulse (MHD EMP). 

A simple explanation which illustrates the basic ideas of MHD EMP 
is known as the magnetic bubble model. A nuclear burst will ionize the 
region of air surrounding it. This highly ionized region will also be 
heated and thus rise and expand as time progresses, according to the 
laws of hydrodynamics. Because it is highly conducting, this "bubble" 
will also force out any nearby geomagnetic field lines as it expands. 

A simple calculational model is thus a perfectly conducting sphere with 
a time varying radius immersed in the earth's magnetic field. The net 
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Note that the shield could represent the skin of an aircraft, the outer 
surface of a shielded room, or any other reasonably well-shielded region. 
The steps in carrying out the internal interaction analysis depicted in 
Fig. 1 are solving the following elementary problems: 

(1) Determine the equivalent sources within the aperture in terms 
of the surface current and charge densities on the exterior 
surface of the shield with the aperture completely covered 

up by perfect conductors. To do this often requires the 
assumptions that the aperture is electrically small and its 
dimensions are smaller than the local radii of curvature. 

(2) With the equivalent sources determined in (1) compute the 
fields within the cavity. 

(3) From the cavity fields determine the voltage and current sources 
exciting the cable. 

(4) With the cable sources found in (3) compute the distribution 
of cable currents and voltages. 

At this point, it may be necessary to repeat steps (1) through (4) 
if the cable in the problem happens to be a shielded cable with additional 
conductors within the shield. 

As may be noted from this example, under certain assumptions the 
overall problem may be broken up into simpler, independent and tractable 
pieces, and the electromagnetic geometry or topology of the system provides 
the rationale for how the problem should be subdivided. It should be 
remembered, however, that this approach of treating the interaction problem 
is only approximate. 

Once each of the subproblems in the above example, i.e. ((a) relating 
the incident b ,$* fields to the outer surface charge and current, (b) 
relating the cable sources to a voltage or current (V,l) on the cable at 
a particular observation point) has been solved, an approximate solution 
to the overall problem may be expressed via a series of transfer functions 
or operators as 
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problem can be solved by superimposing the result for the aperture 
penetration (path 1) with the result for the newly added coupling path 
(path 2). Similarly, the latter can be expressed as 

L' <fl - Si> <3) 

The total approximate solution for the two linear, independent paths has 
the form 

(v.H - [(" z 1 )' < ‘ 1 ’" 1 >] ap + [(? Z iK Ji) L <4) 


This concept may be generalized for any number j of linear, indepen¬ 
dent coupling paths to the following relation 



path 


In the preceding examples, three basic phenomena have been illustrated. 
It will be useful to summarize these here, since these concepts will be 
employed throughout this document. The first phenomeron is coupling of 
EMP energy. By this is meant the determination of local driving 
source terms, either voltage and current sources, or equivalently, 15 
and H which induce currents and charges on the surface of a shielded 
enclosure. The enclosure may be the skin of an aircraft with the exciting 
field being the incident EMP, or it may be a cable shield with the exciting 
field being a cavity field. 

The second concept is that of propagation . This refers to the move¬ 
ment of the induced currents and charges and/or electric and magnetic 
fields throughout some volume or shielding layer. Propagation is then 
the solution to the equations in response to the coupling sources. 

The third mechanism, penetration , relates to the excitation of the 
interior of a shielded region by the charges and currents residing on 


52 



the exterior surface of the region. These currents and charges may 
penetrate the surface through small apertures, penetrating conductors 
or by diffusion. This mechanism, then, refers to the conversion of the 
solution to the propagation problem into forms appropriate to be sources 
in the next shielding layer. 

This entire process is referred to as EMP interaction within the 
particular region in question. If the problem involves the first 
shielding layer of a system, the term external interaction is often 
employed. ‘ Internal interaction is used to denote the EMP interaction 
process which occurs within the shielded regions inside the system. 

From this viewpoint the EMP interaction calculation for an entire 
system consists of a sequence of calculations of coupling, propagation 
and penetration within each shielding layer of the system. The results 
of an interaction calculation at one layer of the system thus serve 
as a starting point for another internal interaction calculation 
performed in a smaller, better shielded region. It must be emphasized 
again that the validity of this viewpoint lies in the assumption that 
each shielding layer is a very good shield. 

1.2.2 DECOMPOSITION OF LAYERS 

As discussed in the previous section, a large system may be divided 
into a number of smaller, relatively independent pieces for an approximate 
EMP analysis. The method of determining precisely how the system should 
be divided is based upon a study of the topology of the system. This, 
then, is essentially an investigation of the configuration and properties 
of the geometric volumes which comprise the system and which remain 
unchanged under deformation of the system, so long as no surface passes 
through another. 

To permit a precise description of the structure of a large system, 
it is necessary to define a convention for labeling the various volumes 
and surfaces comprising the system. The following notation will be 
used throughout this section: 
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V ■ volumes of the system 


■ surfaces representing boundaries between various volumes 

The subscripts y and ? can represent one or more integers which serve 
to distinguish the various volumes and surfaces of the system. Generally, 
the subscript y is of the form (j,k) and £ is of the form (j,k;Jl,m). 
However, for simple systems y and £ may comprise fewer numbers. 

As an example, consider the schematic diagram of a simple system 
shown in Fig. 3. For this particular case, the volume exterior to the 



system will be denoted by V^, with the value of the subscript increasing 
by unity upon moving into the system. Each surface ^ separates the 
volumes Vj and V^. This diagram, representing the conducting surfaces 
of the system, is referred to as the topological model of the system. 


Thus, with this notation the surface Sq ^ represents the exterior 
surface of the system. Upon penetrating this surface, EMP energy 
propagates within volume V^, penetrates surface 2 > propagates 
within volume V 2> etc., until it reaches the component level within 
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the system. The total number of shielding surfaces penetrated in this 
fashion is said to be the shielding level of the system. 

In a conventional metal-skin aircraft, S Q ^ refers to the aircraft 
skin, and the S.^ 2 shielding layer is often simply the braided shields 
of coaxial cables or the metallic shields surrounding electronic 
components. The B-l aircraft is an example of a system with a possible 
shielding level of 3, the three surfaces being the aircraft skin, the 
conduit enclosure designed for additional EMP protection, and the outer 
conductor of shielded cables (if any) within the conduit. 

It is to be noted that the above definition may not be sufficient 
to describe a complex system. An actual aircraft will have additional 
compartments located inside the Sq 1 surface, but which are part of V^. 
These compartments, such as the bomb bay, wheel wells and equipment 
bays, can act much like a shielded enclosure and may be referred to as 
elementary volumes or subvolumes . The formalism applied to the analysis 
of the shielding properties of the ^ surfaces can also be used for 
treating these enclosures. 

Because all of these elementary volumes occupy part of the same 
principal volume V^, it is necessary to employ another subscript k to 
distinguish the various regions. Thus, the kth subvolume within the 
jth region will be denoted ^ with the subscript k being dropped if 
no subvoluraes exist. Fig. 4 shows a hypothetical example of a more 
complete version of a shielded system. Within the region, it is 
noted that there are four subvolumes denoted by k* 1,2,3 and 4. These 
volumes can be identified as 2 , etc. Since a particular 

volume within a system can be labeled by two indices, j and k, it is 
convenient to refer to these Indices as the longitudinal and transverse 
shielding numbers , respectively. 

In this case, it is necessary to expand slightly the index on tha 
term to permit a precise definition of the various surfaces. The 

surface dividing volumes Vj ^ and ^ may be described as Sj m • 

Some of these surfaces are indicated in Fig. 4. 
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Fig. 4. A more general topological model. 


Referring back to Fig. 3 the term external interaction can now be 
regarded as the determination of the currents and charges induced on 
the surface Sq 1 of a system due to external sources in V^. The 
response may be either in the time or frequency domain and is calculated 
by solving an appropriate boundary-value problem. The results of the 
external-interaction calculation on Sq ^ are then used to determine 
equivalent electromagnetic sources on this surface. These sources 
will radiate into and induce currents and charges over ^• Internal 
interaction within a typical volume V ^, therefore, may be formally 
defined as the excitation and propagation of charge and current on an 
internal longitudinal layer or surface S 4 due to sources on surface 
Sj ^ j or within the volume . 

It is also desirable to introduce the concept of the order of the 
internal interaction, which may simply be denoted by the j-lndex of the 
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volume in which the internal interaction is being considered, or by the 
j-index of the surface j for considerations of surface penetration. 
Thus, exterior penetrations (from Vq to through S Q are described 
as penetrations of- first order, and internal interaction within is 
also said to be of first order. The maximum shielding order possible 
on a system is defined to be the level of shielding . 

Another concept for analyzing large system problems is the interac 
tion sequence diagram . This is a diagram of all possible interaction 
paths from one volume to another in the system topological model. A 
portion of the interaction sequence diagram for the geometry of Fig. 4 
is illustrated in Fig. 5. The dotted lines represent the configuration 



Fig. 5. Interaction sequence diagram. 








of the system and the solid lines are the interaction paths from the out¬ 
side volume Vq to various volumes inside. The transfer operator for a 
particular path connecting the ^ to the ^ is denoted by 
For more than one point of entry, a superscript (1), (2), etc., will 
distinguish the different transfer operators if more than one path 
exists from one volume to another. 

It is useful to examine a few possible types of interaction sequence 
diagrams for hypothetical systems. Fig. 6 shows this diagram for a system 
of shielding order of 0. Fig. 7 is for a system of shielding order of 

1 with the cable shields as the shielding layer, and Fig. 8 is for a 
system with the same shielding order but with the external skin being 
the shielding layer. Fig. 9 represents a case with a shielding order of 

2 with the shielding layers being external skin and cable shielding. 

In many practical cases, the largest contribution to a response 
within the system is due to transmission lines which provide a direct 
propagation path from one point to another. If only the direct connec¬ 
tions are kept in the interaction sequence diagram, the result is a 
transmission-line network consisting of a number of junctions J , connected 
by various transmission lines, either single wire or multiconductor, 

forming a bundle or "tube," T , which connect junctions J and J . 

n,m n m 

Fig. 10 illustrates a hypothetical transmission-line network which is 
similar to that encountered in EMP analysis problems. 

The configuration of the transmission-line network thus formed from 
the interaction sequence diagram is similar to that of a low-frequency, 
lumped-element circuit. Fig. 11 illustrates the corresponding linear 
graph for a circuit, where there are a number of interconnected branches 
B r m connecting nodes and l’ m . The only difference between this graph 
and that for the network of transmission lines in Fig. 10 is that the 
voltage and current relationships at the nodes and branches are described 
in a different manner. The graph configuration remains the same. 







F,MP interaction sequence for unshielded system with unshielded 
cables: shielding order - 0. 

















EMP interaction sequence tor unshielded system with shielded 
cables: shielding order ■ 1. 





















. 8. EMF interaction sequence for shielded system with unshielded cables: 
shielding order = 1 
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The relation between the fundamental elements of various network 
graphs discussed above and the interconnecting topological quantities 
of the system is illustrated in table 1. Note that tne first two cases 
summarized in the table pertain to the propagation mechanisms of signals 
throughout the system, whereas the latter two describe the physical 
structure of the system. 


1.2.3 HARDENING CONCEPTS 

When a large system is viewed as being composed of a number of 
shielding layers, as described in the previous section, the conceptual 
approach to hardening such a system becomes apparent. By eliminating 
all electromagnetic energy penetration through one particular shielding 
surface, none of the shielded regions within this perfect shield.will be 
affected by the incident EMP. Expressed in terms of (5) this requirement 
implies that one element Z^ for each of the j interaction paths should 
be zero. 

An actual system, however, does not have a perfect electromagnetic 
shield and, thus, one must settle for trying to control the signals 
induced within the system. For a large system which has been decomposed 
into appropriate’, pieces one possible hardening approach is to examine the 
various terms of (5) to determine which interaction paths are most impor¬ 
tant- in providing the excitation to the interior of the system. This 
will aid the analyst in determining his priorities in hardening the 
system. A detailed discussion of hardness design and implementation on 
actual systems will be given in Part 3 of this document. 
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CHAPTER 1.3 

FORMULATION OF INTERACTION PROBLEMS 

The analysis of the Interaction between a nuclear EMP and an aero¬ 
nautical system often results In solving boundary-value problems for the 
Maxwell equations. These boundary-value problems can be formulated by 
the powerful integral-equation approach which is in no way restricted to 
those problem geometries that can be fitted into simple coordinate syctems. 
Sec. 1.3.1 will discuss various types of integral equations that have been 
employed in the analysis of EMP interaction problems. 

In the case where the interaction exhibits a unique direction for 
energy transport, the Maxwell equations will degenerate into a simpler 
set of coupled partial differential equations involving only one spatial 
variable, the so-called telegraphist's equations for transmission lines. 

Sec. 1.3.2 is devoted to the discussion of the transmission-line approach 
to EMP interaction problems. 

Very often one is concerned with the interaction problem in which 
the dimensions of the interaction geometry are much smaller than the 
wavelengths of interest. In this case the spatial variations of the 
interaction problem are unimportant and the Maxwell equations, after 
all spatial coordinates are integrated out, reduce to the Kirchoff 
circuit laws. Sec. 1.3.3 will show how the circuit approach can be 
applied to the formulation of EMP interaction problems. 

1.3.1 INTEGRAL-EQUATION APPROACH 

The integral-equation approach has several advantages which make it 
an attractive approach to solving EMP interaction boundary-value problems. 
The most noticeable advantage of the approach is its geometrical generality. 
This catholicity is precisely what is most needed to handle the complex 
system configurations of EMP interaction problems. The second advantage 
of the integral-equation approach is its compactness. An integral equa¬ 
tion is a concise statement comprising both the equations of motion of the 
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electroiFignetic fields and the initial or boundary conditions. This 
compact iess has more than mere economical appeal since, when it comes 
to making approximations on the integral equation, the approximations 
will be simultaneously compatible with all aspects of the problem. The 
third advantage of the integral-equation method is its computability. 

The integral equations for electromagnetic boundary-value problems are 
linear. They are mathematically equivalent to systems of linear alge¬ 
braic equations. Their properties are well known from linear algebra, 
and they can be solved numerically by standard computational methods. 

The objective of this section is to present in detail the deriva¬ 
tions of certain general integral equations that have found extensive 
application in EMP interaction analysis. 

1.3.1.1 Magnetic-Field Integral Equation 

The scattering of electromagnetic waves by good conductors is a 
common problem in the analysis of practical situations. A general 
mathematical method to treat this type of calculation is therefore of 
great practical value. It will be shown below that this scattering 
problem can be formulated in terms of a surface integral equation of 
the second kind which is particularly suitable for numerical solution. 

Consider the situation depicted in Fig. 1. A perfect conductor 
of finite extent in free space is illuminated by an incident electro¬ 
magnetic wave which is generated by known sources located either at 
finite distances from the conductor or at infinity. The incident wave 
is considered to be time-harmonic with angular frequency w. Its time 
variation is given by the time factor e^ Mt . 

The quantities of interest in this situation are the induced surface 
current and charge densities,J and p,which give rise to a scattered wave. 
If the surface of the conductor fits into an orthogonal coordinate system 
in which the Helmholtz equation is separable, the scattered wave can be 
determined by the well-known method of separation of variables. One need 
only expand the scattered wave into a complete set of appropriate eigen- 
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Fig. 1. Scattering of an incident electromagnetic wave by a 
perfectly conducting body. 

functions of the Helmholtz equation and then determine the expansion 
coefficients by matching boundary and asymptotic conditions. But, simple 
as this method is, its applicability is severely limited by the stringent 
demand of equation separability, and only a handful of coordinate systems 
can meet this requirement. 

By contrast,, the integral-equation approach is of great geometrical 
universality and, in principle, not restricted to a particular coordinate 
system. The integral equation to be derived presently is an equation for 
the induced surface current density. A knowledge of the surface current 
density is sufficient to determine the scattered wave. The equation is 
called a magnetic-field integral equation because its derivation rests 
on an integral representation of the magnetic field. 

The time-harmonic fields £ and H satisfy the following Maxwell 
equations in free space 

7*1 - 0 , V xf - - ju)UH 

V*H - 0 , 7 x h - jweE 
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In solving specific problems, it is often expedient to introduce a scalar 
potential $ and a vector potential A such that 

E - - V* - jtowt , H “ -jj V x A (2) 

If one imposes on the potentials the Lorentz condition 

V*X + jwye$ * 0 (3) 

then one finds from (1) that the potentials individually satisfy the 
Helmholtz equation 

(V 2 + k 2 )4> - 0 , (V 2 + k 2 )X - 0 (4) 

with 

k 2 - u 2 ue (5) 

The source of 4> turns out to be the electric charge distribution p, and 
that of X the electric current distribution J. 

In the interaction problem shown in Fig. 1, one can express the 
vector potential X s of the scattered wave as a surface integral over its 
source, namely, the electric current density ^ on the surface of the 
conductor 

X s (r) - y f X(r')G(r,r')dS' (6) 

where G is a free-space Green's function of the Helmholtz equation (4), 
satisfying the outgoing-wave condition at infinity 

c( j,j.) -i_ e -jk|*-r-l (7) 

4tr | r — r' I 


In (6), r refers to a field point exterior to the conductor; r' refers 
to a source point on the conductor's surface denoted by S; and the surface 
integral extends over all the source points r' on S. Therefore the total 


70 




magnetic field H in free space, being the sum of the incident and the 
scattered magnetic fields, has the following integral representation 

H(?) - H*(r) +| 7 x rf(r')G(?,?’)]dS’ (8) 

J S 

where the operator 7 acts on the field-point position vector r. 

An integral equation for the surface current density 3 can be derived 
by letting the field point r approach the conductor's surface S. One has 
in this limit the well-fciyown relation between the tangential component of 
the total magnetic field and the surface current density on a perfect 
conductor 

J(r) - t Q (r) x H(r) on S (9) 

where t(r) denotes the unit normal vector on S at r pointing into free 

n ^ 
space. Combining (8) and (9), one obtains an integral equation for J 

T(r) . 1 (r> * ^(r) + lim ( I (?) * V" * [J(?’)G(r",?') HS' (10) 

“ ?■'-.? 4 * 

where r and r' both lie on S and the operator 7" acts on the dummy variable 
r'\ 

Eq.(10) cannot be regarded as the final form of the integral equation, 
inasmuch as the limiting process indicated therein has yet to be performed. 
The limit cannot be evaluated by a simple substitution of r for r" because 
the expression so obtained has an infinity in the integrand for r' equal 
to r, and is by itself utterly meaningless. However, by carefully analyzing 
the behavior of the integral as r" approaches r, one can shown that a well- 
defined limit does exist. 

Fig. 2 shows a portion of the conductor's surface S containing the 
point r. The field point r", exterior to the conductor, can be taken to 
approach r along the unit outward normal vector £(r) at r. When r" is 
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Fig. 2. Portion of the conductor's surface S around the point r. The 
field point r" is to approach r on S along the unit normal 
vector to S at r. D is a small circular disk on S 

centered at r. The source point r' lies on S. 


very close to r, the integrand in (10), considered as a function of r', can 
be seen to develop a sharp peak at r'*r. For the purpose of evaluating 
the surface Integral over S, it is expedient to break the integral up into 
two parts. One part extends over a small circular disk D centered at r, as 
shown in Fig. 2. The other part extends over the remaining surface denoted 
by S - D. That is, 

jl n (r) x 7"x [J(r')G(r",r')]dS' - j + J (11) 

S D S - D 

The integral over D will capture most of the contribution from the peak in 
the Integrand. Consider first the integral over the disk D 

j " \ V ?) X7 " X tf(r«)G(r",r')]dS’ (12) 

D D 

When D is sufficiently small, the current density 3(r') can be regarded as 
uniform throughout D and replaceable by its value 3(r) at r. Then, since 
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by definition of the Cauchy principal value of a two-dimensional integral 
denoted symbolically by the prefix P. 

To examine the exact nature of the integrand of (18) at r' • r one 
recalls that, when the field point r" approaches the point r on the surface 
S, as illustrated in Fig. 2, the integrand of the surface integral over S 
in (10) develops a sharp peak at r’-r. Furthermore, it has been tihown 
in (17) that, in the limit r" -»-r, this peak actually yields a finite 
contribution to the integral even when the integral is evaluated only 
over a disk of vanishingly small area centered at the point r. This result 
clearly indicates that, in the limit r" -*-r, the peak evolves into a two- 
dimensional 5-function situated at r. In fact, the findings from (11) 
to (18) can be summed up by the following formula with the symbol P treated 
as an operator 

+ lia* V" x [J(r , )6(r ,, ,r , )l - | J(r)« <2) <r-r») 

+ P{t n (r) xvx tf(r')G(r,r’)]} 

where r" is to approach r from the outside of the closed surface S, and 

( 2 ) 

5 denotes the two-dimensional 6-function. This fo?aula shows that, in 
the limit r" -*-r, the integrand in (10) is the superposition of a 6-function 
at r' - r and a background designated by the symbol P. It can be shown 
that the latter function without the symbol P vanishes as r' approaches 
r, and hence the principal-value integral sy.aool P is not needed in (18) 
and the final form of the magnetic-field integral equation is 

\ 3(r) - [ t (r) x [3(r f ) x V’G(r,r') JdS' - t(r) x S^r) (20) 

Z J s n n 

Of graver concern to the numerical analyst is the question of unique¬ 
ness. The magnetic-field integral equation (20) is a nonhomogeneous linear 
equation. Therefore, for any given solution of the equation, one can 
construct a second solution by adding to the first one a solution of the 
homogeneous equation 
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( 21 ) 


~ J(r) - [ t (r) x [J(r’) xv'G(r,r')]dS' - 0 

J s “ 

Consequently, a necessary condition for (20) to have a unique solution is 
that the solution of (21) be identically zero. The latter condition indeed 
holds for almost all values of the frequency. However, there do exist an 
infinite number of discrete, real values of k for which (21) has nontrivial 
solutions. These values correspond to the frequencies of certain eigen- 
modes of the cavity enclosed by the surface S. One can show that, except 
at those special k-values, the solution of (20) is Indeed unique. 

But the numerical analyst is hard hit by the existence of k-values, 
albeit discrete, for which the homogeneous equation (21) has nonzero 
solutions. In general, a numerical solution of the integral equation (20) 
consists of a conversion to a system of linear algebraic equations and a 
subsequent matrix inversion. When the frequency cf the Incident wave 
approaches one of the cavity eigenfrequencies, the matrix to be inverted 
becomes progressively close to being singular, resulting in a serious loss 
of numerical accuracy. The situation is all the more painful since the 
precise distribution of these eigenfrequencies is not known without first 
solving the eigenvalue problem (21). 

Examples of the application of the magnetic-field integral equation, to 
EMP interaction problems can be found in [1 - 5]. 

1.3.1.2 Electric-Field Integral Equation 

The problem of the scattering of a monochromatic electromagnetic wave 
by a conductor, as depicted in Fig. 1, can be formulated in terms of yet 
another equation. This formualtion is generalizable to the case of a 
finitely conducting scatterer. It is based on an integral representation 
of the electric field. The equation so derived is called an electric-field 
integro-dlfferential equation. 

One can express the electric field E s (r) of the scattered wave at a 
field point r in terms of the vector potential X s (r) by eliminating the 
scalar potential between (2) and (3) 
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( 22 ) 


E s (£) - - .A S (?) 

whereat is the unit dyad. The vector potential A 8 is a linear functional 
of the induced surface current density 3 flowing on the surface S of the 
scatterer, as given in (6). Denoting the electric field of the Incident 
wave by E*, one obtains the following integral representation for the total 
electric field £(r) at a field point r exterior to the scatterer 

E(r) - E*(r) - juw VV ^• j 5(r')G(r,r')dS' (23) 

Let the field point r approach the conductor's surface S. In this 
limit the integral representation (23) for the electric field does not 
require any special treatment, unlike in the case of the integral repre¬ 
sentation (8).for the magnetic field. Although the Green's function G 
displays in this limit a linear infinity at r'-r, this singularity occurs 
under a surface integral and can be removed by a simple change of integra¬ 
tion variables. Therefore, for r lying on S, (23) is an integral 
representation of the total electric field on the surface of the scatterer. 
Note that one should not bring the dyadic operator VV inside the integral 
since, after the two differentiations, the integrand would become too 
singular at r'-r. 

An integral equation for the induced surface current density 5 is 
derived by imposing the appropriate boundary condition on the total 
electric field on the surface of the scatterer. For a perfectly conducting 
scatterer, the tangential component of the total electric field on the 
surface must vanish. This condition is satisfied if 

t n (r) 4(r) - 0 for r on S (24) 

Upon substitution of (23) into (24), the following equation results 

jwpt n (r) * + \ vv ) * j 3(r')G(£,r’)dS' -t Q (r) *£*(?) (25) 

\ k / J s 
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In*much as the differential operators are outside the integral, (25) 

Is really an integro-differential equation. Its numerical solution is 
subject to the ease difficulty arising from nonuniqueness as that encountered 
previously with the magnetic-field Integral equation. Essentially, unique¬ 
ness of solution does not hold for (25) whenever the homogeneous equation, 
obtained by setting E 1>a 0, possesses nonzero solutions. This happens at 
an infinite set of discrete, real values of k. Each k-value corresponds 
to the frequency of an eigenmode of the cavity bounded by the surface S. 

These cavity eigenmodes satisfy the Maxwell equations (1) and the boundary 
condition J^x I ■ 0 on S. 

Eq.(25) can be generalized to accommodate a scatterer with less-than- 
perfect, albeit good, conductivity. On the surface of a good conductor, 
one can impose the surface Impedance boundary condition 

Z,(r) 1 (r) - - t Q (r) x [t n (r) x e (?) ] (26) 

where Z # (r) is the scalar surface impedance of the scatterer at r. Sub¬ 
stituting (23) into (26), one obtains the following integro-differential 
equation 

Z s (r)J(r) - Junior) xtf^r) * wj • j 3(r*)G(r,£')dS'] 

S (27) 


m - t (?) *[t (r) xt 1 ^)] 
n n 


Its solution is unique since the surface impedance generally has a dissipa¬ 
tive part, and this implies that cavity eigenmodes cannot occur at real 
frequencies. 

Examples of the application of the electric-field integral equation to 
EMP Interaction problems can be found in [6-8]. 

1.3.1.3 Thln-Wire Integral Equation 

When the scatterer is a thin wire, the electric field integro-differential 
equation becomes practically one-dimensional. In this reduced form it is 






applied extensively to the analysis of the wire antennas. The calculation 
is relatively simple for the case of a straight thin wire, and can be 
performed with a minimum of approximations. The following analysis will 
be confined to the straight-wire geometry. 

Fig, 3 illustrates a straight wire scatterer. The wire lies along the 



Fig. 3. Scattering of an incident electromagnetic wave by a 
thin, straight, conducting wire of length l and 
cross-sectional radius a. 


z-axls of a cylindrical coordinate system from z-0 to z*»i. It has a 
circular cross-section of radius a which, for a thin wire, is much 
smaller than both i and the wavelength of the incident wave. 

The induced surface current density on the thin wire has mainly 

an axial component J . The circumferential component J, and the radial 
z $ 

component J p on the two ends are negligible. In this limit the vector 

integral equation (27) simplifies to the following scalar equation for 

just the component 










+ juy ^1 +-tj —g-^j ad*' | dz'J z (*',z')G(*,z; *',z') 


( 28 ) 


- E (a,*,z) 


-Jk /4a 2 sin 2 [(*-*')/2] + (z-z’) 2 
G(*,z; *’,z') - -S- - - - .—- (29) 


Air 


/E7^l7 


[ (4> — <|> 1 )/2J + (z-z'T 


and the Impedance Z g is assumed to be uniform over the wire's surface. 

The Integral equation (28) is two-dimensional, and Involves the two 
coordinates * and z. One can derive from it a one-dimensional Integral 
equation for the total current I(z) on the wire defined as 


I(z) - 


ad* J (*,z) 


(30) 


by integrating (28) over * from 0 to 2*. One then obtains the integral 
equation for a thin straight wire 


Z'I(z) + juy 


dz’Kz')G(z-z') - E*(z) (31) 


where Z' g is the series impedance per unit length of the wire given by 

Z 

Z> - — 
s 2ira 

The kernel G(z-z') is the definite integral 


(32) 


G(z- z') 


■if 


e -Jk /(2a sin *) 2 + (z-z') 2 

4 * /(IT 


sin ♦) + (z-z') 


M 2 


(33) 


which has only a logarithmic singularity at z«z’, and E“(z) is the angular 

4 * 

average of E (z), namely 
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E*(z) 


<4 e*U,4,*) 


(34) 


_ 1 _ 

2 * 


r . 


The thin-wire integro-differentlal equation (31) can be converted into 
a genuine integral equation by Integrating out the differential part 
analytically, viz., 

_ Z' rt 

dz’Kz')G(z-z') + -r— \ dz'I(z')ain k(z- z') 

J « ° J » , . 

(35) 

- C e" jkz + C 2 e jkz + -±- f dz'E^(z')ain k(z-z') 

J O T) 

where and C 2 are two arbitrary constants and Z q la the impedance of 
free space. Eq.(35) is a mixture of a Fredholm and a Volterra integral 
equation. The two constants and C 2 are determined to satisfy the 
following two end conditions for the wire current 


1(0) - IU) - 0 (36) 

Eq.(35) is an integral equation for the electric current induced on 
a thin straight wire by an incident electromagnetic wave. If the wire is 
a transmitting antenna, the averaged external field E^ is prescribed on 
the surface of the wire. In this case one simply replaces E^ in (35) by 



Examples of the application of the thin-wire integral equation can 
be found in [9 - 11]. 

1.3.1.4 Time-Domain Integral Equations 

The integral equations derived so far are applicable to scattering 
and radiation calculations in the frequency domain. They describe the 
excitation of conductors by time-harmonic sources. In principle, they 
can also be used to solve problems involving aperiodic and transient 
sources, such as an EMP or pulse generator. This is done through the 
powerful technique of the Fourier or Laplace transform. In practice, 
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however, a frequency-domain approach Co a transient problem necessitates 
the construction of a solution of the integral equation Involved that is 
valid over a wide range of frequencies. Sometimes it may prove easier 
to formulate and solve the transient problem directly in the time domain 
[12]. Indeed, the.frequency-domain integral equations have their time- 
domain counterparts. 

1.3.1.4.1 Time-Domain Magnetic-Field Integral Equation 

Consider the scattering of a general electromagnetic wave by a per¬ 
fect conductor, as depicted in Fig. 1. The Incident wave can have an 
arbitrary variation in space and time. The electric and magnetic fields 
of the scattered wave satisfy the time-domain Maxwell equations in free 
space outside the conductor 

v-r-o. 

3t (37) 

7*5* - o. 7*S*. £ f r 5* 

These fields can be derived from a scalar potential $ 8 and a vector 
potential X s such that 

*•■-»♦*-! 5 * - i 7 * 5 * (38) 

If the potentials are made to obey the Lorentz condition 

7*X 8 + “rlt " 0 (39> 

where c is the free-space light speed, then the scalar and vector potentials 
individually satisfy the wave equation 

£).*.„, (v 2 -4^)r-o w» 

The retarded solutions of the wave equations (40) are 
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Substituting (42) into (38), one arrives at the following Integral repre¬ 
sentation of the scattered magnetic field it 8 (r,t) at a point ? exterior 
to the ocatterer and at time t 

&<*'*> - | dS> CM) 

where 

& - r-r\ R - |r-r'| (45) 

and t is the retarded time defined by 

x ■ t — ~ |r-r'| (46) 

The operator V’ acts on the source point r’, Eq.(44) expresses the 

magnetic field of the scattered wave at a point in space and time as a 
composition of excitations emanating from individual points of the scat- 
terer's surface at specific retarded times 

An integral equation for the surface current density ? is obtained 
by observing that, on the surface S of a perfectly conducting scatterer, 
the total magnetic field is related to the surface current density at 
all times through the equation 

5(r,t) -t n (r) x [^(r,t) + S 8 (r,t)] (47) 
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In evaluating the scattered magnetic field 3 s on S, given In the form of 
the Integral representation (44), one must exercise proper caution In 
handling the singularity in the Integrand, just as In the derivation of 
the magnetic-field integral equation in the frequency domain. 

It can be shown that as the field point r approaches S, the singu¬ 
larity at R-0 in the second term of the integrand in-(44) Is integrable, 
and requires no special attention. The singularity in the first term, 
however, is more violent. It is in fact of the same type as that in (8). 
Consequently, the limiting value of the surface integral (44), as r 
approaches S, must be evaluated with the method applied previously to 
(10). Taking the limit r + S in (44) one obtains the following time- 
domain integral equation for the induced surface current density 3 on 
the Bcatterer 



(48) 

--^2 Rx|r^(r',T)l dSI -tj(r) xH^r.t) 

cR 2 3T J n 

At first glance, the time-domain magnetic-field integral equation (48) 
may appear to bear a close resemblance to its frequency-domain counterpart 
(20). This formal simularity, however, is actually quite deceptive. When 
it comes to solving the equations, each equation requires a totally differ¬ 
ent procedure. This difference in treatment is the reflection of a basic 
difference in the physical contents of the two equations. The frequency- 
domain integral equation describes a steady state of the scattering process, 
long after all transient effects are damped out. In this equilibrium 
condition, the current densities at different points on the scatterer's 
surface at one instant of time are closely interrelated. The integral 
equation is equivalent to a system of simultaneous linear algebraic 
equations. Its solution consists of a matrix inversion. On the other 
hand, the time-domain integral equation describes the transient excitation 
of the scatterer by an incident wave. Each part of the incident wave. 
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upon striking the scattereds surface, creates a disturbance which then 
ripples out around the scatterer in the form of surface currents. The 
current density at a given point of the scatterer's surface at a given 
time is obtained by adding up all the disturbances reaching this point 
from all the points of the surface and generated at appropriate earlier 
times. A determination of the surface current density, that is to say, 
a solution of the time-domain integral equation, requires only integra¬ 
tion and no matrix Inversion. This difference in the solution procedure 
is a mathematical consequence of the fact that the frequency-domain 
Maxwell equations are of the elliptic type, while the time-domain Maxwell 
equations are of the hyperbolic type. 

1.3.1.4.2 Time-Domain Electric-Field Integral Equation 

Just as in the frequency domain, the time-domain scattering of an 
electromagnetic wave by a conductor can also be formulated in terms of 
an electric-field integral equation. The starting point of this formula¬ 
tion is an integral representation of the scattered electric field in 
the time domain. Using (38), (41) and (42), one can establish the 
following integral representation for the scattered electric field 
E S (r,t) at a point r exterior to the scatterer and at the time t, in 
terms of the retarded values of the surface charge density p and the 
surface current density 5 induced on the scatterer’s surface S 

-&I Trfc **’•’> <49 > 

S S 

Hence, if one now lets the field point r approach the surface S and 
imposes the following boundary condition on S 

l Q (r) x [^(r.t) + ! S (r,t)] - 0 (50) 

one arrives at an integro-differential equation involving p and 5 



( 51 ) 


vH*H ^l 


■l_(r) xj^r.t) 


Note that, with the operator 7 kept outside of the integral in (51), the 
limit of the Integral as r approaches S can be taken without special ado. 

Eq.(Sl) is equivalent to two scalar equations, but it contains three 
unknowns: p and the two components of 3. It must therefore be supple¬ 
mented by the continuity equation (43). The latter can be applied to 
eliminate p from (51). Integrating (43) over time, one has 


One has also assumed that in the infinitely remote past, before the 
incident wave reached the scatterer, the scatterer was uncharged. Substi¬ 
tuting (52) into (51), one obtains the following final form of the time- 
domain electric-field integro-differential equation for the induced surface 
current density 5 




-t^r) x| i (?, t ) 


(53) 


This is a fearsome-looking equation, but can be handled numerically on the 
computer in a straightforward fashion. Again, because of the appearance of 
the retarded time x on the left-hand side of the equation, no matrix 
inversion is Involved in the solution. 

If one wishes, one can easily extend (53) to cover the case of finite 
scatterer conductivity, as was done previously in the frequency domain. 
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1.3.1.4.3 Time-Domain Thin-Wlre Integral Equation 


The time-domain electric-field integral equation simplifies 
considerably when the scatterer is a thin straight wire. The thin-wire 
geometry makes it possible to go over from a two-dimensional problem to 
a one-dimensional one. Instead of taking the thin-wire limit of (53), 
it is easier to derive the time-domain thin-wire integral equation 
directly from the Maxwell equations. 

From (38) and the Lorentz condition (39) one finds that 

Ij- £ 3 (r,t) - c 2 -t \ -l a ( r,t) (54) 

With A 8 given by (42) and the boundary condition 

+ E*(?,t>] - 0 (55) 

imposed on the surface of the wire, one obtains the following time-domain 
thin-wire integro-differential equation for the total axial current I 

where the wire is taken to stretch from z - 0 to z ■ i . The kernel is 
defined by 

g(z-z')-i| . .- — (57) 

'' 0 4tt /(2a sin <J>) 2 + (z-z') 2 

which has a logarithmic singularity at z=*z', and the averaged E* is defined 
in the same way as (34). 

Examples of the application of time-domain integral equations can be 
found in [13-16]. 
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1.3.1.5 Aperture-Penetration Integral Equation 

The need for calculating electromagnetic penetration through 
apertures arises frequently in the analysis of EMP interaction. The 
typical configuration of aperture penetration is illustrated in Fig. A. 



Fig. A. Penetration of an incident electromagnetic wave through an 
aperture into the interior of a conducting body. 


A shell made of perfectly conducting material is situated in free space, 
and encloses a cavity. The cavity opens onto the exterior of the shell 
by way of an aperture A. Let an electromagnetic wave be incident on the 
aperture from outside the shell. It is required to calculate the electro¬ 
magnetic fields inside the cavity as a result of aperture penetration. 

Suppose first the aperture A is completely plugged up by a perfectly- 
conducting, infinitely-thin cover. This cover therefore forms with the 
outer surface of the shell a closed, perfectly-conducting surface S + , 
while it forms with the cavity wall another closed, perfectly-conducting 
surface S_. The incident electromagnetic wave, assumed time-harmonic with 
time factor e^ wt , is scattered by the external, closed surface S + . In the 




aperture-penetration problem, the solution of this auxiliary scattering 
problem is assumed known. 

Let the total external fields be 

+f i*' 

and the total internal fields be 
®int (?) “ 

where E gc> $ sc are the short-circuited fields with the aperture completely 
plugged up by a perfectly-conducting cover. One finds that £17] 

S x (r) - | Jwe^Cr.r'J.^^'Jxt^'JJdS' (60) 

S + 1 

with r exterior to S + , and that 

a 2 (r) - J jue Y int (r,r')*tl^(r') xt 2 (r')]dS' (61) 

with r interior to S_. The external dyadic Green's function charac- 

terizes the region exterior to S + , and the internal dyadic Green’s 
function characterizes the region interior to S_. They both satisfy 

the differential equation 

(Vx7x- k 2 )T(r,r') -*t 6(r-r') (62) 


2 ext (?) " S sc (?) + V** < 58 > 

^(r) “ <59) 


and the following so-called boundary condition of the second kind, namely, 
^(r) x v x ^ att (?.*') “0 for r on S + 


(r) x v x^ nt (?,r') - o for r on S_ 


( 63 ) 






The advantage of this boundary-condition assignment is that the tangential 
components of and S 2 on the surfaces S + and S_ now depend only on the 
tangential components of and ? 2< 

The aperture-penetration integral equation is derived by matching 
the tangential components of the external and internal electromagnetic 
fields across the aperture A. The boundary conditions at A are 

t <r) x | (?) - -1 (?) x f (?) (64) 

n l 1 n 2 2 

t^r) x [H sc (?) + H l (?)] - - 1 n (t) x H 2 (?) (65) 

The tangential component t^x E gc is identically zero. Substituting (60), 
(61) and (64) into (65) and noting the relation?^--1^ on A » one finally 
arrives at the aperture-penetration integral equation in the form 

jue? n ^(?)x| [T xt (?,?') +T int (?,? , )]*ft ni (?’) x| 1 (?')]dS' 

- -t n tf)xS 8c (?) (66) 

It must be remarked that the integrand in (66) is actually non- 
integrable. The reason is that the Green's functions r^ xfc and both 

contain double derivatives of the inverse distance |?-r'|"*^. In order to 
arrive at a meaningful limit as ? tends to ?', it is necessary to bring 
the differential operators outside the integral, and (66) is to be inter¬ 
preted in this sense. Eq.(66) is therefore an integro-differential 
equation for the tangential aperture electric field l Q ^x its solution 
can be used to calculate the total external and internal fields. It must 
be noted that, before one can apply the aperture-penetration equation (66) 
to a specific problem, one has first to determine the three quantities 

appearing therein for the aperture geometry concerned. 
Very often, this determination is an arduous task in itself. 

However, when the aperture A lies in an infinite, conducting, thin 
plane screen between two half-spaces, (66) can be written out explicitly 









in simple form. The infinite plane screen geometry, although an outright 
idealization, is actually a good approximation to many aperture configura¬ 
tions encountered in practice. Let the infinite plane screen be the 
x~y plane in a rectangular coordinate system, as shown in Fig. 5. Let 



Fig. 5. Penetration of an incident electromagnetic wave through an 
aperture in a conducting, infinite, plane screen. 

the incident electromagnetic wave impinge on the aperture A in the plane 
screen from the upper half-space z > 0. Therefore, the exterior region 
in this geometry is the upper half-space z > 0, and the interior region 
the lower half-space z < 0. The unit normal vector t n becomes simply 
The dyadic Green's function for a half-space satisfying the boundary 
condition of the second kind can be expressed in closed form 













where 6 Is the free-space Green's function given by (7) and r" is the image 
of r'. For the external Green’s function r , one chooses positive z 
and z 1 . For the internal Green's function r^, one chooses negative z 
and z'. Upon substitution of (67) into (66), the following equation 
results 


4jwe (t + V fc V t ^ • || dx'dy'G(x,y; x’ ,y')f^x' 


y')l 


where V is the tangential gradient operator 


v 4i_+i 1_ 

v t x8x y3y 


(69) 


Note that in (68) all differential operators occurring in the dyadic 
Green's functions have been taken out of the integral to ensure integra- 
bility, as has been discussed previously. 

It must be pointed out that (66) is not the only possible integral- 
equation formulation of the aperture-penetration problem, although it is 
certainly one of the most general. Other versions do exist, especially 
when one restricts oneself to specific aperture geometries. Nevertheless, 
these different versions all share a common characteristic, in that they 
all select certain field quantities at the aperture opening as the unknowns 
of the problem, be they field components, their various derivatives or 
appropriate scalar potentials. Examples of the application of integral 
equations to the solution of aperturp-^agatration problems can be found 
in [18-21]. 

1.3.1.6 Intersecting Cylinders 

Intersecting cylinders have been used to model many aeronautical 
systems for EMP interaction calculations. The most common applications of 
the model pertain to aircraft and satellites. In this section the basic 
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ill* total axial currants Induced on the four sections of the rods are 
denoted by I lt (s), I 2x <*). X 3x^ x ^ satisfy coupled Integral 

equations subject to boundary conditions at the four ends and certain 
appropriate conditions at the junction. The boundary conditions at the 
ends of the four ans are 

W * W ■ VV ' I 4x <t 2 ) ' 0 (71 > 

The conditions at the junction must relate the currents and the charges 
per unit length in the four anas. Strictly, the conditions must involve 
these quantities at electrically short distances from the junction, where 
the currents and charges are still rotationally symmetric. However, since 
with ks <. 0.1 the electrical surface area of the junction region is very 
snail (of the order (ka)^ < 0.01), Its shape is immaterial and the total 
charge on its surface is negligible. Accordingly, no significant error 
is introduced insofar as currents and charges at electrically very small 
distances away fron the junction are concerned, if it is assumed that 
each am and its rotationally symmetric current and charge per unit length 
extend to the junction point (x • z ■ 0) as if concentrated along the axes 
of the conductors. The junction conditions can then be imposed at this 
point. For a vertical conductor with radius a^ and a horizontal conductor 
with radius a^, the junction conditions Include the Kirchhoff condition on 
the currents [22] 

X lz (0) " X 2z (0) + X 3x (0) ' X 4x (0> " 0 < 72 > 

and the following three conditions on the charges q per unit length [23] 

q^O)^ - q 2 (0)'f 2 - q 3 fr»4' 3 “ q 4 (0)1' 4 (73) 

where, for conductors at least a quartet wavelength long, 

^-*2 - 2Un(2/ka x ) - 0.5772], V 3 - 2[in(2/ka 3 > - 0.5772] (74) 
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Note that these paraaeters are Independent of the lengths of the conductors. 
For shorter conductors, the length is of importance and 

- * 2 - 2 - y 4 - 2 in(/t^/s 3 ) (75) 

When the radii are equal (a^ ■ a 3 » a), " V 3"*4 in ( 7 *) and this 

reduces to the equality of charges per unit length. 

The use of thin-cylinder theory is an acceptable approximation only 
when the following inequalities are satisfied 


ka^ « 1; a^ << h^, a^ « h^ 
ka 3 « 1; a 3 << a 3 « l 2 


(76) 


The required coupled integral equations for 1^ and I z are readily 
derived from the following one-dimensional boundary conditions on the 
surface of the conductors [24,25] 


E z (z) “ E* - a«J>(z)/3x - juA x (s) - 0, < z < h 2 

E x (x) ■ E* - 3$(x)/3x - Ju>A x (x) - 0, < x < » 2 


(77) 


When the integrals for the scalar potential <f> and the components of the 
vector potential X are substituted in (77), the following pair of simul¬ 
taneous integral equations is obtained for the unknown currents I x (x) 
and I (z) 


2 


I (z , )K(z,z , )dz’ 


.iiii-ff 1 

k 2 3z [\ 


q(z')K(z,z')dz' + q(x')K(z,x , )dx' 


- h l 


- -<j4TT/a>y)E x (z) 


( 78 ) 








| I^x'Wx.x^dx' - ^Jjj qtx'JKx.x'Jdx' + | 2 qCs'HcCx.Odi'l 

" A 1 ~ l l _h i 

- -C14w/u)w)E A (?9 

wher« E*(x) ud E* are given in (70). Hot* that q(z) - (J/«)3I t (*)/3s 
•ad q(x) ■ (J/u)3X x (x)/3x. The kernels are defined as follows: 

K(*.r‘) - Wtf(-jkR E )/R s . K(x,x’) - exp(-JkR x )/R x 


R z - t(z-s') 2 + a 2 ] 1 *, R x - l(x-x’) 2 + a 2 ]** 


*„ - Ii 2 *.' 2 *. 2 ] 1 *, 




Eqs. (78) and (79) are to be solved for I^U) and l x (x) subject to the four 
end conditions in (71) and the four Junction conditions in (72) and (73). 

Analytical solutions of these equations have been obtained when 
for two different cases, namely, (a) the case of a normally 
incident field with the electric vector parallel to the vertical conductor 
and arbitrary arm lengths [26], and (b) the case of a general incident field 
and equal arm lengths [27]. More general cases than these two are readily 
formulated and evaluated by analytical or numerical methods. Approximate 
currents and charges have been calculated for a wide range of arm lengths 
in [24,25,27]. Measured currents and charges are in [28]. Details of 
the analytic solution and explicit formulas for the coefficients are 
given in [29]. 

1.3.1.6.2 Non-Orthogonally Intersecting, Electrically Thin (lea 5. 0.1) 


The determination of the currents and charges on the surfaces of 
conductors intersecting at angles A other than 90*, as shown in Fig. 7, 
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can be accomplished for electrically thin cylinder! by a generalization 

of the analytical procedure described for orthogonal conductors. All of * 

the thln-cyllnder conditions previously imposed for A ■ 90* must be \ 

satisfied and. In addition, a restriction of the angle A of Intersection i > 

must be enforced. This is needed in order to keep the junction region j j 

electrically small enough to preserve the validity of the assumption I 

that the total charge on its surfaces is negligible. The added condi¬ 
tion Is 

|sin A| » ka (81) 

Whan A ■ 90*, this reduces to the previously imposed condition ka << 1. 

The Integral equations for the currents in the svapt-ving configura¬ 
tion shown In Fig. 7 are derived in the same manner as those for the 


< 



teifTT iijftTffirtiri i 




orthogonal crosa but several additional terms and Integrals occur, since 
the crossed conductors are now coupled Inductively as well as capacitively. 
In order to permit the ready correlation with the equations for the 
orthogonal cross, the notation shown In Fig. 7 Is used. As before, the 
vertical member extends from z - -h^ to as - h 2 with the junction at the 
origin. The arms are taken to be equal and of length £ with the variable 
s ranging from s ■ -£ to s ■ 0 along the left arm and from 8 - 0 to s a £ 
along the right arm. Note that when A - 90®, a becomes x and the entire 
notation reduces to that of the orthogonal cross. 

The boundary conditions requiring the vanishing of the tangential 
component of the electric field on the surfaces of the conductors, each 
with radius a, now have the form 

E t (z) - E* - 3*(z)/3z - jwA 2 (z) - 0, - \ < z < h 2 (82) 

E g (.) « - E*cos A - 3* 3 (s)/3s - j<uA 3s (s) -0, -U»i0 (83) 

E a (s) « E*cos A - 3<J> 4 (s)/3s - jwA 4g (s) - 0, 0 <. s < £ (84) 

for a normally incident field, A consequence of syosaetry is 

that the currents and charges, and the vector and scalar potentials on 
the two side arms satisfy the following relations: 


* 3a (-«) " “ I 4s (s) » q 3 (s) " q 4 ( ~ s) 

a 38 (-s) - - a 4b (s), 4> 3 (-s) - ys) 


(85) 


Hence, it is necessary to determine only I^U), I 2z U)» aad With 

the relations (85). the vector and scalar potentials in (82) are 


f h 2 ft 

A g (z) ■ (u/4ir) I I z (z')K(z,z , )dz' + 2 cos A J I tt (s , )K(z,s , ,A)ds' (86) 
-h. 0 
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*(z) - (l/4ire) J J qU'jKU.z'Jdz' + 2 j q(s')K(z,s',A)ds'j (87] 


h h 

t(z-z') 2 + a 2 ] , R , ■ [z 2 + a * 2 - 2zs'cos A + a 2 ] 


Similarly, la (84) 


+ cos A I (z')K(a,z',A)dz' 


<f» 4 (s) - (IMttc) j | q(a')[K(s,8') + KCa.s',A)]ds' 


q(z')K(8,z',A)dz' 


-W s -jkR ss , -jkR ss 

KCs.s')-^-, K(s,s’,A) - =-, K(s,z ' ,A) ■ - 


R * t(s - a') 2 + a 2 ]** 


R^, * [a + z' - 2|a|z'coa A + a 2 ]* 4 

When (86) - (90) are subaticuted in (82) and (84), the following simul¬ 
taneous Integral equations for the currents and charges are obtained after 
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integration by parts 


f 2 

I [3 2 I z (z')/3z' 2 + lc^U'JlKU.z'Jd*' 



f [3 2 I s (s')/3a’ 2 + k 2 I s (s')][K(s,s') - 
J 0 

- F^s.A) - F 5 (s,A) - 


- F 2 (z.A) - F 3 (z) - F 4 (z,A) 

(92) 


KCs.s'.A^ds' - F 2 (s,A) - F 3 (s,A) 

- ^- k - E^os A (93) 

uu z 


where 

F 2 (z,A) - 2ju>(3/3z) q(8 , )K(z,s',A)dB' 

J 0 

F 3 (z) - - ju[q(h 2 )K(z,h 2 ) - q(-h 1 )K(z,-h 1 )] (94) 

F 4 (z,A) - 2k 2 cos A | I a (s , )K(z,s',A)ds' 

and h 2 

F 2 (s,A) - jw(3/3s) | q(z')K(s,z',A)dz' 

F 3 (s,A) - 2juq(i)[K(s,£) - K(s,Z,A)] 

h 2 (95) 

F 4 (s.A) - k 2 cos A J I z (z')K(s,z\A)dz' 

“hi 

2 

F 5 (s,A) - It (1 + cos 2A) I I s (s , )K(s,s , ,A)ds' 

J 0 

Zero-order current and charge distributions for any A and normally 
incident fields have been obtained in [30] by solving (92) and (93) with 
the end conditions (71) and the junction conditions (72) and (73). 




1.3.2 TRANSMISSION-LINE AFPROACH 


This section presents the formulation and solution of the basic 
differential equations describing the EMP induced voltages and 
currents on a group of conductors forming a transmission line. 
Throughout this section the cross-sectional dimensions of the 
transmission line are assumed to be small compared with a wavelength. 

The propagation of a pure TEM mode on a two-conductor lipe is 
first discussed. Its simple concepts are then generalized - to a 
multiconductor line. Energy propagation on a multiconductpor line 
can be described by the prc agation of a number of independent field 
configurations or modes. 

Previous efforts in applying transmission-line theory to EMP 
problems have been restricted to simple transmission-line configura¬ 
tions, such as two cascaded sections or a simple branching of lines. 
Recently, work has begun on the development of a computer code for 
analyzing a network of arbitrarily interconnected transmission lines 
(both single and multiconductor lines). In this work a large matrix 
equation is derived for all of the unknown currents at each of the 
junctions, or nodes, of the transmission-line network, and then these 
currents are determined^^y maLtix inversion. This process permits 
the inclusion of much mo*r£ complex types of transmission-line networks, 
such as those having closed ( loops, than what has been previously 
analyzed. 

In the case of lossy conductors an axial component of electric 
field exists in the vicinity of the conductors, so that propagation 
is only nearly TEM, or quasi-TEM. Deviation from strict TEM propa¬ 
gation also occurs when the dielectric medium, although homogeneous 
in the direction of propagation, displays inhomogeneous properties 
in the transverse plane. These departures from the ideal case can 
introduce severe analytical difficulties in solving transmission¬ 
line problems. 
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1.3.2.1 The Two-Conductor Line 

Consider Fig.. 8 in which the conductor axes of a uniform trans¬ 
mission line are parallel to the z-axis of a rectangular coordinate 
system. Assume the conductors to be lossless and embedded in a 
homogeneous isotropic dielectric with constitutive parameters e, y, o. 
The integral form of one of Maxwell's equations gives 


f i-it 

C 


(96) 


where C is a curve enclosing the area A, and s * ju on the joi-axis of 
the complex frequency s-plane. If A lies completely in a plane 
transverse to the z-axis, then the fact that H is transverse implies 
that 


Wfticjh, in turn, implies that in any transverse plane, £ can be 
expressed as the negative ^gradient of a scalar potential <j> 


(HVift) 
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Since V*£ - 0, (98) becomes 


v-v t * 


, - JCt + 14- 0 


(99) 


That Is, In any transverse plane <j> satisfies a two-dimensional Laplace's 
equation; hence, In any transverse plane £ appears at any Instant as 
an electrostatic field. Such a field must originate and terminate on 
electric charges, and since there are none in the dielectric, they 
must appear on the conductors. 


Differentiating (99) first with respect to x and then y and adding 
the results, one obtains 


which, together with V*E 


■J S y 2 

Y 2 E, implies 


0 


( 100 ) 


a 2 S 


where y - /sp(o + se). The solution of (101) is 


( 101 ) 


t - f 1 (x,y;s)e‘ YZ + £,(x,y;s)e YZ (102) 

where a;e arbitrary vector functions derivable from scalar 

potentials satisfying the two-dimensional Laplace equation (99). If 
denotes the dielectric-space impedance 

‘a-T-life]* <103 > 

then 

H - ± zfaV E) - ± (104) 
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with upper and lower signs for forward and back waves, respectively. 

The charge Q' per unit length bounded by the electric field is 

Q’ - C'V (105) 

where C* is the capacitance per unit length between conductors. The 
current diverted through the dielectric is 

1* - G'V (106) 

d 

where G' is the leakage conductance per unit length. Finally, the 
magnetic intensity linking the conductors induces a counter-emf in 
series with the lii * given by 


- s L'l (107) 

where L' is the inductance per unit length represented by the magnetic 
flux linkages, and I is the line current. 

In Sec. 1.3.2.4 the line parameters C', G' and L* will be discussed. 
1.3.2.1.1 Line Excitation 

A transmission line may be excited by an EMP field in a variety 
of ways. In the simplest case the line Is in "free space" (i.e., far 
from other objects compared to its cross-sectional dimensions) and is 
excited by an electromagnetic wave. It may be situated above ground 
so distant that its propagation characteristics are unaffected by 
the ground parameters, but close enough that it is exposed to both 
incident and ground-reflected components of an EMP. It may be within 
the interior of a coaxial cable, which may have a solid shield or a 
braided shield for its outer conductor. In the latter case fields 
may be coupled locally into a line by incomplete shielding at cable 
connectors, at flanges joining sections of solid conduit enclosing 
the line, or at shield apertures that are required for other functions. 






In all cimi It la convanlent to consider the Incident field to 
be resolved into components transverse to the line and those parallel 
to it. The transverse conponents may be due to coupling from another 
distent line. The axial components of magnetic and electric field 
affect the line differently. The axial magnetic component induces 
currents that circulate around the peripheries of the conductors but 
produce no axial transmission line current. The axial ..electric field, 
on the other hand, induces antenna-mode currents on the conductors, 
which for the most part do not flow through the line terminations. 
However, because of the physical separation of the line conductors, 
there is generally a small difference in the excitation of the indi¬ 
vidual conductors by an axial electric field, which induces excitation 
sources in series with the line. This difference is entirely accounted 
for (via Faraday's induction law) by the transverse magnetic field. 

1.3.2.1.2 Line Differential Equations 

Two fundamental laws underlie the derivation of the line equations: 
Faraday's law (96) and the law of current continuity (43). 

Fig. 9 represents a small increment of a two-conductor line. 
Although represented here as two conductors of finite cross section, 


/ 


1 

As 




Q'Az 


~ vw 

z 

C ^5* 

Y'C&Az) 

-aL ! -Q'Az ! 

m i+ai 

1 

rafsrenc# 


Fig. 9. Small increment of a two-conductor line* 
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it should be noted that one conductor could be an "infinite" ground 
plane. Alternatively, one conductor could be enclosed in the other, 
as in a coaxial line. To develop expressions for the line excitation 
for the special case of a two-conductor line, we begin by applying 
(96) to the contour C in Fig. 9. The right member of (96) is proper? 
tlonal to the magnetic flux $ through the area A enclosed by C. The 
magnetic field H is positive when directed as the translation, of a 
right-hand screw turned clockwise. Thus, -$ is positive when directed 
in the positive y direction. 

The total magnetic flux linking the conductors has two sources: . 
the incident magnetic field S 1 and the magnetic field due to the 
transmission line current. 

Antenna-mode currents 1^ and X c2 are induced by the axial 
electric field. The total currents 1^ and in the conductors 
are, respectively, 


Performing the Integration indicated in the left-hand side of 
(96) we have 

j £.d t - - V(z) + 0 + V(z + As) + 0 - V(z + Az) - V(z) - AV (109) 

J c 

the integration along the conductors contributing nothing since £*d t ■ 0 
at the surface of 1 osb1»ss conductors. 

For the two components of magnetic flux per unit length we 
introduce and with 

•£ s L'l, 5 - lV (110) 


of the incident magnetic field perpendicular to the plane containing 
the axes of two conductors of the line. 
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(Ill) 


The total flux la the increment Az Is then given by 

♦ 'As - (L'l - L^Az 

Substituting (109) and (111) In (96), dividing by Az and passing 
to the limit, we obtain 

~ + sL'I - slV (112) 

which is the first equation for the transmission line voltage and 
current in the s-domain. 

To derive the second line equation we integrate the continuity 
equation and obtain (see Fig. 9) 

AI + l^Az + sQ'Az * 0 

Rearranging, dividing by Az and passing to the limit, we obtain 


31 

3z 


X d 


sQ* 


(113) 


which becomes, with the aid of (106), 

+ G'V - - sQ' (114) 


The charge Q' has two sources: the TEH potential difference 
between conductors and the transverse impressed electric field. Calling 
these two charges and Qj, ye have 


Qy * C’V 


(from line voltage V) 


(115) 


«i - cV 


(from incident electric field 
perpendicular to the axes of conductors) 


where C 1 is a constant of proportionality 


measured in farads. 
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Thu*, th* second liua equab^ph b e co m es 

+ (G'+sC'jV - - aC 1 !* 


aw) 


\ 


The determination of the line parameter* L', C*. G', end the coupling 
parameters L 1 and C 1 will be di*«fcssa<i> In Sec. 1.3.2.4. 

Finite conductivity of the line conductor* affect* the behavior of 
th* line in two way*: it causes'aTi^ht, modifications In th* line 
paraaeter*, effect* which era usually ignored at high frequeuelea; and 
it reaulta In additional attenuation .nf waves on the line, thus affecting 
th* value of th* propagation constant; For th* case of the two-conductor 
line, th* second effect can be Incorporated into the line equations 
without difficulty. „ • - 

Eq*.(112) and (116) ar* the baal^ trans m ission line equations in 
the a-dome In and they nay be summarised In the following convenient 
fora: 


S*|**-r« 


U17) 


wh.r« V<‘> aad I' ^ al ar. th. pcr-i^it-length source, to denote rupee- 
tively the right-hand sldea of (112^ and (116), and Z' and Y* are the 
per-unit-length Impedance and admittance of the line given by Z' ■ 

R' +aL’ and Y* - G'-faC'. Here, t.' ,1s the line resistance to be 
discuud la Sac- 

Recently, a new set of tranahisslon-line equation* has been 
proposed, which Incorporatee-slSt* .effect of the "antenna-node" current* 
[31]. Let 1^ and 1 2 be the total currents on th* two conductors and 
let and I c be defined by-'" / 




(118) 
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Fig. 10. Two-wire line of unequal radii. 
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t 


vhara^I is tbs lias current of (117), then (119) reduces to (117). 
SecdKdly, tbs "no—on-mode" (or antenna-mode) current I fi defined by 
(118) is equsl in magnitude end direction on both conductors, end 
hence le sero st tbs terminating impedances of s line of two equal- 
length conductors. In this case, I and I d will have the sene end 
conditions. (Note that one say define a rns—wi ends current in such 
a way that it will not appear in (119).) This means that, as far as 
the currents at tha terminating impedances are concerned, one stay 
use (W?) instead of (119). On the other hand, if one is interested 
in the total currents at other points along tha line's conductors 
or the"case where the line's conductors are of unequal length, one 
should resort to (119). 

1.3.2.2 Multiconductor Lines and Cables 

Fig. 11 depicts a multiconductor transmission line embedded in a 
homogeneous isotropic dielectric. For this case, the discussion in 
Sec. 1.3.2.1 up to and including (104) applies erectly here, except 
that we are now thinking in terms of (N+ 1) conductors rather than 
two. The reasons for selecting a general line of (N + l) conductors 
(rather than N) are two: first, among (N + l) conductors there ere 
only N independent potential differences; second, the total TEM 
current flowing in any cross section of the line must be zero, so 


P 


(N+l) 


Fig, 11 (N + l)-conductor line. 













that one of Che currents stay be expressed as a linear sum of the 
remaining N, implying the existence of only N independent currents. 
Thus, the behavior of an (N +1)-conductor line is characterised by 
N independent potentials and h independent currents. Such a line 
may than be referred to as an N-line. According to this definition 
the conventional two-conductor line is a 1-line characterised by a 
single potential difference and a single independent value of current. 

Instead of speaking of potential differences it is convenient 
to choose one conductor as the reference or zero-potential conductor. 
The potential of any conductor is then its potential with respect to 
the reference or common conductor. When necessary, the reference 
conductor is called the "zeroth" conductor. Conductors other than 
the common conductor, when forced to zero potential, are said to 
be "grounded." 

The potentlala of the respective N conductors are denoted by 
the vector (V Q ). As before, in the transverse plane the potential 4> 
satisfies Laplace's equation and the conductors are equlpotentials. 
Consequently, electric charges (for n-1, . . ., N) exist on the 
conductor surfaces, and standard theory relates these charges to 
the potentials by [32] 


N 

Ql - I C' V n-1, . . .,N (] 

^ o-i *“ m 


or, in matrix notation, 

<y - t^xy 


0 


The quantities are Maxwell's coefficients of capacitance 
with the following properties [33,34] 


1 0 for every n 
< 0 for every m + n 
C' - C' for every n,m 


(1 












The quantities are defined fundamentally as follows. Let 
be different froe zero , while - 0, ml k; that is, suppose all 
conductors ere grounded except the ktb. Then (123) becomes 

n ' 1 .» ' < 12 » 

Evaluation of the for specific configurations will be discussed . 
in Chap. 2.4. 

Because steady current flow in conductors obeys Laplace's equation 
with equipotentlal conditions on lossless conductors, analogous results 
apply to the currents flowing betwer . conductors in a lossy dielectric, 

namely 

(126> 

where is the total current per unit length in the dielectric leaving 
the nth wire, and are coefficients of conductance with the properties 

G' i 0 for every n 
an 

< 0 for every n ^ m (127) 

G nm " G mn for every a » m 
Furthermore, if V m »0 for m + k, then (126) gives 

°ik ‘ V iJ\’ “' l .* < 128 > 

Finally, the magnetic flux linking the nth conductor end ground 
is the resultant of currents flowing in the N independent conductors 

♦J " (L‘ )(I ) (129) 

L nm m 
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where the L^, all positive or zero, are the line coefficients of 
inductance. Furthermore, the individual inductance coefficients are 
given by, with currents on all conductors being zero except the kth, 

L nk “ # L /r k » n " 1 .. (130) 


To derive the line equations for the total line voltage, one may 
visualize a generalization of Fig. 9 and then considers only the nth 
and reference conductors. The path C in Fig. 9 may be any path whose 
contour is confined to the z- and (z +Az)^planes and tangent to the nth 
and reference conductors. Following the same procedure that leads from 
(109) to (117) we get, in matrix form, 

h <V + ■ •«4 1) >“' 1) 

(131) 

fl <V + («i,> + s ‘ c m> ) <V • - 

1.3.2.2.1 Multiconductor Line With Lqssy Conductors 

In general, conductor losses depend on the distribution of current 
around the conductor peripheries. When the conductors are cylinders 
of small radii compared to conductor apacings, an extra term (R' )(1^) 
may be added to the left member of the first equation of (131), where 
(R^) is a diagbnal matrix in which R^ is the resistance (8/m) of the 
nth conductor, readily evaluated by standard means [32]. At frequencies 
sufficiently high that the conductor skin depth is small compared to 
the conductor radius of curvature, the effect of conductor losses can 
be accounted for by finding the peripheral current distributions on 
all conductors (assumed temporarily lossless) for a given current 
vector, and integrating the loss over all conductors. The attenuation 
constant representing these losses is then determined from 

« c " “ | ’ W c /W o ) (132) 
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where a c is the part of the attenuation constant due to conductor losses 
(neper/m); W c is the total conductor power loss in one meter of line, 
and \1 Q Is the total transmitted power at the point of conductor loss 
evaluation. An alternative expression is 


“c " ‘ 2W„ dz 


(133) 


Where the approximations used above are not justified, effective 
conductor resistance must be determined by complicated boundary-value 
procedures, generally requiring numerical analysis. 

Further discussion on this subject appears in Sec. 1.3.2.4. 

1.3.2.2.2 Multiconductor Transmission Line Modes 

To solve a multiconductor transmission-line problem (131) subject 
to appropriate boundary (or load) conditions at the ends of the trans¬ 
mission line, one may first obtain the source-free solutions on the 
multiconductor line by solving the homogeneous version of (131) and 
one may then construct a particular solution with the excitation sources 
and loads present. 


(Z^) “ s(L^) 

<V ■ + 


(134) 


to be the series impedance-per-unit length and shunt admittance-per- 
unit-length matrices of the line. With no sources, (131) becomes 


(135) 

-o 
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from vhich one obtains 



<Y’)(Z' )(! ) 



(Z! ) (Y* ) (V) 


(136) 


These equations seem difficult to solve at first, since the propa¬ 
gation matrices (Y' ) (Z' ) and (Z' XT' ) are full matrices. It is 
nm nm tun nm 

possible, however, to diagonalize the propagation matrices by a 

transformation matrix (T^ m ) consisting of the eigenvectors of the 

matrix (Y* )(Z* ), i.e., 
nm nm 

(T) -1 (Y' )(Z' )(T) - (Y ) 2 (137) 

nm nm nm nm nn 

2 

where (y^) is a diagonal matrix with elements equal to the corres¬ 
ponding eigenvalues. 

Because (Z' ) and (Y' ) are symmetric, the matrix (Z' )(Y' ) can 
nm nm nm nm 

also be diagonalized by T nm , viz., 

(T' ) T (Z* ) (Y* ) (T )^ 1 *■ (Y n _) 2 (138) 

nm nm nm nm nn 

where the superscript T denotes the transpose. 

Let 

<V ■ CW" 1 ^ <»«> ■ < T nM )T(V n> < 139 > 


where i Q and v n represent the modal amplitudes of the nth eigenmode. 
Then (136) can be put in the form 


~2 <V “ <W <V 


‘'nn' ' n' 


(140) 









For a straight section of multiwire line consisting of perfect 
conductors immersed in a simple medium, the propagation matrix 

) (Z^) has identical eigenvalues. In the case of an N-wire line 
plus a reference conductor, this matrix can be written as 

“ swCo + s6)(« ) - y 2 (6 > (141) 

am am am 


where ($ nm ) is the unit matrix. This yields the value of y as in (101). 
For this degenerate but extremely important case, any linearly indepen¬ 
dent set of modes may be used for describing the behavior of the 
multiconductor transmission line. 


In the general case, however, the eigenvalues of the propagation 
matrix will be different. This occurs when the transmission-line 
cross section consists of a number, of dielectrics with different 
parameters. When this is the case, the eigenvectors of (Y^) (Z^) 
corresponding to a particular eigenvalue y 2 are uniquely determined 
(except for a scale factor) and are subsequently used to define the 
transformation matrix (T nm ). 

1.3.2.2.3 Load Voltage and Current Responses 

The voltage and current modes derived in the last section can 
be used to calculate the currents on a driven multiconductor trans¬ 
mission line. Consider the case of an (N + l)-wire transmission line, 

as illustrated in Fig. 12. At a position z there are two vector 
(s) (s) s 

sources (\r ) and (1^ '), each consisting of N generators. For this 

line, there are N independent modes which propagate and contribute 
to the total current on the line. At each end of the transmission 


line there is a matrix load impedance (Z T ) terminating the 

nnm 


the value of the impedance between the N wires and the reference 
conductor, and the off-diagonal terms Z^ correspond fo the 
impedance elements between the ith and jtll conductor. 
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On a section of multiconducr.or line with no sources the total 
current and voltage can be viewed as a combination of positive and 
negative traveling modes which must satisfy (140),the solution of 
wbich is given by 


-<Y__)z (y n )z 

<i n ) - e ^ (V + e 1111 (B n ) 


-(y_„)z (y„.Jz 

(v n ) - e 1111 (C ) + e nn (D ) 


( 142 ) 


where (A^), (B n ), (C Q ) and (D n ) are N-vectors which must be determined 
from the load and excitation conditions. 



tig. 12. A single length multiconductor transmission 
line with loads and lumped sources. 
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With the aid of (139), the total line currents and voltages on 
the source-free section of the line can be expressed as 


<v 

<v 


(T 




)z (y. 

<v+ 


)z 

<v 


T" 1 " (Y nn )z 

m > e (c ) ' 


T -1 ^U Z ,. 


(D ) 


(K 


By writing an equation in the form of (143) for each source-free 
section of the multiconductor line, and then using the impedance and 
source boundary conditions, as done in the case of the two-conductor 
line, the following matrix equation can be developed for the currents 
flowing at the matrix load impedances 




‘( I n C °))' 


'<< 6 nm> + < r iJ> 

(0 nm ) 

-<In(*»- 


-<°nm> 

« S m. ) + (r 2 »■ 


<- r i > 

(T nm )e 

nm 


(V^H -1 


•<V <v 

(-r ' 

t * 2 - 


where the terms (^ n ) q * q“l,2 represent the source terms on the multi- 
conductor line and are referred to as the combined current sources. 
These terms are given by 


«»>1 - I ‘' r n, )elY “' ( « c + 

nm ^ 

«„>2 • 2 (T M . ,f!<T< ' n>(1 " V(I »m ) ' 1 («c fV^) - (!<»)) 


Notice that the matrix equation in (144) has matrices as its elements. 
Thus it is referred to as a supermatrix equation. 














The terns (T. ) and (T, ) are the generalized voltage reflection 

J-iun ^tun 

coefficients defined as 

( r i ) - WO, + (Z c )] 1 [(Z^) - (2 )1 (146) 

Tim ^ run am J am °nm J 

for the impedance load at z-0, and similarly for (T ) at z - i with 
(2) ^nm 

(Z ') as the load impedance. In this equation, the term (Z ) 

“nm c nm 

represents the characteristic impedance matrix of the multiconductor 

line and is given by the relation 


(147) 


The treatment of distributed excitation, as opposed to the 
discrete excitation described above, can be regarded as a simple 
extension of the above formulae, by integrating over the (\M' ) 

and (I^ 3 ^) source distributions. For this case, the terms (*? n )^ 
and (t? n ) 2 in (145) take the form 


'n>l “ I | Ynn '(V 1 K ) -1 <Vi <8) (0) + dA (S) (0)dC 


(148) 


»u> 2-T f (< Z c )' l (v; (s )(«)-(i; ( ‘>(E))d E 


which follows directly from superposition. Notice that now the 
voltage and current sources are per-unit-length quantities, and hence 
are denoted by a prime. 

Once the transmission-line currents at the loads have been 
determined from (144) the line voltages at the loads can be. determined 
as 
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(V n (0)) 


- - (^xyo)) 
<v n a)) - <z^)(i n W) 


( 149 ) 


Note that here, only the terminal responaes of the nulticonductor 
line have been discussed. The general line response for a multiconductor 
line can be evaluated using the same technique as for the two-wire line, 
but the results are generally not too useful for EMP applications. 


It should be noted In passing that it la possible to develop an 
alternate formulation for the response of a multiconductor line, 
Involving voltage reflection coefficients, the voltage elgenmodes 
and propagation constants, and the combined voltage sources. There 
is no reason for preferring one formulation to another, since each 
requires an equal amount of work, for computations. 

1.3.2.3 Analysis of Transmission Line Networks 

The previous sections have discussed the solution for voltage 
and current of a single section of two-wire transmission line, and 
on a general multiconductor transmission line. In actual situations 
a single section of transmission line may not accurately model the 
physical configuration of conductors. Many cascaded transmission-line 
sections, branching transmission lines, or lines forming closed loops 
may be required for an accurate model of an electrical system. 

As will be shown in this section, a general Interconnected 
transmission-line network can be described by an equation similar to 
that of (144). By using the electrical properties of the individual 
transmission-line sections which comprise the transmission-line network 
(here referred to as transmission tubes), as well as details of the 
interconnection of the transmission lines at the junctions, it is 
possible to solve for the various load currents or voltages in a 
direct fashion, as discussed in [35- 37]. 


Consider a multiconductor transmission-line network, with four 
interconnected uniform transmission lines and a common reference 
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conductor, u illustrated in Fig. 13a. It is desired to compute the 
voltage or current response at various junctions within the network. 
To facilitate the analysis, it is convenient to repreeent the network 
by a linear graph, consisting of junctions and tubes, as shown in 
Fig. 13b. This network can be described mathematically by one or 
more Interconnection matrices [36] which indicate how the tubes and 
junctions are connected. For example, there are tube-tube, junction- 
junction, junction-tube and tube-junction matrices. Furthermore, 
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•Inca the propagation analysis on the multicooductor tubas involves 
forward and backward propagating waves, it is possible to define a 
wave-wave interconnection matrix for which a typical element relates 
a particular incident wave at a junction to all the scattered waves 
at the same junction. 

In Sec. 1.3.2.2.2 the propagation relations for voltage and 
current waves on a multicooductor line have been developed. A slightly 
different (but equivalent) method for determining these propagation 
relations has been developed in [36] and involves the concept of a 
combined voltage quantity, (V n ) q , which is defined as 

<y.-<v + *«c H v <“ 0) 

' am 

The quantity q is +1 or -1, depending on whether the combined voltage 
wave is forward or backward propagating, and (V n ) and (I Q ) are the 
usual tube voltage and current vectors. 

The c o mbined voltage differential equation describing the propa¬ 
gation along the tube comes directly from the Telegrapher's equations 
and has the form 


{- (V > + q(Z' XT’ )(V ) - (v' (s) ) (151) 

ds ii 4 n® no n q n q 

where (V^*^) is a combined voltage source term involving the actual 
distributed voltage and current sources, (Y^*^) end (1^*^), and is 
given by 

(V' (,) ) . (V' (s) ) + q(Z )(l' <8) ) (152) 

n q n c nm n 

Eq.(151) can be solved using the same diagonalization procedure 
used for (136) with the result that 
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T t -1 

' <V * < T n»> 


f* t "<l(Y nn K J T -1 

■J o <V “ <v 

[(v^ (,) (U) + ,« c )(i^ (,> «))]« 


( 153 ) 


H«r« the nodal matrix (T ^ ) and the diagonal eigenvalue matrix (y ) 
are defined In (137) or (138). ' W 

Note that (153) relates the combined voltage at z to the same 
quantity at z ■ 0 and to the distributed sources along the line. It 
Is, essentially, a relation for forward and backward propagating 
voltage waves on the line. The total voltages on the line can than 
be determined as 

<v-£[<v + + <v-] «*> 

and the line current Is 

(I a> ■ V'J' 1 I fo>+ - <V-] <155) 

To apply (153) to the problem of analyzing a transmission-line 
network, it la possible to obtain two independent relations for the 
waves propagating away from the ends of the tubes In terms of the waves 
Incident on the tube ends. For a single tube of length l, this takes 
the fora 


'<y°» + ' 


'W 


■<v n U» + ' 


w 


• 




+ 




-( p ,„)<V- 




.CvW,.. 


where the matrix (P^) is given by 
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XJLj - (T ) e 


(8), 


. (y nn )i 


(O 


(157) 


< ¥ » (s vf 


(Tve 


(Y„J(A-0 


,'Q „ 


(T m )T 1 * [ T o (,) Ce.*> + « c 


J n 


(158) 


(T J 


<Y nn )C T -1 


(T n. )T «[*; < * ) <e..)-< Zc )i; (,) a..)]« 


Eq.(156), which is a matrix equation whose elements are themselves 
matrices, is called a supermatrix equation and can be written In a more 
compact form as 


<°h 


(159) 


where the subscripts v«l,2 and u-1,2, and the propagation supermatrix 
((P Qm ) uv ) denotes the sparse supermatrix containing the F terms in (156); 
For v - 1 the term (V Q ) represents the n-vector combined voltage reflected 
from the tube at x«0. Similarly, the v*2 term represents combined 
voltage reflected at z - 1. 

For a transmission-line network consisting of tubes, there will 
be N T equations like (156) describing the line currents. These may 
be expressed in supermatrix form as in (159) with u,v«l,2, . . . 2N^. 

In constructing this supermatrix equation, it should be noted that 
the wave-wave interconnection matrix describes the ordering of the 
individual block matrices, (P^), within the supermatrix. 

In addition to (159), it is necessary to develop a relationship 
between incident and reflected combined voltage waves at the network 





junctions to be able to solve for the network response. For s junction 
containing k tubes* the relationship between the collected and scattered 
components can be expressed as 

<CV n > v > - « S nm>uv )5(( Vu> (160) 

where the supervectors ((V n ) u ) and ((V Q ) v ) consist of k vector components 
and the supermatrix ((Sj^) is a k x k block supermatrix. The elements 
of ((S^,)^) depend upon the details of the interconnection between 
the various tubes at the junctions, the characteristic impedance of 
the tubes, as well as any impedance discontinuities (or loading) which 
may be present at the junction. This is discussed in more detail in [35]. 

The indices u and v here are not simply equal to 1,2, . . . k , but 
depend on the values of u and v assigned to the k tubes connected to,the 
junction under consideration, as described by the junction-wave inter¬ 
connection matrix. Eq.(160) is also valid for the entire network by 
letting u and v run over all possible values found in the network, i.e., 
u,v - 1,2, . . . 2N r 

After reordering the elements in the scattering equation (160), so as 
to correspond to the wave-wave interconnection matrix, it is possible to 
develop a single equation for all components of the combined incident 
voltages at the junctions of the network by equating ((V Q ) v ) in (159) and 
(160). We then obtain 

«y„> ■ [«Vu„> - «*„>«,> ] ' 1 <«„ <s> >.> < l61 > 


The total voltage at the ends of each tube in the network is then 
expressed via (154) and (160) as 

«V k > ■ 5 [«V»> + «Vv>]- T [« 5 m >uv> + ! 

[«Wuv> <16: 
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where It-1,2, . . . 2N T and is the total number of tubes within the 
transmission-line network. 

The expression in (162) is one form of the BLT equation, which has « 
been named after the authors of [36]. Other variations of this formula 
may be written for the total current. The above BLT equation describee 
the voltage response at an arbitrary complex frequency s for the entire 
network. Transient results for the network can be obtained using 
Laplace or SEM methods. 

1.3.2.4 Determination of Line Parameters 

1.3.2.4.1 Line Capacitance, Conductance and Inductance 

We have already seen that (C^) can be determined by solving a 
two-dimensional electrostatic problem. It can be shown that (L^) and 

(G' ) are simply related to (C* ). The field coupling coefficients (L^ 1- ^) 
nm /m nm m 

and (C^ ) can also be solved as electrostatic problems when the incident 

field is essentially uniform throughout the line cross section. 

It is worthwhile, therefore, to devote some brief consideration to 
the solution of the two-dimensional electrostatic problem. For more 
detail one may consult 131- 34, 38 - 48]. 

Three general methods of solution are available: mathematical, 
experimental and numerical. Mathematical methods depend on solving (122), 
or the inverse equation 


N 



n - 1.N 


where the S' , called elastance coefficients, are defined by 


s ik * V«i 


n t k-l.K 

Q^- 0 for m + k 


In matrix notation, 

<V - 


(163) 


(164) 


125 










whence 


«i> - < V 1( V 
«y«»> - - (y 


(165) 


So«e results of analysis are given in Chap. 2.4. 

Capacitance may be measured directly by standard methods, or, if 
more convenient, a scaled model of the actual configuration may be used. 
Analog measurements using an electrolytic tank or a conductive sheet 
(Teledeltos paper) may be employed [43]. 


Numerical methods use high-speed digital computers to solve large 
sets of simultaneous linear equations derived by writing the Laplace 
differential equation as a finite difference equation, or to approximate 
the integral of Poisson's equation 


V 



as a finite sum [43-48], Space limitation precludes discussion of this 
interesting subject in detail. 

The conductance coefficients are readily determined from the 
capacitance coefficients. The relation is 


(G m> " 7 < 166 > 

In fact, (166) is the basis for determination of capacitance by the 
electrolytic tank and conductive sheet methods [38,43]. 

The inductance matrix (L^) may also be computed from the capaci¬ 
tance matrix and the constitutive parameters. It may be shown that 
the matrices (L^) and (C^) obey the relationship 

«£.>«£.> - m «<*»> a«> 

for lines in homogeneous isotropic media. 
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For media varying in the cross-sectional dimensions of the line 
coefficients are frequently computed as though the system were electro¬ 
static, while the inductance coefficients are determined as though 
the medium permittivity were uniform. 

1.3.2.4.2 Effects of Conductor Losses. Discontinuities and Inhomogeneties 

In some cases, the conductors comprising the transmission line 
cannot be considered to be perfectly conducting but are good conductors, 
defined by the inequality 

*• ” 1 (l6e) 

A plane wave traveling over the surface of a semi-infinite plane 
conductor induces surface current J (A/m) in the conductor. The loss 
in a surface one meter wide and one meter long in the direction of 
propagation is 

W £ - J 2 R q watts/m 2 (169) 

where R q is the effective resistance in ohms per square of a section 
of the conductor one meter wide and one meter long. If 6 is the skin 
depth, then 

R q - l/(oS) - ✓SfiTST (170) 

For conductors with curvilinear cross sections, but with radii of cur¬ 
vature much greater than the skin depth, (170) is a good approximation 
for the peripheral unit resistance, and is commonly used. Thus, the 
resistance (ft/m) of a solid round conductor of radius a is 

a/ " (171 > 

If f is in MHz, a in mm, and o * 5.8 xl0 7 u/m for copper conductors, 

then 

R' « 0.0415/f/a ft/m (172) 

a 
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Eq.(171) assumes that current is distributed uniformly around the 
c on du c tor cross section. For a two-conductor line with conductor radii 
equal to a, the line resistance, assuming uniform current distribution, 
is 2R\ i.e.. 


(173) 


However, when the conductors are in close proximity, the current 
distribution is disturbed. In that case, we can derive the conductor 
resistance through the solution of an electrostatic problem. For instance, 
for a round conductor of radius a and a circumferential linear current 
density J, the conductor power loss per meter of line is 


The conductor resistance R* is then given by 


(174) 


where 


W' aR f 2i 

»' - “I - -7§ J 

I Q* j o 


(175) 


and p is the conductor surface charge density along the circumference 
of the wire, determined as the solution of an electrostatic problem. For 
instance, the correct value for the two-conductor line resistance previously 
given by (173) is 


where D is the separation of the lines. 

Thus, given a system of conductors with an assigned set of conductor 
potentials, the various charge distributions and therefore the effec- 
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tive resistances can be found. It must be emphasized that every different 
set of potentials results in a (generally) different set of charge 
distributions, therefore different values of line attenuation. The 
only exception is the two-conductor (N«• 1) line. 

Line discontinuities may occur for a variety of reasons: (a) line 
terminations themselves constitute discontinuities; (b) the line may 
pass near one or more objects that constitute geometric disturbances 
in the uniformity of the line cross section; (c) cables may contain 
occasional holes or slots that disturb cross-section uniformity. All 
such disturbances give rise to higher-order modes of propagation which, 
because of the line's small electrical cross section, attenuate rapidly 
in the vicinity of the discontinuity. Their effect can be accounted 
for by a simple lumped-constant network at the point of discontinuity. 

A number of examples of such equivalent circuits is given in [49,50]. 

When a multiconductor line is embedded in an inhomogeneous 
dielectric, as occurs frequently, for instance, in a multiwire cable, 
propagation is no longer in a pure TEM or single mode. Strictly 
speaking, the U3e of static values of capacitance, inductance and 
conductance is erroneous; however, when the line cross section is 
small compared to a wavelength, the errors are not expected to be 
serious. Evaluation of such errors is generally very complicated. 

Some eletw.. ’-ry cases have been analyzed to obtain information regarding 
the error order of magnitude to be expected [38]. 

1.3.2.4.3 Experimental Determination of Line Parameters 

In many practical situations, it may be difficult to compute 
the transmission-line parameters from a knowledge of the geometrical 
properties of the line. An alternate approach is to measure voltages 
and/or currents on the line with various load configurations, and then to 
evaluate the line parameters. A description of various techniques for 
single and multiwire transmission lines is given in [51]. 

One approach to the problem of determining the parameters of a 
two-wire line, assumed to be lossless, is to perform transient measure¬ 
ments at one end of the transmission line witl. a time-domain reflectometer 


129 



(TDR). The TDR launches a very sharp voltage step into the line and 
then measures the total (reflected plus incident) voltage at the line’s 
input as a function of time. The TDR records the instantaneous voltage 
reflection coefficient T v given by 


r 


v 


(177) 


where Z is the characteristic line impedance seen by the 
is the internal impedance of the TDR. Uith a measurement 
the TDR the impedance of the two-wire line being measured 


TDR and Z„ 

E 

of T v from 
is given by 



(178) 


For most TDR's the generator impedance Z^ is 50 ft. 

In addition to measuring the impedance level on the transmission 
line, the TDR can be used to determine the imaginary part of the 
propagation constant y on the line. This is done by noting the time 
interval At between reflections at the near and far ends of the cable. 
For a line of length l, this time is given by 


At 


24 


(179) 


where v is the speed of propagation on the line. The imaginary part 
of the propagation constant can then be expressed as 

0 - Im(y) " ^ « '27 (180) 


where ui is the angular frequency. 

The imaginary part of the series impedance per unit length of 
the line is 


mil Vdwrife' 
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(181) 


Xa(Z'(s)) ■ Im(y)Z “ u 


U “c 


which, together with (178), gives a series Inductance per unit length 


21 “g\ 

. shunt capacitance per unit length 



(182) 


(183) 


For multiconductor lines, the TDK measurements are somewhat more 
complicated due to the fact that multiple propagation constants can 
exist on the line. In this case an alternate set of measurements In 
the frequency domain can be used to determine the parameters of a loss¬ 
less multiconductor line [51]. This approach involves measuring the 

input impedance matrix (Z sc ) of the line at one end with the other end 
nni 

snorted and the dual quantity, the input admittance matrix (Y°^), with 
the other end in an open circuit configuration. If the line is assumed 
lossless and the transmission line is electrically short, i.e., rnl/c « 1, 
these open and short circuit measurements lead directly to the per-unit- 
length line parameters as 


“ (Z inJ/> £ 


(184) 


where l is the line length and the general complex frequency s has been 
replaced by jw. 

1.3.2.5 External Coupling Parameters 

Transmission lines and cables are excited by external fields in a 
variety of ways. Perhaps, the prototypical example is that of an Isolated 







two-conductor line subject to a plane va\a at arbitrary incidence. Other 
situations include (a) distributed excitation of systems of one or more 
wires close to a metal surface or to conducting earth; (b) distributed 
excitation of the interiors of cables through penetration of solid or 
braided shields; (c) localized excitation of the interiors of cables 
through leaks at connectors; (d) "point" excitation of conduit interiors 
through leaks at conduit joints. 

It is convenient to separate the incident electric and magnetic 
field into components parallel to the line axis and those transverse 
to the axis. Components transverse to the axis appear ordinarily to 
be most important in exciting the line, and will first be discussed 
below. By Faraday's induction law, variation in the axial component 
of electric intensity across the line is equivalent to the transverse 
magnetic field linking it. 

1.3.2.5.1 Incident Field Components Transverse to a Two-Conductor Line 

Because of the small transverse dimensions of the line it is 
possible to solve for the transverse coupling parameters, or to measure 
them experimentally, by treating them as electrostatic quantities, 
i.e., capacitances or combinations of capacitances. This situation 
can be appreciated intuitively by imagining the excitation fields to 
be the result of a wave on a parallel-plate transmission line enclosing 
the given line (Fig. 14). The parallel plates are sufficiently sepa- 


H-line*- 

E-line*- 



Fig. 14. Parallel-plate line enclosing two-wire line. 











rated from the line, so that the reaction of currents and charges on 
the line does not affect the values of current and charge on the 
plates. Thus, the E-field coupling problem is reduced essentially 
to that of capacitance coupling between the two-conductor line and 
the plate line. The H-field coupling is one of inductive coupling, 
which is directly related to an electrostatic problem. Some problems 
using this concept are solved in [38]. 

An-elegant theoretical approach starting with fundamental concepts 
is used in [31]. For a line of two conductors with arbitrary cross 
sections in a uniform field, the incident-field forcing functions of 
(117) are given by the first terms on the right side of (119). For a plane 
wave incident on an isolated two-conductor line, a simple relation 
exists between v'^ and i'* 8 ^ 0 f (117) if the Poynting vector of the 
incident wave makes an angle 0 with the line axis, and the E-vector 
is parallel to the plane containing the conductors' axes. Then 



where H q , E q are the magnetic and electric field incident on the line 
at z m 0, Z q ie the free-space impedance, and Z^ is the line characteristic 
impedance. 

For a single conductor over a lossless ground plane, the above 
equations can also be used for determining the line excitation. Because 
of reflection from the ground, the effective values of H Q and E q cos 9 
are doubled in (185), while 

h - D [l - (a/Dg) 2 ] 1 * (186) 

where a is the conductor radius and is the height of the conductor 
center above the ground plane. The value of Z also changes accordingly. 







1.3.2.5.2 Transverse Field Coupling to a Coaxial Cable Near a Perfectly 

Conducting Ground 

One important transmission-line configuration often used for EMP 
analysis is a coaxial cable whose inner conductor is excited by an 
incident EMP. The EMP field is incident on the cable exterior* with 
coupling parameters computed as though it were a solid conductor. The 
induced current on the cable exterior gives rise to a series distributed 
voltage in the interior of the cable given by [52,53] 

V' <s) - Z^I t (187) 

where X t is the total current flowing on the cable, and is the transfer 
impedance which will be discussed in Chap. 2.4. 

The geometry of a braided shield, however, is such as to preclude 
any possibility of a tractable mathematical model that resembles closely 
an actual shield. A number of ingenious approximate models have been 
suggested and analyzed [54-60] and, in at least one case, compared with 
measured data [54]. In spite of the fact that some of the experimental 
data had been based on partly erroneous concepts concerning the coupling 
mechanism [61] the calculated and measured values agreed within a factor 
of about 3 to 1. A developed section of a braided shield is shown in 
Fig. 15. As a result of the incomplete coverage of the criss-crossed 
wire braids, small diamond-shaped apertures occur through which both 
electric and magnetic fields can penetrate, the penetrability increasing 
with frequency. In addition, magnetic field diffuses through the solid 
portion of the shield, diminishing with increasing frequency. The deter¬ 
mination of the distributed sources (V^ 3 ^) and (I^ 8 ^) can be found in 
Chap. 2.4. 

1.3.2.5.3 Axial Field Coupling to Transmission Lines 

For conductors with electrically small cross sections, an incident 
axial magnetic field component is of no practical importance. An axial 
electric field component, on the other hand, affects TEM transmission in 
two ways. First,the variation of this field component across the line 
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due primarily to space phase shift can be accounted for by the transverse 
magnetic field component, which has already been considered. Second, the 
average value of the axial electric intensity induces antenna-mode currents 
X c and charges on the conductors, as defined in (118). For more details 
the reader is referred to [31]. 

1.3.2.5.4 Field Coupling to a Multiconductor Line 

The determination of the field excited sources (V^ 8 ^) and (I^ 8 ^) 
has been discussed recently in [62], For a general coaxial multiconductor 
line these sources take the form 

(V^ (s) (z)) - (z))I t (z) + l <Z T (z)) ffl (H*(z)) 

n m=l n 

(188) 

(i; ( 8 ) (z)) - (R- (z))Q’(z) + l (SI (z)) V(z)) 
n m ra l n 

In this relation I t and Q^. represent the total current and charge per 
unit length on the outer sheath of a coaxial multiconductor line. The 
other terms, which are summed over m (the three orthogonal vector 



Fig. 15. Braid pattern developed on a plane. 
















/ 

direction*, with *■ 3 corresponding to the direction of propagation on 
the line), relate the sources to the appropriate components of the inci¬ 
dent and J 1 fields through the transfer impedance vectors (Z^ (z)) a 
and the charge transfer functions (z)) m - u 

The determination of the source terms for an open multiconductor 
transmission line has also been discussed in [38,63] for the special 
case of round conductors with radii small compared to their separation. 
Under this assumption of no interactions among the small conductors these 
source terms take the form 


<i; <8) <*» - - .cc^) (f" ej «,*>«) 


where d represents the distance from the reference conductor to the nth 
n i 

conductor, is the perpendicular component of the incident magnetic 
field passing through the area between the reference and the nth conduc¬ 
tor, end E* is the transverse component of the incident electric field 
between the conductors. For lines with cross sections small compared 
with e wavelength, such that and E* do not vary appreciably over 
the croaa section, these terms can be approximated as 


(v; (8) <*)) - (•w 0 vl a (*» 

(i a (8) (*» - - •<c^)<vi u < * )) 


(190) 


For a more general multiconductor cable whose wire radii may be 
comparable to the wire separation, (190) is not valid due to the non- 
uniform distribution of charges end currents around the wires. The 
above source terms for thick wire conductors as well as the antenna-mode 
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excitation for a multiconductor transmission line have not been investi¬ 
gated in detail, and remain an area open for future research. 

An alternate approach to determining the external coupling vectors 
for a multiconductor cable is to measure them experimentally. This 
approach will require a generalization of the accepted technique of 
exciting the cable through an auxiliary coaxial cylinder surrounding 
it [64-66]. However, care must be taken that the results are inter¬ 
preted properly [61]. 

1.3.3 CIRCUIT APPROACH 

The circuit approach is essentially a low-frequency method useful 
for wavelengths much greater than the overall dimensions of the system 
under consideration. When this assumption holds, the electrical response 
of the system can be described by the conventional circuit theory. This 
theory is expressed in two laws, the Kirchhoff current and voltage laws. 
These two laws take extremely simple mathematical form, namely, the form 
of algebraic and ordinary differential equations. For this reason the 
circuit approach quickly leads to simple and physically interpretable 
results. Besides the analytical ease of this approach, the circuit 
concept is a powerful tool for qualitative thinking, often shedding 
valuable light on the many electromagnetic Interactions taking place 
within a complex system. But two important points must be borne in 
mind in applying the circuit concept to EMP interaction problems. The 
circuit approach is an approximation to the transmission-line approach 
(Sec. 1.3.2) which, in turn, is an approximation to the integral-equation 
approach (Sec. 1.3.1). Another point is that the circuit approach is 
incomplete in the sense that it gives no information on the value of 
the lumped circuit elements (the resistance, inductance, and capacitance) 
of the object under consideration. These elements must be deduced from 
either field theory or experimental measurements. 

In this section we will first discuss the relationship of Kirchhoff's 
circuit theory to Maxwell's field theory starting from Maxwell's equations 
in integral form. This relationship is then re-examined from the customary 
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viewpoint of the electrical engineer through the use of vector and 
scalar potentials. Ue then proceed to derive the circuit properties 
of an object in Infinite space with the aid of the complex Poynting 
theorem expressed in terms of current and charge densities on the 
external surface of the object. With this theorem the positive real 
(p.r.) characteristics of the driving-point impedance or admittance 
can be proved, the resonance condition can be established, and the 
damping of each resonant (natural) mode by radiation can be calculated. 
This theorem also leads, at the low-frequency limit, to the concept of 
energy functions in terms of which the Kirchhoff voltage law can be 
re-derived by the Lagrangian method. To end this section we will 
briefly discuss the equivalent circuit representations of discontinuities 
in an otherwise uniform transmission line or waveguide, and the circuit 
descriptions of the dynamic behaviors of several different hinds of 
modes, such as the waveguide modes, the cavity modes, the leaky modes, 
and .the natural modes. 

1.3.3.1 Circuit Theory via Maxwell's Equations in Integral Form 

A close relationship between circuit theory and field theory can 
be found in Maxwell's equations written in integral form [67 - 69] 


1 

[ J. 

(191) 

c 

J s 


1 

c s 

3-d$ + i 

(192) 


where the surface S spans the contour C (Fig. 16), 1 is the total 
conduction current crossing the surface S, and the circle through the 
integral sign is used to denote that the contour is a closed curve. 

Mote that in (191) and (192) all spatial coordinates are integrated 
out, aB is the case with Kirchhoff's laws in circuit theory. 

To illustrate how (191) can be applied to EMP interaction problems 
we consider a conducting loop immersed in a slowly time-varying magnetic 
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field ^(t) and calculate the induced current I in the loop (Fig. 17a). 
Let us taka the contour C anywhere inside the loop. Then, using Ohm's 
law - ol, one gets front the left-hand, aide of (191) ? , 

| i‘dt - RI (193 

X 

where E ia the loop's resistance and is given by 



(194 


if 3 v is uniformly distributed over the cross-section A of the wire. The 
direction of the induced current 1 is dictated by Lena's rule, which 
states that the direction of the induced current in the loop is such 
that it tends to oppose the change of flux linking the loop [67,70]. 

To evaluate the right-hand side of (191) we write £ as the sum of 
the incident and scattered magnetic fields, and obtain 




Fig. 16. A surface S spanning the closed curve C. 








where * and # are, respectively, the total flux of the incident and 
scattered field I 1 and 3® linking the loop, and * i is equal to fc 1 tines 
the affective area A gf of the loop, namely [71] 



Since $ 8 is proportional to the induc ed current 1 we write 

* s (t)-LI(t) (19; 


where the proportionality constant L is the so-called self-inductance of 
the loop. Substitution of (193), (195) and (197) in (191) gives 



Fig. 17. (a) A conducting loop in a time-varying magnetic field, 

(b) Equivalent circuit of (a)„ 













which expresses Che Kirchhoff voltage law for a RL network that the 
total voltage drop around a closed loop is zero. The circuit represen¬ 
tation of (198) is shown in Fig. 17b. 


Ue now turn to (192) and see how it can be applied to calculate the 
induced voltage on a hatch in a large ground plane exposed to a slowly 
tine-varying electric field (see Fig. 18a). Ue first split the contour 
C into C + +C_ and the surface S into S + +S_, where the subscripts ± refei 
to the upper and lower surfaces of the geometry of the problem, as shown 












where V is the induced voltage on the hatch with respect to the ground 
plane and G is the conductance of the hatch given approximately by 

G - £ | o da, (200) 

where w and A are the average width and thickness of the gasket and a is 
the gasket's conductivity. 

The right-hand side of (192) can be evaluated in the same manner 
as (195). Thus, 




- I 


sc 


ia 

dt 


( 201 ) 


where Q is the total charge on the hatch due to the scattered field $ 8 
alone and I gc is equal to the equivalent area A g ^ of the hatch multiplied 
by the short-circuit displacement current D gc , namely [71] 


( 202 ) 


The charge Q is of course related to the induced voltage V through 


Q(t) - C V(t) 


(203) 


and the constant C is just the capacitance of the hatch with respect to the 
ground plane. After substituting (199), (201) and (203) into (192) we obtain 









which is the Kirchhoff current law stating that the total current flowing 
inti )r leaving a node is zero. The circuit representation of (204) is 
shown in Fig. 18c. 


In circuit theory Fig. 18c is said to be the dual of Fig. l?b, and 
vice versa [72]. In field theory the duality is a direct consequence 
of certain symmetries in Maxwell's equations [73], manifesting itself 
in the principle of Babinet for a plane screen [74]. If the resistive 
loop of Fig. 17a is the exact complement of the impedance-loaded slot 
of Fig. 18a, the Babinet principle says that there exist definite 
relations bef-'^en the quantities L, R, I, V qc , of Fig. 17b and 
the quantities C, G, V, I gc> A eq of Fig. 18c. The- relations are 
summarized in table 1 [75]. 


TABLE 1. RELATIONSHIP BETWEEN DUAL QUANTITIES 



In the preceding section we saw how an equivalent circuit can be 
constructed by integrating out all the spacial variables of Maxwell's 
equations. There is another method which leads to the Kirchhoff circuit 


























If one makes the assumption that the ^-dependence of a function can be 
separated out from its dependence on the transverse coordinates (n,C)> 
i.e., if one writes 


A® -fCn.OA^O 
* 8 - f(u,C)4*tt) 


(208) 


then one gets, by substituting (207) and (208) into (206), 


JwA. 


^ + Zjl « 


(209) 


with the internal impe dan ce Z ^ per unit length and the weighted incident 
field E 1 given by 

1/Z[(w,0 - £ (c +ju>e)f(n»t)dn dc 

(2io: 

4 j‘ (a +ju>e)E*dn dt 

E 1 m — s 

5 J s (a +jaie)f(n,C)<in d; 


When the cross-sectional dimensions of the conductor are electrically 
small, (210) can be replaced by 


(2u; 


where S is the cross-sectional area of the conductor. 

To obtain the Kirchhoff voltage lav we integrate (209) around the 
loop (Fig. 19), and get 


■ <i!d E 


J«i { dfdE + { dE + Z ± I 


(212 









where I Is assumed to have no variation along the l^op, and Z ± is the 
total internal impedance of the loop and, for all ctical applications, 
is equal to R given by (194). The first term on the .left-hand side of 
(212) can be Identified with the voltage drop across an inductor and the 
second term represents the voltage drop across a capacitor or the voltage 
Jump acrocs n voltage generator. Any voltage generator can be combined 
with the right-hand side of (212) to form the total electromotive force 
6. Thus, (212) is in fact the Kirchhoff voltage law 

(l* 4, + + 2 i) 1 ■ e <213) 

The circuit appropriate to (213) is shown in Fig. 19b. 

One may also apply the above procedure to obtain an equivalent 
circuit for the complementary geometry of Fig. 18a, but the details 
are omitted here. 

1.3.3.3 Circuit Properties of an Object in Free Space 

The lumped circuit elements L and C are intimately associated with 
the total stored magnetic and electric energies, while the other lumped 
element R is a measure of the heat dissipated either through ohmic losses 
or by way of radiation. This interpretation of the lumped elements works 
well for a finite region of space such as the space confined by a cavity, 
but it meets with serious difficulty for an unbounded region, as in the 
case of an antenna radiating into an infinite space. The difficulty lies 
in the fact that the total electric and magnetic energies of a radiated 
field are infinite in an unbounded region because the field decays only 
as the inverse distance at infinity from the antenna or scatterer. One 
way out of this difficulty is to define the magnetic energy as arising 
from the interactions among the surface currents and the electric energy 
from the Interactions among the surface charges. This definition avoids 
the consideration of field energy density distributed throughout the 
infinite space, and leads to the usual definition of magnetostatic and 
electrostatic energies. In the following we will first discuss this 
point with the aid of the complex Poynting theorem. With this theorem 
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we will establish that the total interaction energy is a positive-real 
function of which the driving-point impedance or admittance of an antenna 
is a special case. 

1.3.3.3.1 Complex Povnting's Theorem 

The complex Poynting theorem provides an esaentlil link between 
the field theory and circuit theory. It has been often used by the 
field theorist to derive equivalent circuits for resonators, waveguides, 
and other microwave devices [78,79]. 

Let us start with the E-field equation for a perfect conductor in 
an incident field viz.,* 

tx^-jwytxf jGdS’ +-fxvj pGdS 1 (214) 

n a L £ n 4 


where J and p are the surface current and charge densities, G is the 

free-space Green's function, andt Is the outward unit vector normal to ; 

® | 

the surface S of the conductor. Scalarly multiplying (214) by H , 
the complex conjugate of the magnetic intensity H and integrating over 
S, we obtain 


\\ E^dS - ^ f 3*(?)*5Cr')G(r,r’)dS , dS 

J s J s s 


(215) 


2e 


( J p*(r)p(r')G(r,r , )dS'dS 
J s j s 


where the factor 1/2 h. 3 been inserted, so that the left-hand side of 
(215) can be interpreted as a time-average quantity. Separating out 
the real and imaginary parts of the right-hand side of (215) we get 


*We leave it to the interested reader to generalize expressions (214) 
through (223) to the complex s-plan., 
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( 216 ) 


| f E 1 •3* dS - j 2u(W J -W p ) + P 
S 

with tho total time-average energies, Wj and W p , and the total time-average 
radiated or acattered power P given by 


V!jf^< ? >-* ?, > a rar dS ' dS ««> 

»p - & [f d S'dS (218) 

5- •!<?') - j- p*(r)p(r')] dS'dS (219) 


where R - |r-r* |. Eq.(216) has the following physical meaning: the 

time-average power that the incident field E* spends in creating 5 and 
p on the surface of a perfect conductor is equal to J2u> times the 
difference of the time-average energy associated with the surface 
current J and the time-average energy associated with the surface 
charge p plus the total time-average power scattered by the conductor. 
Note that Wj, W p and P are all well-defined quantities and that for 
low frequencies 2Wj and 2W p reduce respectively to the magnetostatic 
and electrostatic energies; that is, for u -*■ 0 


2w ff dS 'ds 

J 8,rJJ |*-?'| 

2w -*■—([ ds'ds 

P 8re jj j* _ p j 

Before proceeding to the applications of (216) it should be 
mentioned that (216) is equivalent to the complex Poyatiag theorem 
expressed in the familiar form 


( 220 ) 


( 221 ) 
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2**3*dS - 4p ^ (2 s *2®* - t**S®*)dV + | (t*xS**).t ll dS (222) 

where the superscript s is used to denote scattered field* and V m is the 
volume bounded by the surface S of the conductor and the surface S a at 
Infinity. It is important to note that unlike Vj and W p the total tima- 
average magnetic and electric energies of the scattered field* and 
W^, given by 

* , (223) 

i? - i f ?-P‘dv 

are infinite as V,» becomes infinite. At the static limit, however, 
and respectively tend to Wj and W p given by (220) and (221) 

1.3.3.3.2 Natural Frequencies 

As a first application of (215) we will show how it directly leads to 
a stationary expression for calculating the natural frequencies of a 
finite-sized object in free space. Corresponding to each natural 
frequency there is a RLC network, and hence the circuit properties of 
an object are characterized by its natural frequencies [80]. 

The condition for natural resonance or free oscillation of a body 
is given by (215) in the absence of the incident field li*. Thus, 

ujj J*(r)*J(r')G(r,r , )dS , dS - ^ jj p*(r)p(r’)G(r,r J )dS , dS (224) 
Making use of the continuity equation 

(225) 

one obtains from (224) 
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( 226 ) 


2 Sf J*(r)* [w'-GCr.rMO] • J(r')dS'dS 
ye ff 5*(r)*3(r')G(r,r';k)dS'dS 

The following points should be noted about (226) (see, for example, J81] 
for proofs): 

(a) Let be the functional denoting the right-hand side of 

(226). One can show by the calculus of variations that the 
problem of maximizing or minimizing 3 Is equivalent to solving, 
the E-field equation (214) with ^-O. 

2 

(b) Eq.(226) is a stationary representation for u In the sense 
that a trial function 3 or ?*, which is good to first order. 

2 

will yield an approximate u which is good to second order. 

(c) The functional 3 depends on the parameter It through the Green's 
function G. This parameter should be determined by the process 
of maxim!zing or minimizing 3 after evaluation of integrals for 
a chosen tr^al function. 

For slender structures such as a thin rod or a stick-model aircraft 
the damping due to radiation can be treated as a perturbation. In this 
case (226) can be simplified considerably. Let s Q and be the natural 
frequency and natural current mode of the nth mode, and let 


k n " w n /c 

Then, a simple manipulation of (226) gives 


(227) 


,* . T/ , . v sin k R 

1 j S K& ; 1 (\ *- w ') -Tar- 1 • J . (r ' )d5 ' ds 


°h 2w ye 


cos k R 

JT v r), v r ’> -wr ds ’ ds 


( 228 ) 


where t is the unit dyad, and the resonance angular frequency < 1 ^ is 
calculated approximately from the simple transmission-line theory. 
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The approximate expression (228) for a Q can also be derived from 
the concept of Q, the so-called quality factor.. Since the bandwidth 
of the nth mode is given by 2cc q , and [72] 

id 2w W T 

2 »n * ^ < 22 »> 

n 

one has 

a - —— <230) 

«Jn 

where W Jn and P Q are given by (217) and (219) for k*k n , 3-^, and 
p ■ p n> Substituting the values of P Q and Wj Q in (230) one obtains (228). 

For a thin rod expression (228) gives an o Q value identical to that 
obtained by the Halldn asymptotic antenna theory [82]. This expression 
has been used to calculate the damping constants of the natural modes of 
a stick-model aircraft [83]. 

1.3.3.3.3 Positive Real Functions 

As a second application of (215) we will demonstrate that the 
driving-point impedance or admittance of an antenna is a positive real 
(p.r.) function. As is well known in circuit synthesis, the p.r. property 
of a function is a necessary and sufficient condition to ensure its 
physical realizability, by which it is meant that a p.r. function aan 
be synthesized with passive lumped circuit elements [84]. A function 
is said to be p.r. if in the complex frequency s-plane 

(a) it is real for real values of s, and 

(b) it has a positive real part in the. right half s-plane. 

The requirement (b) can be replaced by the requirement that it be analytic 
in the right half s-plane and have a nonaegative real part on the Jco-axis. 

' Let Z j X|^ denote the left-hand side of (215) with the proportionality 
factor |l| 2 , i.e., 


151 






1 


Z(jw) s 


|ICJ«)1 2 


^(rVjw)*?* (r,Jw)dS 
‘3 


(231) 


Then, with • replacing jw and t(-s), p(-a) replacing 3*(ju>, p*(Ju) 
respectively in (215) we have 


2(e) ~ if^) ~ i(I g ) jsy || J(r,“8)*J<r , t 8)G(r,r’,8)dS , dS 
- ~ || p(r,-a)p(r',s)G(r,r*»e)dS’dS j 


(232) 


It 1 m usy to iu that Z is real when 8 is real, thanks to the symmetry 
of G in t and r*. On the joi-axia the real part of Z ie given by 


Be Z(jw) 


_'EM_ 

(l/2)|Kja>)| 2 


(233) 


where P is the total average scattered or radiated power given by (219) 
and la certainly nonnegative. Furthermore, Z Is analytic In the right 
half e-plane because 3 and p satisfy the causality condition. Thus, Z 
la a p.r. function and Is physically realisable with passive lumped 
elements. 

Tor a transmitting antenna energized by a sliced voltage generator, 
the incident field In (231) takes the form 

E A (r,s> - V(s)«(r-r 0 > (234) 


In this case the expression (232) for Z Is the driving-point Impedance. 
This expression has been used by some investigators as the starting 
point for a variational calculation of the driving-point impedance o£ 
a cylindrical antenna [85,86]. 
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1.3.3.3.4 Energy Function* . a 

When the scattersr la electrically snail, l.a., whan kR « 1, one 
nay expand cos kR and sin kR In powers of kR. One then obtains from 
(217), (218) and (219) 

Hi - iLfl *’*+••- 

", ’ ife \\ «’« - ■£. \\ »‘c?)p(?')<uis'd S+ . 

P - ^ jj ^(r)’3(r*)dS'dS + || p*(r)p(r')R 2 dS'dS + . . . (237) 

where 

| p(r)dS ■ 0 (238) 

has been used for a scatterer with no net charge. 3y using the concinuity 
equation (225) one can show that with denoting the unit vector of $ 
one obtains 

|| p*(r)p(r')R dS'dS-T || R - y^Stf'JdS'dS (239) 

|[ p*(r)p(r')R 2 d8'dS - - -~ || J*(r)‘$(r')dS'dS (240) 

Substitution of (240) Into (237) gives 

J\?).3(f)dS'd S (241) 

If one recalls the definition of the dipole noment p [73] 

| J dS ■ jup 


(235) 

... (236) 
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then the expression (241) can be written as 





which Is the total time-average power radiated by a dipole [87]. 
Substituting (235), (236), (239) and (241) into (216) we gat 


i E 1, J*dS - 2 4w(T - V) + 2F 


041) 


where I, V and F are the so-called time-average energy functions In 
circuit theory [72] and are given by 


+ t B 3 S >3(? ' >dS ’ JS 

J*Cr>-J6')dS'dS 


(244) 

(245) 

(246) 


where Z Q is the free-space impedance. Note that T consists of two 
parts: the part associated with^t can be identified as one-half the 
usual Neumann formula for magnetic energy, while the other part is 
one-half the Weber formula for magnetic energy, which is little known 
nowadays but was a subject, of considerable controversy in the middle 
of last century until Helmholtz showed that the two formulas give the 
same result for closed circuits [88]. The total magnetic energy 
given in (244) is similar to the one derived by Lamb [89]. 

To find the counterpart of (243) in the time domain, one starts 
with the time domain E-field equation, scalarly multiplies with the 
total 2, integrates the resulting equation over the entire surface of 
the scatterer, and obtains 






( 247 ) 


| ^(r^t) *J(r,t)dS - £ || |J(r,t)- |j 3(t - R/c,r')dS'dS 

+ 4^1] | p (t -H/c.r*) §£ p£,e)dS'dS 

For tlaes larger than the transit tine R/c across the scatte rs* one 
•ay expand p(t-R/c) and J(t-R/c) In Taylor's series about t. Hence, 
one obtains from (247) 

| £*(r,t)*J(r,t)dS « ( T + V)+F (248) 

with the Instantaneous Magnetic energy T, electric energy V, and 
scattered power F given by 

T " 167 |f f J(*»t)»ft + y R ]-J(r’,t)dS'dS (249) 

V “ 8^7 || R P(r,t)p(r’,t)dS'dS (250) 

F - - ^ |J [t(r,t). ^ 3(r’,t) + ^(r’.t)- ^ ^Cr,t)j dS'dS (251) 

Note that the integrands in (249) - (251) are symmetric in r and r'. 

Now, if one approximates the integrals of (249) - (251) by some quadra¬ 
ture formulas, one may write these equations in a discrete form 

T -f£ VA l252) 

T ' I VA <233) 
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where L,. and S,. are the elements of the Inductance and elastance 


the cosine of the angle between l(r^) and 1(r^), and q^ is the charge 
on the jth subarea of the scattsrer. 


We are now in a position to go directly to the Lagranglan descrip¬ 


tion of the Kirchhoff voltage law. 
£ be the Lagrangian defined by 


Let q. be the generalized coordinate 


(255 


and F be the Rayleigh dissipation function. Then, the Euler-Lagrange 
equation is [90] 


d__ / 3£ \ 3F 

dt \ / " 39J 3^j ’ 


(256 


where q^ ■ i^ and denotes all electromotive forces such as the 
incident electric field E* or the field due to a voltage generator 


on the surface of the scattered 
the Kirchhoff voltage law 


Use of (252) - (254) in (256) gives 






S jk q h + *jk dt 2 


J-1.2, 


(257 


It should be noted that the dissipation term is proportional to the 
second time derivative of the current rather that! the current Itself 
as in the case of ohmic loss, the dissipation term in (257) is due to 
the radiation loss and is identical to the radiation reaction in the 
non-relativistic equation of motion of a charged particle [77]. 
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CHAPTER 1.4 

FREQUENCY AND TIME DOMAIN METHODS 

The preceding chapter dealt with various approaches to the 
formulation of EMP interaction problems. In this chapter various methods 
based on frequency-domain considerations are discussed for solving EMP 
interaction problems. If the interaction between an object (e.g., an 
aircraft) and the nuclear EMP is viewed in the frequency domain, a 
crucial numerical parameter of this interaction is the ratio of the 
characteristic dimension a of the object to the characteristic wavelength 
X of the incoming EMP. When the ratio a/X is very small, the interaction 
is said to be in the low-frequency region, and an approximate procedure 
for calculating this interaction can be developed by expanding the 
quantities of interest in a power series of the small parameter a/X. 

This case will be treated in Sec. 1.4.1. When the ratio a/X is very 
large, the interaction is said to be in the high-frequency region, and 
the appropriate method of approximation is that of asymptotic expansion 
of the quantities of interest in the large parameter a/X. Sec. 1.4.3 
is devoted to the discussion of this region. In between the low-frequency 
and high-frequency regione lies the intermediate-frequency region for 
which the singularity expansion method offers one of the most efficient 
techniques to calculate the interaction. This method and its applications 
will be elucidated in Sec. 1.4.2. From the low-frequency, intermediate- 
frequency, and high-frequency solucions one can respectively derive by 
Laplace transforms the late-time, intermediate-time, and early-time 
behaviors of the interaction process in the time-domain description. 

1.4.1 LOW-FREQUENCY, LATE-TIME REGION 

When the wavelengths of an incident radiation are considerably 
greater than the relevant dimensions of the scatterer or when the 
external fields change slowly in a time interval comparable to the 
transit time of the scatterer, one then has an "almost static" 
situation. In this section we will discuss the interaction problem 
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under this low-frequency or slow time-variation assumption. We -'ill begin 
with a rigorous formulation of the interaction problem via the riagnetic- 
field integral equation, and from it develop the Rayleigh series for the 
induced current and charge densities. The first two terms of this series 
will be examined critically and their relation to the magnetic and electric 
dipoles discussed. We will then go on to examine small objects on a 
large structure (for example, a blade antenna or a window on an aircraft) 
and see how their interaction properties can be characterized by dipoles 
and how the polarizabilities of various objects are interrelated. Finally, 
ve will discuss the behaviors of the induced current and charge densities 
in their late-time state, quasi-stationary state, and steady state and 
their relations to the low-frequency solution. 

1.4.1.1 Rayleigh Series 

The so-called Rayleigh series is a power series in frequency. In 
the s-plane, the Rayleigh series is a Taylor series about the origin s”0. 
The fact that this series exists and possesses a finite radius of conver¬ 
gence has been proved for a smooth, finite, perfectly conducting object 
[1,2]. It is believed that the radius of convergence is equal to the 
absolute value of the lowest natural frequency of the object and, hence, 
within this circle of convergence the Rayleigh series should converge to 
the exact solution. However, one seldom goes beyond the first few terms 
which usually suffice for most practical purposes. 

Consider a perfect conductor immersed in a time-harmonic field 
Let J and p be the induced current and charge densities with 
the following low-frequency expansions 


J “ + 5 1 + + * ’ * 

p - P o + p x + p 2 + . . . 


( 1 ) 


where the ratio of two consecutive terms (e.g., P^/p q > P2^ p i* etc *) Is 
proportional to s. 


171 






To find J q , J^, p o> etc. one may follow the approach of Stevenson 
[3,4]i which starts with a low-frequency expansion of Maxwell's equations. 
Each term in the expansion requires only the solution of standard problems 
in potexitial theory from which J Q , J^, p q , etc. can be determined straight¬ 
forwardly. An elegant, and perhaps most efficient, method is to start 
with the low-frequency expansion of the H-field integral equation. The 
shortcoming of this method, however, is that the H-field integral equation 
applies only to a perfect conductor with nonzero thickness. For a con¬ 
ductor with finite surface impedance or a perfect conductor of vanishingly 
small thickness (e.g., a thin metallic sheet) one may start with a low- 
frequency expansion of the E-field equation and arrive at £ set of 
equations for the determination of p Q , and so on. As will be 

seen below, for a smooth finite body of infinite conductivity the set 
of equations resulting from the E-field equation is far more complicated 
than the set deduced from the H-field integral equation. 

The integral-equation method has been utilized in the past to 
obtain a low-frequency expansion of the solution for a scalar boundary- 
value problem [5]. For the electromagnetic boundary-value problem the 
Helmholtz integral representation for the field has been employed to 
examine the low-frequency scattering and the equivalent dipole moments 
in terms of potential functions [6]. 

The point of departure is the H-field integral equation for the 
current density 3 induced by an incident wave on the surface of 

a perfect conductor (Fig. 1), namely 

f$(r) - f f n (r) x [VG(r,r ') xj(£')]dS’ = ^(r) (2) 

S 

where » t^xS*, and the free-space Green's function G is given by 
-jkR 

G(r * r ’ )=J ^r* R-k-r’1 (3) 

Expanding in Rayleigh's series ana VG in powers of k and equating 

terms of like orders of magnitude we obtain from (2) 
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one has 


P -t *£ , 

o no 1 J o no 




The chain of equations (4) enables one to determine a Rayleigh 
series for J from which the Rayleigh series for p follows via the conti¬ 
nuity equation. There are several important points which should be noted 
about (4): 

(a) All orders satisfy the same integral equation except for 
the source terms on the right-hand sides. 

(b) Eq. (4a) is an integral formulation of the magnetostatic 
boundary-value problem, while (4b) contains the corresponding 
formulation of the electrostatic boundary-value problem. In 
fact, if one takes the surface divergence of (4b) and makes 
use of the continuity equation 


one obtains 




et •P 

n o 


(7) 

( 8 ) 


which is the formulation of an electrostatic boundary-value 
problem in terms of an integral equation of the second kind. 


(c) It can be shown from (4a) that 

V s -J o - 0 (9a) 

if and only if V »P m 0. It is true that V *1* - 0 for a 
•'so so 

plane-wave field but not for the field due to moving charged 
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particles [7]. If one substitutes the expansion (1) in the 
continuity equation (7) and equates terms of like orders of 
magnitude, one will see that the first term gives (9a) while 
the second term yields 


V } 1 ■ - «><, <9b > 

Before we proceed to explore the properties of J q and J^, which are 
the most important quantities in low-frequency considerations, let us 
examine briefly what light the E-field formulation may shed on these two 
quantities. On the surface of a perfect conductor one has the well-known 
E-field equation 

sy?xj G?dS’ + i-txV | GpdS' -t^S 1 (10a) 

together with the continuity equation (7). However, (7) and (10a) are not 
well suited for low-frequency expansions. One way out of this difficulty 
is to abandon the continuity equation and to use instead the following 
integral relation between ? and p, namely 

ip + Jf£p ds' + sue t n * | 3 GdS' - e (10b) 


which can be obtained by taking the t^dot of the Helmholtz integral repre¬ 
sentation of the E-field, in much the same way as (10a) can be obtained by 
taking the t^-cross of that representation [8]. Now making a low-frequency 
expansion of (10a) and (10b) one obtains 




- a xi 1 


vra) p » dS ’ 


et • E 


(11a) 


(lib) 


175 






(12a) 


s “ El n X | 5iE 3 o dS ' ♦V 5 | “l"’ ■ ct n xi i 

i P 1 + I l^r( 4^R ) p l dS ' + "“Vi J o 4^ dS ' ■ e ^*l 


(12b) 


and similar sets of coupled equations for (J^.p^), ^2 ,p 3^’ an< * 80 on * 
Eqs.(lla) and (lib) can be recognized as the formulation of an electro¬ 
static boundary-value problem, since (11a) leads to 


if 


P dS* + 4> - constant 


(13a) 


where <J>^ is the electrostatic potential of 2* and the constant is determined 
by (lib) which, upon integration over the surface of the body, gives 

| p Q dS - 0 (13b) 

If one wishes, one can solve (lib) directly and it can be shown that the 
solution of (lib) will automatically satisfy (11a). On the other hand, 

(12a) and (12b) for (^ Q ,p^), and similar equations for (J^.Pj), etc., are 
sets of coupled equations with the number of eouations equal to the number 
of unknowns. 

It is evident from the above considerations that Rayleigh's series 
can be obtained with ease from the H-field formulation but not from the 
E-field formulation. 

1.4.1.2 Properties of J Q and ^ 

We have just seen that the first two terms, and 5^, in the Rayleigh 
series satisfy respectively the integral equations (4a) and (4b) and also 
the differential equations (9a) and (9b). Integration of (9a) and (9b) 
over the patch A, which is a part of the entire surface S of the body, 
gives (see Fig. 2) 
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Fig. 2. Geometry for (14). - unit binormal tangent to S, 

enclosed curve on S bounding A, A ■ area of patch on S, 
S - surface of body. 


These equations imply that the lines of form closed loops on the surface 
S, whereas the lines of terminate at charges. Thus, has nothing to 
do with the total induced current flowing across any cross-section of the 
body [9], such as the total axial current on a cylinder. 

As is evident from (9b), a knowledge of ^ is sufficient for the 
determination of p Q but the reverse is generally not true. In certain 
special cases, however, is obtainable directly from p Q . For example, 
in the case of two-dimensional geometries, ^ and p Q have the same peri¬ 
pheral distributions [10]. For three-dimensional bodies with rotational 
symmetry, such as the right circular cylinder, the prolate spheroid, the 
disk, etc., ^ may be obtained directly from p Q via the second equation of 
(14) if the domain A (Fig. 2) of integration is appropriately chosen (see 
Figs. 3a - c). 

In the case where the magnetic field and the propagation vector cf 
an incident plane wave are respectively parallel and perpendicular to the 
axis of symmetry of a body as shown in Fig. 3d, one can relate and p Q 
by [11,12] 


J o4> _ _ P o 

H q 2eE o cos $ 


(15) 
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(c) circular disk (d) asymmetric body 

Fig. 3. Examples of axisymmetric geometries. 


In this case the total axial current is zero. For the other polarization 
where the electric field and the propagation vector of the incident plane 
wave are respectively parallel and perpendicular to the axis of symmetry, 
no similar relationship exists between and p Q . 

It is not unexpected that and ^ give rise to a magnetic and an 
electric dipole respectively, since lines of from closed loops while 
lines of 3^ are terminated at charges. Recalling the usual definitions 
for magnetic dipole moment m and electric dipole moment p [13] 



( 16 ) 






one sees that J Q and give respectively the static magnetic and 
electric dipole moments. 

1.4.1.3 Small Objects on a Large Structure 

On the surface of an aerospace vehicle such as an aircraft there 
are many small objects or inhomogeneities (see Fig. 4). These objects are 



Fig. 4. Small objects on an aircraft. 


physically small in comparison with the overall dimensions of the vehicle. 
In addition, they are electrically small over the important portion of a 
typical EMP spectrum. Hence, their mutual interactions as well as their 
perturbational effect on the overall external interaction of the entire 
structure with EM? can be characterized by their dipole moments [14]. 

To find the induced dipole moments for each object one will have 
to solve a magnetostatic and an electrostatic boundary-value problem 
which, among other things, involve the local geometry of the object. 

Fig. 3 shows the appropriate static boundary-value problems one needs to 
solve for a stub, a depression, and an aperture in an infinite ground 
plane. The approximation of the local geometry of the large structure 
by an infinite ground plane becomes better the larger the local radii 
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(a) stub (boss) 



Fig. 5. Illustrations of static electric and magnetic field in 
the neighborhood of (a) a stub, (b) a depression, and 
(c) an aperture. 


of curvature of the large structure are in comparison to the maximum 
dimension of the object. Generally one may have to use some canonical 
geometries of finite radii of curvature, such as a sphere, an infinite 
cylinder, or an ellipsoid, to model the local geometry of the large 
structure. But these canonical-shaped structures introduce an enormous 
amount of complexity to the analysis. On the other hand, an infinite 
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ground plane will not Introduce any complexity to the problem at hand, 
and it will only lead to larger induced dipole moments. 

There are two important points about the static boundary-value 

problems depicted in Fig. 5. The exciting fields are the "short-circuit" 

fields (i£ , ft ). By a "short-circuit" field we mean a field that would 

sc sc 

exist at the location of the scatterer if the scatterer were removed. This 
means that if the scatterer were, an aperture or a depression, the aperture 
or the depression would be covered by isotropic conductors. In the language 
of boundary-value problems a "short-circuit" field is the total field far 
away from the scatterer on an infinite plane. This field is related to 
surface current density 3 and surface charge density p by 


t -Sxt 


(17a) 

(17b) 


where 2^ is the outward unit vector normal to the surface of the large 
structure. To find 3 and p one has to solve an external interaction problem 
in which all small objects are "removed" from the surface of the large 
structure. It is thus seen that £ gc and S gc will contain those resonances 
of the large structure whose resonance-wavelengths are much greater than 
the dimensions of the small object. 

To solve the static boundary-value problems of Fig. 5 for the dipole 
moments one may start with the Laplace equation for the magnetic scalar 
potential and the electric scalar potential <|>, viz., 


V Z <b - 0 
y m 

(18a) 

V 2 <j> - 0 

(18b ; 


with 4> m — r • H gc and <|> - r • S gc for observation points r far away from 

the object, and the usual boundary conditions that (3/3n)4> m and 4> vanish 
on the conductor's surface. There are many methods of solving (18). If 
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the surface of the object permits separation of variables, the eigen¬ 
function expansion method is the natural one to use. If the object is 
of arbitrary shape, the integral equation method aided by numerical 
quadrature is more promising. The integral equations derived on the 
basis of (18) and the corresponding boundary conditions are scalar and, 
hence, are much simpler than their vector counterparts (4a) and (4b). 

But It must be emphasized that (18b) together with the corresponding 
boundary condition does not in general yield a complete information on 
J^, the second term in the Rayleigh series. Eq.(18b) gives the informa¬ 
tion on the surface charge density which, however, is sufficient for the 
determination of the electric dipole moment and, of course, all electric 
multipoles. 

The above considerations can be put on a firm mathematical basis by 
taking the low-frequency limit of the integral-equation formulation of 
the problem appropriate for Fig. 4. Such a formulation would involve 
the dyadic Green's functions of the first and second kind [15 ],"g^ and 
G 2 > which satisfy the boundary conditions 

t x^(r.r') =0, t xVxU(?,?') -0 (19) 

n 1 n i 

on the surface of the large structure. It suffices to mention here that 
G^ is useful for the problem of a small stub on a large structure, while 
G 2 is appropriate for the problem involving an aperture or a depression 
in the surface of a large structure. 

1.4.1.4 Dipoles and Polarizabilities 

In this section formulas will be given to calculate the dipole moments 
and polarizabilities of an object in free space, an aperture in a ground 
plane, a boss on a ground plane and, finally, a depression in a ground 
plane. There exist certain important relationships among the components 
of the electric and magnetic polarizability tensors. These relationships, 
among other properties of the polarizabilities, will be discussed. 
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1.4.1.4.1 Object in Free Space 


The static dipole momenta of an object in free space are given by 
the static limit of the general definition (16), viz., 

m - ^ rxJ Q dS, p - ^ r p Q dS (20) 

where S is the surface of the object. Since m and p are linearly related 
to the incident fields S 1 and respectively, one has the following 
general relationship 


p = e¥ ‘E 1 , m -IS-.S 1 (21) 

where"*? and “it are respectively called the electric and magnetic polariz¬ 
ability tensors. No matter how tortuous the surface of the object may 
be so long as the object is composed of reciprocal material,"? and? are 
always symmetric, i.e., 

Py ** Pjj, M ±1 - (i,j - 1,2,3) (22) 


This symmetry property follows from a general theorem on the “generalized 
susceptibility" [16]. Thus, in general there are only six independent 
components in P^ or . Furthermore, since they are real and symmetric 
there always exists a coordinate system in which P^ or is diagona¬ 
lized; that is to say, there exists a coordinate system in which only 
three parameters are needed to characterize P or M. 


In addition to the existence of many inequalities among the components 
of?and? [17,18], there are certain special cases where P and M are 
directly related to each other. For a body rotationally symmetric about, 
say, the 3-axis one has 


P 


ij 


i * j 


P ll“ P 22’ M ll“ M 22 


(23) 
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where the last relation follows from (15) and the first two are obvious 
from the symmetry of the problem. Even among the non-vanishing para¬ 
meters of (23) there exist a number of conditions. For more detail the 
reader may consult [18]. 

For an ellipsoid, which can degenerate into a prolate spheroid, an 
oblate spheroid, a sphere, an elliptic disk, or a circular disk, there 
are many interesting relations among the and [19]. Let V denote 
the volume of the ellipsoid and let the coordinate axes be along the 
principal axes of the ellipsoid. Then [19] 


>1 Pa. V 


(24) 


Eqs.(24) show that one needs only two independent parameters to characterize 
the low-frequency interaction properties of an ellipsoid. 

Once p and m are known, the field can be calculated by [13] 

E - - — V x (p x VG) + juy m x VG 

E (25) 

5 ■ - V x (m x VG) - jo> p x VG 

where G is the free-space Green’s function given by (3). 

1.4.1.4.2 Aperture in Ground Plane 

The dipole moments of an aperture in an infinite ground plane are 
tricky to define because of the presence of the ground plane (Fig. 5c). 

For one thing, the ground plane divides the entire space into illuminated 
and shadow regions, making it necessary to have oppositely directed dipoles 
for the scattered field in each of these two regions. What is more, the 
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relevant excitation field in the low-frequency limit is the short-circuit 
field $ ac »^ sc )» implying that factors of 2 will crop up here and there [20]. 

In view of the duality between E and H in Maxwell's equations, one 
would naturally introduce p and m as 


in complete analogy to the general definition (16), Here A is the surface 
of the aperture, and and are the magnetic surface current and charge 
densities related to the total aperture electric field E a by 

5 - 21 x £ , p —iv *5 (27) 

m n a m s s m v ' 

where 1 q is the unit normal vector pointing into the illuminated region. 
With the definition (27) one can show that p a and m a , as defined by (26), 
give the correct total penetrant field In the shadow region via formula 
(25). Substituting (27) In (26) and taking the low-frequency limit one 
obtains a simpler working definition for p and m, namely 


? a --2etJ *dS 
J A 

\ -- 2 { 


where ip is the electrostatic potential and H n is the normal component of 
the magnetic field [20]. 

Although p a and m a give the total penetrant field via the free-space 
dipole field formula (25), they are not too convenient to use for most 
interaction calculations because a cavity and/or cables often exist 
behind an aperture, in which cases the ground plane is part of the cavity 
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or part of the transmission line. This means that 
p ft i and m a ^.» defined in the presence of the ground 
to p and m . They are related simply by 


the dipole moments, 
plane, are preferable 


(29) 


Next, we introduce the electric and magnetic polarizabilities a and 
a m through 

p . H e "oT • E , m. = -*oT‘H (30) 

*ai e sc* ai m sc 


where the - sign in the second equation of (30) is needed, so that the 
components of are positive. Again, it is important to remember that 
P ai and m ai are defined for the shadow region and that their directions 
must be reversed for the illuminated region. 

Since E is always perpendicular to the ground plane,"of has only 
sc e 

one non-vanishing component. On the other hand, H bc may have two inde¬ 
pendent components for a given coordinate system, and hence a m is a 
two-dimensional symmetric dyad which can always be diagonalized by an 
orthogonal transformation. There exists a relationship between ( a e »“ m ) 
of an aperture and (^,1t?) of the complementary disk via the Babinet 
principle. It can be shown that [21] 


- - fX,. ., V - t , (31) 

e 4 disk m 4 disk 

Thus, the polarizabilities of an ellipsoid discussed previously can yield 
in its limiting forms the polarizabilities of an elliptical and a circular 
hole. 

1.4.1.4.3 Boss on Ground Plane 

A boss is a protrusion on a ground plane (Fig. 5a). The blade 
antennas on an aircraft are one such example. Let p^ and m^ be the dipole 
moments giving the total scattered field via the free-space dipole field 


! 

I 
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formula (25). Let p^ and be the dipole momenta radiating in the 

presence of an infinite ground plane. Then, with denoting the surface 

of the boss one has 

P b " 2 [ ' Po dS * 

*b 

p bi " I p b 
P bi e ^e * ^sc “bi " ^m * ^sc 

IfY and Iff are the polarizabilities in free space of the boss plus its 
image, then it is obvious that 



1.4.1.4.4 Depression in Ground Plane 

Flush-mounted antennas on aircraft are examples of depressions in a 
ground plane (see Fig. 5b). Except for a hemispherical bowl [22] there 
are no known solutions for other three-dimensional depressions. Let p^ 
and m^ be the dipole moments that give the total scattered field via 
formula (25) and let p di and m^^ be the dipole moments defined with the 
ground plane. The situation is similar to that of an aperture except 
that now there is only the illuminated region. Thus 


^■Jj. Jx:f o dS 
v-K < 32 > 


"U 


xl dS, 


P di " 2 P d “di * I “d 

p di H “di "^m‘ S sc 


(34) 
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where A is the area of the depression's mouth. For a hemispherical 

depression^ has an exact closed form, whereas can be obtained only 

approximately [22]. As would be expected, the polarizability values 

are smaller than the corresponding values of a circular aperture. Thus, 

it is reasonable to assume that the polarizabilities of the aperture A 

in an infinite ground plane (i.e., when the volume of the depression 

becomes infinite while its opening remains unchanged) give the upper 

bounds of y and y . 

e m 

At this point it is a good idea to summarize the above results. 

The total fields E, H radiated by the dipoles p, m are given by (25). 

The values of p and m to be used in (25) for the four different situations 
discussed above are tabulated in table 1. It should be pointed out that 


TABLE 1. DIPOLE MOMENTS TO BE USED IN EQUATIONS (25) 



Body in 
Free Space 

Aperture in 
Ground Plane 

Boss in 
Ground Plane 

Depression in 
Ground Plane 

p 

cY-l 1 

2c ~.-*.c 

2e V*.c 

2 ^\c 

S 

t -H 1 

_ 

- 2 %-«sc 

2 V J .c 

2 


in the case of an aperture in a ground plane the values of p and m in 
table 1 when substituted in (25) give the total fields in the shadow region 

The above discussions have been focused on three-dimensional object* 
and two-dimensional apertures. In the case of two-dimensional objects 
or one-dimensional apertures, the magnetic polarizability per unit length 
is directly related to the electric polarizability per unit length 
The truth of this statement can be seen from the following simple 
considerations. Let the z-axis be the axis of a two-dimensional object, 
the y-axis be directed along the incident magnetic field ft*’ and the 
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x-axis along the Incident electric field E*. Then the electric and 
magnetic scalar potentials 4 and 4 m form the complex potential W, namely 
[23] 

W - 4 + J4 m (35) 


which satisfies the Laplace equation. From the theory of conjugate func¬ 
tions one can show that the electric polarizability tensor V* and the 
magnetic polarizability tensor"wf' are related by 

V’’ - (36) 


The discussions thus far have been limited to perfectly conducting 
bodies. It should come as no surprise that the low-frequency interaction 
properties of a dielectric/permeable body are predominantly characterized 
by its electric and magnetic polarizabilities. For more detail the 
interested reader should refer to [24]. 

1.4.1.5 Quasi-Stationary, Late-Time Considerations 

As is evident from (4) each term of the Rayleigh series for the 
current density is given by 



and so on, where X is the static dyadic integral operator inverse to 
the integral operator on the left-hand side of (4). For separable 
surfaces, X takes a very simple form. For example, in the case of an 
infinitely long cylinder (Fig. 6a) we have 
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Fig. 6a. Incident magnetic field perpendicular to the axis 
of an infinite cylinder. 

s*- 2 * 2 V <38) 

and in the case of a sphere (Fig. 6b) we liave 

I Vy (3« 

The time-doiaain series corresponding to (37) is 

J 0 (« . 

JjU) - Jj(t) (40) 

J 2 (t) - y.jj 3 (t) +^5 

and so on, where the double dots denote two time-differentiations and 
is the unit vector in the direction of ^ (see Fig. 1). The dependence of 
J Q . etc * on * (the position on the surface of the object) should be 
understood and has been omitted for simplicity. It is reasonable to call 
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Fig. 6b. Incident magnetic field along the polar axis of a sphere. 

(40) a quasi-stationary series, since this series holds true if the electro¬ 
magnetic phenomena are slowly varying during a time interval comparable 
to the characteristic or transit time t c of the body. In fact, the series 
(40) can also be obtained by expanding the time-domain H-field integral 
equation, the inverse Fourier transform of (2), in powers of t c> Thus, 
the quasi-stationary series makes sense if the pulse width of the incident 

wave is much larger than t (Figs. 7a,b), or if the speeds of the charged 
c 

particles are very small compared to the speed of light in the surrounding 
medium (see Fig. 7c), as is often the case in most SGEMP interaction 
problems. Of course, the prerequisite for the series to be valid is 
that all early-time transient effects have subsided; that is to say, the 
object is well immersed in the Incident pulse or the charged particles 
have long ceased their violent motions. In this sense (40) may also be 
termed a late-time series. 
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(a) 



Fig. 7. (a) A pulse incident on a body, (b) a step-function wave 

incident on a body, and (c) a charged particle q moving 
with velocity v near a body. 


Let a plane-wave pulse travel along the positive x-direction and 
impinge on an object as shown in Fig. 7a. Then, the incident current 
^(r,t) is given by 

^(r.t) -t^fCt-x/c) (41) 

where x lies between x-0 and x-i. Expanding f in a Taylor series and 
introducing t c ■ lie one gets 

f(t-x/c) - f(t) -f t c f(t) +f(f) t*f(t) , . . . (42a) 

which is a convergent series if 

|f| > |t c f|, \i\ > |t c f|- (42b) 
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In physical terms this means that the incident waveform docs not vary 
much during a time interval equal to the transit time t c « When this 
condition is met one then has, according to (40), 

J (r,t) - £ (r)f(t) 
o o 

J^r.t) - £ x (r)f(t) 

£ 2 (r,t) - £ 2 (r)f(t) (43) 


J n (r,t) - £ n (r)f (n) (t) 

where denotes the nth time derivative of f and C , £,, etc. are 

o ^1 

vector functions depending only on the observation point r on the surface. 

If one reconstructs the waveform for the induced current J(r,t) from the 
quasi-stationary or late-time series (43), £ will be different from the 
waveform of the incident pulse because the £ n 's are generally different 
from the coefficients of the Taylor series (42a). 

Fig. 7b depicts a step-function plane wave striking an object. In 
this case we have 

f(t-x/c) - u(t-x/c) (44) 

where u is the unit step function. Clearly, after all the initial transient 
phenomena have subsided there remain 


e„6,c) - - V*i<'> 


(45) 


where the second equation follows from integrating the time-domain version 
of the continuity equation (9b) from -« to t with the help of the second 
equation of (43). 
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If the incident wave is, say, a step-function sine wave with angular 
frequency w , the induced current and charge densities will eventually 
oscillate at u Q with different phase shifts. This state of affairs is 
called the steady state, as is well known in all branches of the physical 
sciences. Of course, the static state (45) is a special case of the 
steady state. 


1.4.2 INTERMEDIATE-FREQUENCY, INTERMEDIATE-TIME REGION 

Following the low-frequency, late-time region is the intermediate- 
frequency, intermediate-time region which is characterized by the ratio 
a/X (ratio of characteristic dimension of scatterer to characteristic 
wavelength of incoming EMP) that is neither very small nor very large 
compared to unity. Therefore a power series expansion or an asymptotic 
expansion in a/X cannot be carried out to good advantage, if at all. On 
the other hand, the intermediate-frequency region can be very important 
in electromagnetic problems involving a broad-band source of excitation 
like an EMP. An efficient mathematical technique to calculate intermediate- 
frequency scattering and intermediate-time behavior is therefore much in 
demand for analyzing the EMP interaction. The singularity expansion method 
offers one such technique that is short of solving the interaction problem 
exactly [25 - 27]. 

1.4.2.1 S ingularity Expansion Method 

The singularity expansion method (sometimes known as SEM) consists of 
characterizing the physical quantities in EMP interaction problems by their 
singularities in the complex frequency plane. The idea has its origin in 
the classical analysis of the transient responses of lumped network cir¬ 
cuits, and can be introduced in this connection. 

1.4.2.1.1 Transient Analysis of a Lumped Network Circuit 

Consider the simple LRC series shown in Fig. 8. It is driven by a 
transient voltage source v(t). As a consequence the circuit develops a 
transient response in the form of a current i(t). This time-dependent 
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Fig. 8. A lumped LRC series circuit driven by a transient 
voltage source v(t). 


phenomenon is described by a second order, nonhomogeneous, linear 
differential equation in time 

( L ^2 + R ^ + ^) 1(t > < 46 > 

The current i(t) can be calculated by solving an initial-value problem. 

The classical tool for analyzing initial-value problems is the 
Laplace transform. Let f(t) be the time-domain response of a physical 
system, such as the LRC circuit, to a transient excitation. One can 
introduce a complex frequency 8, and write the frequency-domain response 
F(s) as the two-sided Laplace transform [28] of f(t) 

F(s) - J e" 8t f(t)dt (47) 

If f(t) is reasonably smooth and vanishes sufficiently rapidly as t + ±®, 
F(e) is an analytic function of s except at a set of singularities. The 
location, number, avid type of the singularities are determined by the 
physical characteristics of the syetem and the excitation. In fact, 
most of these s-plane singularities can be put in a one-to-one corres¬ 
pondence with certain so-called natural oscillation frequencies of the 
system. 
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The inverse Laplace transform of (47) is given by 


i st 

f (t) “ ~t e sc F(s)ds (48) 

2 J J ft-j»’ 

Here ft is a real constant so chosen that the singularities of F(s) all 
lie to the left of the path of Integration. The confinement of the 
singularities of F(s) to the left half-plane of the s-plane is guaranteed 
by the principle of causality. It follows from the identical vanishing 
of the response f(t) before the arrival of the excitation. 

Applying the Laplace transform to (46), one obtains the solution 
in the frequency domain 


I(s) = Y(s)V(s) (49) 

where Y(s) is the admittance of the LRC circuit at complex frequency s, 
given by 


Y(s) - —=--- (50) 

Ls + Rs + 1/C 

The singularities of I(s) in the s-plane are contained in Y(s) and 
V(s). Eq.(50) shows that Y(s) has two simple poles situated at s«*s + 
with 

■*--£* yW <*» 

Both these poles are located in the left half-plane, since Re s + < 0. 
Depending on the sign of the discriminant in (51), s + and s are either 
both real (in which case the poles both lie on the real axis) or they 
are complex conjugates (in which case the poles lie symmetrically with 
respect to the real axis). This symmetry in the pole distribution 
with respect to the real axis is a consequence of the fact that L, R and 
C are all real physical quantities. 
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The admittance Y(s) in (50) can be rewritten in the following partial- 
fraction form 


Y(s) 


1 

L(8 + - s_) 




(52) 


This is in fact a singularity expansion of Y(s). That is, Y(s) is here 
expressed as a sum of terms, each one of which exhibits one of its 
singularities. 

A singularity expansion of V(s) can be performed in like manner. 
For definiteness, take v(t) to be a step function: 


v(t)- 


(53) 


That is to say, the applied voltage source is switched on instantly at 
t ■ 0 to full strength V Q , and maintained at this value for all time 
t > 0. Its Laplace transform is 


V 

V(s) - -f- (54) 

This expression is already in the form of a singularity expansion, showing 
a simple pole at s = 0. 

The singularity expansion of I(s), which is really what is most 
interesting as far as solving the transient-response problem is concerned, 
can be derived by combining (52) and (54). One obtains 

I(a) (55 > 

This expansion shows two simple poles at s ■ s ± corresponding to the two 
natural frequencies of the LRC series circuit. Note that in this particular 










ex a m ple the pole of V(s) at s - 0 is eliminated by the factor s in the 
numerator of Y(s) in (50), and does not figure in the singularity 
expansion of I(s). But, in general, the source introduces singularities 
into the response, which do not correspond to natural frequencies of 
the system. 

The transient response current i(t) can be obtained by performing 
the inverse Laplace transform 

1 f^ 00 st 

i( t) - ~J j e st I(s)ds (56) 


In this case the constant ft can be chosen equal to 0. The integral is 
easily evaluated by the method of residues, since the open straight 
contour can be closed by a right semi-circle at Infinity for t < 0, 
and by a left semi-circle at infinity for t > 0. The result of the 
integration is 


Kt) - 


L(s 


*o r v --*1 

-T-ryLe -e j, 


(57) 


Each pole in l(s) is seen to contribute a damped sinusoid to i(t). 

1.4.2.1.2 Generalization 

The above transient-response analysis of a simple lumped network 
circuit by means of the Laplace transform contains practically all that 
there is to SEM. In the application of SEM to more advanced electro¬ 
magnetic problems, certain complications will inevitably arise. But 
the basic features of the analysis will persist. One anticipated 
complication will be the appearance of spatial dependence. As soon as 
one goes beyond lumped-parameter circuits, one encounters distributed 
systems. These are described by partial differential equations or 
integral equations, which differ from the ordinary differential equation 
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(46) in the dependence on spatial coordinates. Another anticipated 
complication is that the number of natural frequencies will be much 
larger for a distributed system, and thus many more singularities will 
show up in the s-plane. 

A feeling of the state of affairs in the s-plane representing the 
transient response of a distributed system, such as the response of an 
aircraft to an EMP, can be gleaned from the following somewhat simplistic 
picture. Nevertheless, this picture actually obtains when one uses 
approximate numerical methods to perform the singularity expansion. 

Let the applied excitation reach the system at time t"0, and let the 
system's response be denoted by a real function of space and time 
£(r,t). This function can either be a scalar (such as the surface 
charge density) or a vector (such as the surface current density) or 
some other more exotic physical entity. Its Laplace transform F(r,s) 
will be analytic in the right half-plane Re s > 0. Its singularities 
are confined to the left half-plane Re s < 0. Very often, they consist 
of a host of simple poles lying either along the real axis or occuring 
in complex-conjugate pairs as shown in Fig. 9. This symmetry of the 
singularity distribution with respect to the real axis is a consequence 
of the reality of f(r,t), so that one can deduce from (47), the Schwarz 
reflection principle 

F*(r,s) - F(r,s*) (58) 


where the asterisk denotes the complex conjugate. 

Let F(r,s) be written in the form of the following singularity 
expansion 


F(r,s) 


M 

l 


m=l 




(59) 


The natural frequencies s m can be complex with Re s^ < 0 or real and 
negative. The residues R m can be complex or real and are functions of 
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X 


X 

X 

Fig. 9. Example of the complex-frequency-plane singularity pattern 
of a physical system. 


position. They are proportional to the natural modes of oscillation of 
the system at the respective natural frequencies. The constants of 
proportionality measure the extent to which these modes are agitated by 
the source of excitation. 

Eq.(59) is not the most general expansion for ?(r,s). One can clearly 
add an arbitrary entire function to the right-hand side without affecting 
the singularity pattern in the finite s-plane. However, this entire 
function will alter the asymptotic behavior of F(r,s), making it approach 
a nonzero value ai s + «. Indeed, the entire function is closely related 
to the high-frequency response of the system. But if the excitation 
applied to the system is a pulse, its high-frequency components are 
vanishingly small. The response F(r,s) can be expected to approach zero 
as s -*■ as is the case in (59). 

The Inverse Laplace transform can again be performed by the method of 
residues, and one finds that for t > 0 

[ 1 k - 
^ st . . at 
8*<r)e + K m (r)e 
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(60) 






This shows the time-domain response f(r,t) as a sum of damped sinusoids. 
Each term describes the exponential decay of a natural mode after its 
excitation by the applied source. 

Eq.(59) is an expression for studying the system's response to an 
intermediate-frequency excitation. The response of the system in the 
frequency domain is given by the value of F(r,s) along the jw-axis of 
the s-plane. At real excitation frequency to, the response is F(r,jy). 
From (59), it is clear that the contributions to F(r,jw) come mainly 
from those poles of F(r,s) that lie close to the point s-Jw. In fact, 
a few nearest poles in the singularity expansion will generally repre¬ 
sent the response with sufficient accuracy. Thus one sees that, at 
low and high excitation frequencies, the usual expansion of the 
frequency-domain response of a system is in terms of the ratio of 
the system dimension to the wavelength, whereas at intermediate 
excitation frequencies, a useful expansion is a singularity expansion 
in terms of the set of natural frequencies of the system. 

Eq.(6Q) is valuable for studying the system's time-domain response 
at intermediate times. Each damped sinusoid appearing therein has its 
own characteristic damping constant which is directly proportional to 
the distance of the corresponding s-plane pole from the imaginary axis. 
The decay time of the corresponding natural mode is inversely propor¬ 
tional to this distance. At the very earliest times, immediately after 
the arrival of the applied excitation, the time-domain response f(r,t) 
is made up of contributions from each of the excited natural modes. 
However, as time goes on, the shorter-lived modes die out one by one, 
and progressively fewer terms need be retained in f(r,t), so that at 
late times none but the contribution from the pole closest to the 
imaginary axis survives. One therefore concludes that at an inter¬ 
mediate time t, only those poles with decay times comparable to or 
greater than t will contribute substantially to the time-domain 
response f(r,t). 

The characterization of a system's response by a finite collection 
of simple poles, as exemplified by the singularity expansion of F(r,s) 
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in (59), is a technique of great aesthetical appeal for studying transient 
electromagnetic problems. This type of basic singularity pattern is really 
what one comes up with when one approaches the singularity expansion by 
purely numerical methods. But, analytically, more complicated situations 
can conceivably arise. First, the number of natural frequencies of a 
distributed system is really infinite, so that the set of poles is 
actually infinite. The integer M in (59) should be replaced by “. This 
raises the question of the convergence of the infinite sum; and one may 
have to perform appropriate rearrangements of the terms to achieve 
convergence. Second, some singularities of F(r,s) may appear as branch 
cuts. A branch cut is essentially a continuous one-dimensional distribu¬ 
tion of poles, and turns up whenever the natural frequency spectrum of 
the system contains a continuous portion. Third, some singularities of 
F(r,s) may appear as multiple poles rather than simple poles; but this 
new feature can be easily accommodated in the singularity expansion. 

One suspects that multiple poles can occur only under the most fortuitous 
circumstances, when the parameters of a physical system are accidentally 
so interrelated that two or more simple poles coincide. 

Before delving into the mechanics of singularity expansion, it is 
instructive to analyze in detail a number of exactly soluble electromagnetic 
problems in the context of complex-frequency-plane singularities. 

1.4.2.2 s-Plane Singularities in Transmission-Line Analysis 

A transmission line is an important electromagnetic system that is 
only one step removed from a lumped network circuit in order of complexity. 
Its behavior is described by a pair of partial differential equations 
Involving one spatial dimension as well as time. These equations are 
often simple enough to permit exact solution. A close study of the exact 
solution can shed valuable light on the basic features of singularity 
expansion. 

1.4.2.2.1 Finite Transmission Line 

Consider a straight two-wire transmission line of finite length H, 
open circuited at both ends. Let it lie in the z-dlrection from z ■ 0 
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to z-i, as shown in Fig. 10. The Inductance, capacitance, resistance 
and conductance per unit length of the line are assumed constant. They 
are denoted respectively by L’, C', R' and G'. 


(0) z*0 


2«1 

D 



Fig. 10. A finite two-wire transmission line and its equivalent 
circuit per section. 


Let the line be excited by a transient distributed voltage source 
v 8 (z,t). Then the shunt voltage v(z,t) and the series current i(z,t) 
vary along the line according to the following pair of coupled partial 
differential equations in space and time 




31 

3z 



0 


In the complex-frequency domain these equations become 


dV 

dz 


Z'l - V 


dl _ 
dz 


(61) 


(62) 
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where Z' and Y' are respectively the series impedance and the shunt 
admittance per unit length given by 


Z'(s) - L's + R', Y'(s) - C's + G' 


Eliminating V from (62), one obtains a nonhomogeneous second-order 
ordinary differential equation for 1 


(£>•■■)■ 


(64) 


(65) 


The open-circuited line has the following homogeneous boundary conditions 

I(z-O) - I(z-Jt) - 0 (66) 

The solution of (64) satisfying (66) can be expressed as 

I(z,s) «Y'(s) | G(z,z')V s (z',s)dz' 
where G(z,z') is a Green's function determined by equation 


(67) 


^^“2 + k 2 ^G(z,z') - - 6(z - z') 


and the boundary conditions 

G(0,z') - G(i.z') - 0 


( 68 ) 


(69) 


For the purpose of deriving a singularity expansion for I from (67), 
it is convenient to expand the Green's function G(z,z') in terms of the 
eigenfunctions i|) (z) of the Hemitian operator - d /dz Z 


r 4> n " y 


(70) 
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The eigenfunctions which vanish at the ends i*0 and l are 


*n (z) 


-Vf 


sin(k n z) 


with the eigenvalues 


( 71 ! 


(72! 


These eigenfunctions are real and form a complete orthonormal Bet 


fv 


(zU (z)dz ■ 


so that one can expand G(z,z') as 


(73! 


G(z,z') - l a * n (z) (74! 

n-1 

Substituting this expression in (68) and evaluating the coefficients 
one obtains 


G(*.a') 


l 

n-1 


4* (**) 


k*-k' 


(75! 


Upon combining (67) and (75) the following explicit representation of the 
solution 1 of (64) results 


with 


I(z,e) 


« Y'(s)X n ( B ) 

n-1 k 2 - k 2 (s) 


*n U> 


(76) 


X Q (s) - j V s (z',s)^ n (z , )dz' 


(77) 




< 

\ 
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The singularity expansion of I(z,s) is readily derived from (76). 
From (63) and (65) one first obtains the following partial-fraction 
decomposition 




( 78 ) 


where s r+ and s r _ are the roots of the equation 



Eq.(78) shows that I(z,s) has simple poles at s - s n± in the s-plane. 

These complex frequencies are precisely those at which the homogeneous 
part of (64), with V g » 0, has nontrivial solutions satisfying the boundary 
conditions (66). They are in fact the natural frequencies of the finite 
transmission line. The eigenfunctions in (71) are the corresponding 
natural modes. 

Besides the poles at the natural frequencies s^ + , I(z,s) also 
contains the singularities of the factor X (s) contributed by the source 
V g . One can split up the singularity expansion of I(z,s) into two parts 


I(Z,S) - I^(z,s) + I^(z,s) 


(81) 


such that 1^ contains all the natural-frequency singularities, and I 2 all 
the source singularities. One finds that 
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and that 


* ♦ „U) 

I 2 (z,s) - l --S- 

n"l L’C' ( s . - s 


1V S > - 



( 83 ) 



following from the fact that the source function v g (z,t) Is real. It Is 
clear from (80) that the poles of I^(z,a) all lie along a straight line 
parallel to the Imaginary axis as shown in Fig. 11. If the square root 
in (80) is imaginary for some n, then some of the poles lie on the 
negative real axis. Note that the two terms inside the square brackets 
in (84) should be summed together as a single unit. If they are summed 
individually, the individual infinite sums may diverge. 

The current ^(z.s) in (83) is analytic at the natural frequencies 
8 n+ . Its singularities are due solely to the source V . Take, for 
definiteness, the source v s (z,t) in the form of a step function in time 
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Fig. 11. Complex-frequency-plane singularity pattern of a finite open- 

circuit transmission line. The pattern consists of an infinite 
array of simple poles parallel to the imaginary axis. 


a (z,t) “ 


0 t < 0 

g (z) t > 0 


g_(z) 


Its Laplace transform is 

v 8 U.s> 

showing a simple pole at s«0. The function X Q (s) becomes 

W 

X (a) - -a 


with W being real and given by 


(87) 


( 88 ) 


(89) 


f g 0 (z')’l' n (z , )dz' 
J 0 


( 90 ) 




Substituting (89) in (83) one finds that 




1|» (z)vj 


r ^ * <s, 


s 


showing the same simple pole at s ■ 9 ua V . 

1.4.2,2.2 Infinite Transmission Line 

Suppose now the transmission line in the above example becomes of 
infinite length. Its behavior ie still governed by (61), but its range 
is extended to the infinite interval -» < z < Then (64) can be solved 
by using the Fourier integral. The solution is 


where now 


1(2,s) 


[ 


Y'(»)^(b) 

P 2 - k 2 (s) 


<l» p (z)dp 


*p(») 


JLl 6 -Jp z 

/u 


X(s) 


£ V s '- 1 


s)'J' (z')dz' 


(92) 


(93) 

(94) 


Eq.(92) is obviously a generalization of (76). In place of the infinite- 
sum representation in (76) for the current in the finite transmission line, 
one has here an infinite-integral representation when the length of the 
transmission line grows to infinity. 

The s-plane singularities of I(z,s) are a sum of those of the inte- 
graud in (92). As a function of s, the integrand has singularities at 
the zeros of the denominator p 2 -k 2 (s), in addition to whatever singularities 
the source factor X p (s) may contain. One has 

p 2 - k 2 (s) - L'C^s-s )(s-s ) (95) 

pi- p- 
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with 



( 96 ) 


Thus the integrand has two simple poles at s* s and s . The locations 

p+ p- 

of the poles depend on the continuous integration variable p, instead of 
on an integer n in (80) for the finite line. Under integration, p varies 
continuously from -» to «. These poles then trace out a branch cut in 
the s-plane for I(z,s), as shewn in Fig. 12. The branch cut has an 



Fig. 12. s-plane singularity pattern of an infinite transmission 
line. The pattern consists of branch cuts. 


infinite portion parallel to the imaginary axis, as well as a finite 
portion along the real axis. The latter portion is due to those values 
of p for which the square root in (96) is purely imaginary. 

The existence of the branch cut for the infinite transmission line 
may well be deduced by letting the length l of the finite line tend to <» 
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in (80). In this limit the poles of the finite line in the s-plane 
become densely crowded together. At infinite l, the pole array merges 
into a continuum and forms a branch cut. 

The appearance of the branch cut for the infinite line is also to 
be expected from general considerations. There is a one-to-one corres¬ 
pondence between the s-plane singularities and the natural frequencies 
of a physical system. The poles correspond to a discrete natural-frequency 
spectrum, while a branch cut corresponds to a continuous spectrum. It is 
well known that a finite transmission line has a discrete spectrum, i.e., 
only at a discrete set of frequencies can excitations be produced along 
the line which satisfy the boundary conditions at the two ends of the 
line. By contrast, an infinite line has a continuous spectrum. At each 
and every frequency, excitations can propagate freely along the line; and 
the homogeneous transmission-line equations have nontrivial solutions at 
all frequencies. 

The singularity expansion for the transmission-line voltage V(z,s) 
can be derived from that for the current I(z,s) by using (62). 

1.4.2.3 s-Plane Singularities in Scattering Analysis 

Of greater complexity than the transmission-line problem is the 
problem of transient electromagnetic scattering from a conductor. This 
scattering problem is central to the external interaction of an aircraft 
with an EMP. The response of the conductor to the incident electromagnetic 
transient is in the form of an induced surface current density. Just as 
for the current along a transmission line, this surface current density 
can be characterized by singularities in the complex frequency plane. 

These singularities are closely related to the properties of the conductor 
and the incident wave. Each singularity belonging to the conductor 
corresponds to the frequency of a certain natural mode of the conductor. 

The response in the frequency domain can be expanded in terms of these 
singularities. In the following the singularity expansion of the induced 
surface current density is derived and examined for an exactly soluble 
scattering problem. 
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Consider the scattering of an arbitrary incident electromagnetic wave 
by a perfectly conducting sphere of radius a and centered at the coordi¬ 
nate origin, as shown in Fig. 13. It is well known that this problem 
can be solved exactly by the method of separation of variables. 


Fig. 



Scattering of an arbitrary electromagnetic wave by a perfectly 
conducting sphere centered at the coordinate origin. 


In the frequency domain the Maxwell equations in free space outside 
the sphere read 


V*l(r,s) - 0, VxiS(r,s) - - sp o S(r,s) 

V*£(r,s) - 0, Vxt(r.s) - se o ^(r,s) 


(97) 


The fields 5 and H can be derived from a pair of scalar Debye potentials 
U and V 


where 


i - - vx (jkru + rx w) 

Z q H - - V X (r X vu - jkrV) 

k - - j s/c s - Jy 


(98) 

(99) 
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The Debye potentials are both solutions of the Helmholtz equation 

(V 2 + k 2 )U - 0, (V 2 + k 2 )V - 0 (100) 

U generates a TE wave and V a TM wave relative to the r-^irection. They 
can be split up into an incident part and a scattered part 

U - U 1 + U s , V - V 1 + V 8 (101) 


The incident Debye potentials can be derived from the given fields 
of the incident wave. They have the following general expansions in 
terms of the spherical wave functions 


° 1( ^ 8> ■ ii JL A *» (<,);) * (i ‘ r> v e - w 

V 1 ^..) - ! I B (s)j (lcr>Y <e,« 
2,-1 m --2 


( 102 ) 


where j. is a spherical Bessel function and Y. a spherical harmonic, 
x, ii,m 

The latter is defined by 


v 9 -*) • ^FWSt f “ (c ° 8 e)eJ “* <io3) 

with denoting an associated Legendre function. Y^ satisfies the 
orthonormality relation 

f' I"™ 8 I J m (M, ’W (9, * ) ■ (104) 

0 J o 

Note that in (102) the term l - 0 is absent since it does not give rise 
to any fields. 
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The scattered Debye potentials are calculated by imposing the 
following boundary conditions at the surface of the sphere r “ a 


The results are 


U 8 (r,s) - - l 1 A (s) 


ipCka) 


h. (2) (kr)Y (0 »4>) 


(106) 


_ . « £ 'K'(ka) 

V S (r,s) - - I l B (.) hJ Z) <kr)Y (0.*) 


. < 2 ) 


where hj is a spherical Hankel function of the second kind, and 


<|> 5 (ka) - kaj. (ka), C,(ka) - kahj 2) (ka) 


(107) 


The prime on and in (106) denotes differentiation with respect to 
the argument. 

The surface current density J induced on the sphere is related to 
the total magnetic field by 


1 - ? r * (H 1 + H S ) (108) 

From the Debye potentials calculated above one obtains after some algebra 


* <e,t>s) ■ k 1.1 h« (s) 




.♦)] 


(109) 


V 9 ’*’ s) - ^ 1 JL |> (8> le W 9 >< 

(ka) sin 0 3<t> Y £m < ' 9 


' TV7 
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Eqs.(109) and (110) show that the s-plane singularities of both 
components of the induced surface current density J are contained in the 
two types of factors and The first factor originates from 

a TE mode, and the second from a TM mode. The singularities contributed 
by A^ m and are all due to the incident wave. Those contributed by 
1and 1/?^ correspond to the natural frequenciesof the conducting 
sphere. By (99) and (107) and the definition of the spherical Hankel 
function, one has 


5^(ka) (polynomial of degree J l in s) 

. £ + 1 sa /c * 


( 111 ) 

( 112 ) 


Consequently has A simple poles, and 1/?^ has £ + 1 simple poles, in 

the finite s-plane. They both have an essential singularity at infinityT 
but tend to zero exponentially as s -* «® in the left half-plane. 

Eqs.(109) and (110) display one feature of singularity expansion 
that is not found in the transmission-line analysis, namely, the appearance 
of degeneracy. By degeneracy is meant that several distinct natural modes 
all correspond to the same natural frequency. Each natural mode function 
of the surface current density on the sphere depends on the two integers 
SL and m, whereas each natural frequency depends on l but not on m. The 
consequence is that each natural frequency is (2£+l)-fold degenerate. 

On the other hand, it is also true that to each natural mode function 
there correspond several natural frequencies. Each mode function is 
multiplied into 1/t^ or l/?^» which contains more than one natural fre¬ 
quency pole. 

In principle, it is possible to perform a partial-fraction decompo¬ 
sition of 1/c^ and 1/c^ in terms of their poles, and hence obtain the 
explicit singularity expansions for J 0 and from (109) and (110). 

However, a general analytical formula for the pole location does not 
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exist. The poles must be located by numerical computation, as is done 
in [29]. Fig. 14 shows a plot of some of the natural-frequency poles of 
a conducting sphere, using the results of [29]. One gets the idea that 
these poles actually blanket the entire left half-plane, unlike in the 
case of the finite transmission line. Note also the symmetry of the pole 
distribution with respect to the real axis. 



Fig. 14. Natural-frequency poles of a perfectly conducting sphere of 
radius a. A cross (x) denotes a TM mode, while a heavy dot 
(•) denotes a TE mode. 

The induced surface current density on a conducting spherical 
scatterer is therefore a meromorphic function of the complex frequency 
s. It has been shown that this conclusion is actually true for all 
finite-sized conducting scatterers [30]. This result can perhaps be 
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understood by observing that a finite-sized scatterer is topologically 
equivalent to a sphere. If a sphere is gradually deformed into the 
shape of another scatterer, its natural frequencies are expected to 
change continuously and the corresponding poles are shifted around over 
the s-plane. It is observed that when a sphere is elongated to form a 
prolate spheroid, its line of poles closest to the imaginary axis moves 
even closer toward the imaginary axis, while the other poles move pro¬ 
gressively farther away from it [31]. Thus, a very slender prolate 
spheroid must exhibit a singularity pattern consisting of an infinite 
linear array of poles close to the imaginary axis, which reminds one of 
the pole pattern of a finite transmission line, and an infinite cluster 
of poles far away in the left half-plane. 

1.4.2.4 Expansion Parameters for Simple Natural-Frequency Poles 

The exact solutions of simple electromagnetic problems are extremely 
valuable in providing insight into the intricate workings of singularity 
expansion. In practice, however, exact solutions are notoriously hard 
to come by. More often than not, one has to make do with approximate 
solutions. One can try to expand the frequency-domain response of a 
physical system in terms of only a partial set of the natural-frequency 
singularities. This subset is to be so chosen that the truncated 
singularity expansion still offers a good approximation to the exact 
expansion under the circumstances of interest. For this endeavor It 
is desirable to have at one's disposal a general prescription for 
calculating directly the singularity expansion parameters. 

Practical physical systems all have finite geometrical dimensions. 
The exact solutions worked out above lead one to believe that the 
natural-frequency singularities of finite bodies consist only of simple 
poles in the finite s-plane. A simple pole is characterized completely 
by its location and residue. These two quantities can be calculated from 
the equations describing the frequency-domain response of the physical 
system. 

The frequency-domain response of a linear electromagnetic system 
to an applied excitation can be described in the concise language of 







abstract vector space. In this description the response and the excita¬ 
tion are represented by vectors f(s) and g(s), respectively, with s 
denoting the complex frequency. These vectors are related by a linear 
operator, or matrix, L(s) characterizing the system 

L(s)f(s) - g(s) (113) 

For a lumped network circuit, L(s) is a multiplicative function. For a 
transmission line, L(s) is a differential operator. In scattering 
problems, L(s) usually appears as an integral operator. 

In general, L(a) has a set of eigenvectors with corresponding 
eigenvalues s^. They are determined from the nontrivial solutions of 
the homogeneous equation 


L <s )v “ 0 (114) 

a a 

The eigenvalues s are the natural frequencies of the system and the 
eigenvectors v a represent the natural modes. As L(s) is in general 
not Hermitian, the eigenvalues s^ are in general complex. The real 
part of s^ describes the decay of the natural mode due to radiation 
or ohmic losses. 

T 

One next introduces the transpose L of L obtained by interchanging 
the two matrix indices of L 


(lV » (L) (115) 

mn nm 

T 

L has it6 own set of eigenvalues and eigenvectors. Its eigenvalues turn 
out to be identical to those of L. They likewise consist of the set s^. 
The eigenvector corresponding to the eigenvalue s will be denoted by 
, so that 

LT(s o )u a “ 0 (U6) 


-mSm* 
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as compared to (114). The eigenvector u lies In a vector space dual 
to that of v a> A scalar product between two vectors t|i and x belonging 
to two mutually-dual vector spaces can be defined as 


<*»X> - | > 


where the integration extends over the entire domain of definition of 
the eigenvectors, and x symbolically represents a general point of the 
domain. 

Suppose the eigenvalue spectrum of L is discrete. Then the response 
f(s) has a simple pole at every natural frequency « a . Furthermore, 
suppose a a is not degenerate, so that it corresponds to one and only 
one natural mode u^. Then, when the frequency s is very close to s^, 
the response f(s) is predominantly in the resonant mode v^. One can 
therefore put 


where is a function of s. To evaluate C one substitutes (118) into 
(113), and takes the scalar product of the resulting expression with 
the dual eigenvector u . The outcome is 


<yg(8)> 

Ca ’<yL ( s)v o > 

For s - s , one can make the following approximation 


L(s) “ L(s ) + (8 - s )L'(s ) 


where the prime on L denotes differentiation with respect to s. Substi¬ 
tuting (120) into (119) and making use of (114), one obtains 
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where g(s) has been replaced by Its value g(s a ) at the pole. Eqa.(118) 
and (121) show that in the immediate neighborhood of the simple natural- 
frequency pole s — s , the response f(s) has the form 


f(s) ' 


n v 


where n a is a coupling coefficient defined by 
<y a , g<s a )> 


( 122 ) 


(123) 


If, on the other hand, the natural frequency s^ is degenerate, the 
above calculation must be modified. Suppose s q corresponds to n natural 
modes v^, V£» • . • V Q . Then, by definition 


L (s a )v i - 0, i-1,2,. . .n (124) 

Similarly, the transpose operator L* of L has an n-fold degenerate 
natural frequency s^ with corresponding natural modes 80 

that 

L T (s a )Pi - °, 1*1,2,. . .n (125) 


When the frequency s is very close to s^, the system response f(s) will 
be predominantly distributed among the n degenerate resonant modes. 

One can put 


f(s) 


l C.(8)V., 
i-1 1 1 


for s “ 8 

a 


(126) 


where each is a function of s. Substituting (126) Into (113) and 
taking scalar products successively with p^, • • • p Q > oae obtains the 

following set of n linear equations 


■1 Cj <u i 

j-1 J 


L(s)vj> - <p ± , g(s) > , 


i-1,2, . . . n 


(127) 
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The solution of (127) becomes particularly simple if one chooses in 
advance the degenerate natural modes u ± and in such a way that the 
operator L'Cs^) is diagonal, that is, 

< 1 ^ , L'(s a )Vj > - <u t , L'(s a )v i > 6^ (128) 

Then, by (120), (124) and (128) one has 

<P i ,L(s)Vj>“ (s - s a ) <M 1 , L '( 8 a ) v i> 6 ij < 129 ) 

The solution of (127) becomes 


<W i » S(s a )> 


1 (s-s a )<U 1 ,L'(s (1 )v i > 


(130) 


where g(s) has been replaced by g(s a ). 

Therefore, when s is close to the n-fold degenerate natural frequency 
s , the response f(s) has the form 


£ <“> • vrr a j, Vi 


(131) 


where the coupling coefficients tk are 


<P i , g(s a )> 


1 <U ± , L ' ( s ot ) v ± > 


and the degenerate natural modes have been chosen to make the operator 
L'(s ) diagonal. 

Examples of the application of the formulas for simple-pole singularity 
expansion parameters can be found in [32,33]. 
















1.4.2.5 Numerical Approach 

The frequency-domain response of an electromagnetic system to an 
applied excitation can be described by a linear equation of the general 
form (113). The response is determined by constructing the inverse L - ^ 
of L, so that the solution of (113) is 

f(s) - L" 1 (s)g(s) (133) 

It is clear that f(s) has singularities at those values s of s that are 
eigenvalues of the operator L [see (114)]. When the inverse operator L -1 
is expressed in terms of the eigenvalues and the eigenvectors of L, (133) 
becomes a singularity expansion of f(s). 

In most practical problems, it will not be possible to determine the 
inverse operator L * analytically. Approximate numerical techniques will 
have to be employed. In general, in a numerical approach, f(s) and g(s) 
in (113) are approximated by finite-dimensional vectors. One such approach 
is t-.he so-called method of moments [34] in which a set of expansion basis 
functions {v ft } is introduced. The unknown function f(r,s) is then approxi¬ 
mated by 

M 

f(r,s) - l f (s)v (r) (134) 

n=l 

Substituting (134) in (113) one obtains 
M 

f n (s)L(r,s)v n (r) - g(r,s) (135) 

Next, a set of testing functions {u } is defined and the scalar product of 
(135) with each u is taken according to (117). Then 


l f n (s) <u m , L(s)v n > =<u m ,g(s)>, m-l,2,...N (136) 

n-1 

Under this scheme, L becomes a finite-dimensional square matrix whose 
elements are functions of s. Its inverse L 1 can be constructed by 
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standard methods of matrix inversion. The natural frequencies s^ are 
solutions of the equation 

det <u m , L(s)v Q > - 0 (137) 

and can be calculated numerically by iteration. The corresponding 

natural modes v and their duals u are then determined by (114) and 
a a 

(116). Knowing both the natural frequencies and the natural modes, 
one can calculate the coupling coefficients from (123) and obtain 
thereby the singularity expansion of f(s). 

Examples of numerical approaches to SEM can be found in [31,35]. 

For a comprehensive literature survey on SEM, the reader may consult [26], 

1.4.3 HIGH FREQUENCY, EARLY-TIME REGION 

At high frequencies, the electromagnetic fields away from source 
regions (whether actual, as on an antenna, or induced, as on a passive 
scatterer) can be approximated by equations that are simpler than the 
Maxwell vector field equations. The simplification arises from the fact 
that in the far zone of source distributions, the evanescent storage 
field can be neglected. The simplified equations are based on the 
assumption that ka » 1, where k ■ 2ir/X (with X representing the wave¬ 
length) is the wavenumber in the medium and a is a scale length describing 
characteristic observation distances, obstacle dimensions or medium 
inhomogeneities. The precise nature of a depends on the problem under 
consideration, and it is therefore convenient in the mathematical 
treatment to regard k by itself as the large parameter, keeping in 
mind that normalization in the combined form ka is intended eventually. 
This section will treat the high-frequency approximation methods based 
on the assumption that ka » 1. 

1.4.3.1 Ray Method 

The simplified equations resulting from ka » 1 are found to 
characterize the high-frequency field in terms of local propagation 
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the total field at P is synthesized by the sum of the fields reaching P 
along the various rays. The localization arises from the fact that 
high-frequency source distributions generate a spectrum of plane waves 
that interfere constructively along certain preferred directions, the 
rays, and thereby give rise to a strong field; along other directions 
that deviate from the rays, these waves interfere destructively and 
cause weak effects that can be ignored [36 - 38]. 

Along the ray trajectories, the constructively interfering plane 
waves can be characterized as a local plane wave. The local plane wave 
concept is central to the tracking of high-frequency fields. To under¬ 
stand what is involved, we consider the distinction between true «tiH 
local plane waves. A true plane wave in a homogeneous medium has a 
plane phase front (equiphase surface) A(r) ■ A q (constant) and an 
amplitude u(r) - u q (constant), where r is the position vector. The 
field propagates in the direction perpendicular to the phase front. 

These perpendicular trajectories, along which the phase front advances, 
point in the direction of VACr)]^^ and are the rays. For an observa¬ 
tion point P along a ray, the field differs from that at P' on the initial 
surface A q only by the phase change exp(-jkd), where d is the distance 
between P* and P (Fig. 16). A local plane wave describes a field 







characterized by non-planar phase fronts. The simplest example is that 
of a spherical wave. Ignoring the vectorial properties, the scalar field 
in the far zone is given by 


u£) 


C 


£^r 

kr 


(138) 


where C is a constant. If r=r denotes the initial wave front, then the 
o . 

rays point in the direction Vrl • 1. where 1 is a radial unit vector. 

I r * r 0 r r 

The field at P along the ray originating at P' differs from the field 
at P' not only by the phase change exp(-jkd) as in a true plane wave, 
but also by the amplitude change r Q /(r-r o ). This amplitude change 
identifies the field along the ray as a local plane wave field which is 
synthesized by constructive interference of a bundle or packet of true 
plane waves whose propagation directions are close to l r (Fig. 17a) 

Since energy in the high-frequency field, as carried by the local 
plane waves, flows along the direction of the rays, energy is conserved 
in a tube of rays. Thus, the energy density is inversely proportional 
to the ray tube cross section dA. The field amplitude is proportional 
to the square root of the energy density and therefore varies inversely 
with /dA. For the spherical wavefront in Fig. 17a, the ray tube is 

2 

conical and the cross section varies as r ; the amplitude therefore 
decreases as 1/r as in (138). When the wavefront has a more general 
shape as in Fig. 17b, the ray tube cross section dA may have two 
principal radii of curvature R^ and R 2 each centered on a surface 
called a caustic. 

The preceding considerations lead to the following formulation 
of the local plane wave field carried along a ray [37] 


u(r) 


(-At 

~ U A\dA / 


,-jkd 


^A 

dA 


(R L + d)(R 2 +d) 


(139) 


where u A is the initial field at P' on A (Fig. 17b), dA A is the initial 
ray tube cross section, and d is the distance from P' to P. The expression 
for dA^/dA in terms of R^ and R 2 is inferred from Figs. 17b,c. 
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(b) arbitrary phas# front 



(c) Ray tube cross sections dA^ and dA for arbitrary phase front. The 
principal coordinate directions are shown dashed. The principal 
radii of curvature R^ and R 2 are centered at the virtual foci 0^ 
and C^, respectively, from which emanate the rays passing through 
the points (P^,Pp and ( p 2 ,P P* Th ess rays are tangent to caustic 
surfaces and C 2 whereon lie the virtual foci descriptive of ray 
tubes cut out elsewhere on the phase front. The curves and C 2 
on the caustic surfaces correspond to rays passing through extensions 
of the principal coordinate curves P^P£ and ^ 2 ^ 2 ’ 


Fig. 17. Local plane waves, rays and ray tubes. 








The local plane wave field along a ray can be calculated by (139) 
from a knowledge of the initial field value and the ray geometry. The 
initial field value must be determined independently by solution of 
canonical problems. In the canonical problem, the incident local plane 
wave field may be replaced by a true plane wave field, and the obstacle 
configuration by a simpler geometry that nevertheless retains the correct 
local scattering properties. For the incident field in Fig. 15 the 
initial values on A can be calculated from the known source distribution. 
The reflected field is caused by the incident rays (ray 2 in Fig. 15) 
reflected at the obstacle surface. The reflection laws for local plane 
waves on a curved surface are the same as for true plane waves on an 
infinite plane surface tangent to the curved surface at the point of 
impact of the incident ray (canonical problem). Thus, the incident and 
reflection angles 0^ are equal. The initial value of the reflected field 
at Pj is given by the incident field at P,. multiplied by the plane wave 
reflection coefficient r(0^) descriptive of the reflecting properties 
of the boundary surface. The amplitude variation along ray 5, as 
determined by the ray tube cross section dA^, involves the surface 
curvature at P^, the curvature parameters for the incident wavefront, 
and the angle coordinates x end x i specifying the directions of the 
reflected and incident rays. Therefore, the reflected contribution to 
the field at P is given by (see ray 5 in Fig. 15) 


-jkd 

u 5 " u 2 r(0 i )M(5,2)e 



(140) 


where u^ is the initial field for ray 2 on surface A. To simplify the 
notation here and subsequently, we have written 

(dA A5 /dA) 1/2 = M(x 5 ,x 2 ) “ M(5,2) (141) 

The incident local plane wave field along ray 3 striking the conical 
tip of the obstacle in Fig. 15 excites a spherical wave front and there¬ 
fore a family of rays centered at the tip. The canonical problem for the 
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tip diffracted field is that of a plane wave incident on an infinite 
conical obstacle. That solution provides the diffraction coefficient 
D V (XiXi)» which the incident ray field is modified upon emerging 
from the conical tip. Here, x and X^ denote, respectively, the angle 
coordinates specifying the directions of the diffracted and incident 
rays. Thus, the contribution at P due to the local plane wave along 
ray 6 is 

-jkd 6 -jkd 3 

u 6 ~ D V (6,3) - kd ^ u 3 , u 3 ~ u A3 042) 

where u^ 3 is the initial field for ray 3 on surface A. To simplify the 
notation here and subsequently, we have written 

D v (6,3) = D v (x 6 ,X 3 ) (143) 

Although the canonical problem yields the diffracted field on the initial 
surface A^ in Fig. 15, the result can be expressed more conveniently as 
in (142) where relevant length parameters are measured from the tip. 

When an incident ray grazes a smooth segment of a scatterer (ray 4 
in Fig. 15), it excites a diffracted surface ray (also called creeping 
ray) that travels along a geodesic on the shadowed surface (ray 7) and 
sheds energy continuously (ray 8). Tbc launching amplitude L(X,X^) of 
a surface ray field and its amplitude variation M g (d^) along its geodesic 
path dy are determined from the canonical problem of plane wave diffraction 
by a smooth obstacle and have been found for special configurations. When 
a surface ray strikes the conical tip, it also gives rise to a spherical 
diffracted wave that adds a field u^ to the contribution at P arriving 
along ray 6. The canonical problem of surface ray field diffraction by 


While the problem of plane wave diffraction by a conical obstacle 
can be solved, no convenient form for the diffraction coefficient has as 
yet been developed. 
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the tip of a conical obstacle Is still under study; It furnishes the 
diffraction coefficient The field u£ Is then given by 


-jtta 

u' 6 ~ u 4 L(7,4)M s (d 7 )e ^6,7) ■ 


where dy is the surface ray path (geodesic) between the point of tangency 
of the incident ray 4 and the tip. 

Tip diffraction due to incident ray 3 also gives rise to a surface 
ray (ray 9) that emerges at P^q to contribute to the field at P along 
ray 10. The initial surface A' for shed surface rays is displaced from 
the obstacle surface but in the formulation of the diffracted field, it 
is again convenient to measure distances from the obstacle surface. Thus 

-jkd " jkd 10 

u 10~ U 3 D s< 9 > 3 >VV e L<10,9) ^kd^“ (145) 

where u^ is given in (142), dg denotes the geodesic length along ray 9 
from the tip to the shedding point P^q, and L(10,9) gives the shedding 
amplitude which can be normalized, so that it equals in form the launching 
amplitude. Although the surface rays 7 and 9 in Fig. 15 appear to coin¬ 
cide, they describe different trajectories since the points of tangency 
of ray 4 and departure of ray 10 are not identical. 

The total ray-optical field at point P in Fig. 15 is now given by 


where 


“i + “5 + “6 + «6 + u 10 

-Jkdj 
e_ 

U 1 U A1 kd x 


(146) 

(147) 


denotes the field along the direct ray from the source, and the remaining 
contributions, given by (140) - (145), are due to the presence of the obstacle 











The result in (146) contains only the dominant contribution from 
each of the ray fields. Generally, each ray field has, in addition to 
this leading term, a series of higher-order terms that decay inversely 
with k. The field is therefore given by an asymptotic expansion in 
inverse powers of. k. Validity of the leading term alone implies that 
the higher-order terms, in particular the second term, are small in 
comparison with the first. Some estimates of the accuracy of the 
asymptotically expanded field can be made on general grounds (see. 

Sec. 1.4.3.3.1) but for scattering problems encountered in practice, 
it is usually too difficult to apply them. Therefore, the range of 
parameters, for which formulas as in (146) are useful and valid, has 
been ascertained by comparison with canonical analytical solutions or 
with numerical solutions that can be generated independently. These 
considerations are illustrated in Sec. 2.1.2.2. For example, in 
transition regions near shadow boundaries, caustics, and foci where 
relevant ray field amplitudes tend to infinity, the use of uniform 
asymptotic methods provides a valid description. 

By the very construction of the field in (146), it is evident that 
the ray method decomposes a complicated composite scattering problem into 
a sequence of simpler (canonical) problems via the following steps: 

(a) Determination of the incident field over an initial surface A. 

(b) Determination of the reflected and diffracted ray fields that 
contribute at an observation point P. 

(c) Identification of canonical problems that treat separately 
each of the ray reflection and diffraction problems. The 
solutions of these problems furnish the initial amplitudes 
along various species of reflected and diffracted rays. 

(d) Synthesis of composite scattering problem by interaction 
(along rays) between canonical constituents. 

The various ray species arising in the diffraction problem of 
Fig. 15 have been associated with a perfectly conducting obstacle. 














When the obstacle has other surface features (for example, edges) or 
when it is penetrable (lossless dielectric), additional diffraction 
mechanisms and corresponding ray fields may arise [36- 38]. 

1,4.3.2 Equations for the Ray-Optical Field, and Their Solution [36- 38] 
1.4.3.2.1 Derivation of the Equations 

The scalar field u in an inhomogeneous medium with refractive index 
n satisfies the scalar wave equation 

[7 2 + k 2 (r)]u(r) - 0, k(?) - kn(?) (148) 


where k is the wavenumber in vacuum and k is the wavenumber in the 
o 

medium. By assuming that u at high frequencies (large k Q ) behaves like 
a local plane wave field, the wave equation can be simplified. In order 
to allow for corrections to the local plane wave assumption, we write u 
in the form of an asymptotic expansion (see Sec. 1.4.3.3.1) in inverse 
powers of k Q , wherein the local plane wave field represents the dominant 
(m-0) term 


u(r) - u 0 (r)exp[-jk Q i|)(r)] + exp[-jk 0 <j>(r)] l — 2 -^ (149) 

m-1 (-Jk ) 


The amplitude functions u , m* 0,1,2,. . ., and the phase function i|», 
are assumed to be independent of k Q . Substitution of (149) into (148) 

gives 

l <^(r)(-Jk o ) 2 ‘ m - 0 (150) 

m*0 

Since this equation must be satisfied for arbitrary (though.large) k Q , 
one equates to zero the coefficients to obtain from Q q “ 0 

[V«|»(r)] 2 ■ n 2 (r) (eikonal equation) (151) 

A unit vector 

t . (152) 

4 |v*(r)| u(r) 
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compatible with (151) then points in the direction of the normal to the 
equiphase surfaces ip(r) » constant, and may therefore be identified as 
the ray vector tangent to the ray trajectories. Since 


dr 

d£ 


(153) 


if r**r(£) denotes points on the ray trajectory and £ measures distance 
along a ray (Fig. 18), one may write (152) as 




(154) 


to obtain the ray equation. The notation n(£) implies that the observa¬ 
tion points r are constrained to lie along a ray. 



Fig. 18. Ray parameters. 
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The next term in (150) gives Q^«0, that is, 

[V^iJj(r) + 27\j;(r) • V]u Q (r) ■ 0 (transport equation) (155) 
which is equivalent to 

V* £ |u 2 (r) |n(r)| J - 0 (156) 

with the quantity inside the square brackets being proportional to the 
energy flux density in the local plane wave field flowing along the rays. 
Eq.(156) therefore represents an energy flux conservation theorem, which 
has already been applied in Sec. 1.4.3.1 on physical grounds (within a 
tube of rays) for the determination of u Q along a ray. 

From (^(r) - 0, m >.2, in (150) one obtains the transport equations 
for the higher-order amplitude coefficients that correct the local plane 
wave field. These equations are 

[V 2 <K£) + 2V*(r) • V]u B _ 1 (r) - - V 2 u m _ 2 (?), m i 2 (157) 

These recursive equations are more complicated than that for the dominant 
term u q , and it is usually Impractical to effect a solution for the higher- 
order coefficients u^, m >_2. However, these equations are useful for 
providing estimates on the range of validity of the local plane wave field 
assumption, which requires that lujjk^ << |u q | (see Sec. 1.4.3.3.1). 

From this requirement, one may deduce the restriction 

l ? n i y)l -—- << i (158) 

n(r) k Q n(r) 

which states that the relative change in the refractive index over an 
interval of the local wavelength A in the medium must be small; that is 
to say, the medium must be "slowly varying" on the local wavelength scale. 
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1.4.3.2.2 Ray Trajectories 


The ray trajectories are obtained by solving (154) subject to 
prescribed initial conditions. In a homogeneous medium with n(0 ■ 
constant, (154) reduces to dr/d£ ** constant, or r(£) ■ A£ + B, where 
A and B are constant vectors. Therefore, the rays are straight lines. 

In an inhomogeneous medium, the rays are generally smoothly curved. 
It may be shown that the curvature K of the ray is given by 

(159) 

where £ is the coordinate perpendicular to i and hence lies on a wave- 
front. Therefore, the ray is curved whenever the refractive index n 
varies along a wavefront, and the ray bends toward the direction of 
increasing n. This behavior is in accord with the application of 
Snell's law of refraction when the continuously varying medium is 
approximated by a sequence of locally homogeneous layers. In a plane 
stratified medium where the refractive index n(r) - n(z) varies along 
the rectilinear coordinate z only, the rays may be shown to be plane 
curves. A typical ray y»y(z) lying in the x«*0 plane (Fig. 18) has 
the functional form 


,-nf 


1/2 


(160) 


where (y o » z Q ) Is the initial point on the ray, and n = n(z)sin 0(z) - 
constant, with 0 defined in Fig. 18,is the ray parameter. By choosing 
different values of n according to different initial conditions, one 
may generate the entire ray family. The condition n = constant is 
a statement of Snell's refraction law when applied to a continuously 
varying medium. 

1.4.3.2.3 Phase and Amplitude 

The local plane wave phase V is determined from (152) by integra¬ 
tion along a ray 
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*(r) - *(r ) 


(161) 


- | n(£)d£ 

r 

where r Q and r are the initial and observation point along the same ray, 
and <l>(r o ) is the initial phase. 

In a homogeneous medium with constant n(r) ■ n Q , where the rays 
are straight lines. 


<Kr) - i/»(r o ) -ajr-rj - n Q d (162) 

as already noted in Sec. 1.4.3.1 from physical considerations pertaining 
to the local plane wave field. In a plane stratified inhomogeneous 
medium with n(r) * n(z), (161) yields for the ray in (160) 

f Z 2 2 1/2 

tKr) - ’Kr 0 ) - n(y-y Q ) + J [n (C) - rn] dC (163) 
2 o 

The local plane wave amplitude u q is determined by (155) or (156). 

By applying Gauss' divergence theorem to a volume contained within a 
tube of rays, (156) may be reduced to 


u D (r)l~ |u o (r Q ) | 


n(r o )dA(? o ) 1 1/2 
n(r)dA(r) . 


(164) 


where dA(r Q ) and dA(r) are, respectively, the ray tube cross sections 
containing the initial point and the observation point along the same 
ray. For a spherical wavefront in a homogeneous medium, (164) reduces 
to the result in Sec. 1.4.3.1. 

1.4.3.2.4 Ray-Optical Field 

The ray-optical (local plane wave) field u o exp(-jk^) in an inhomo¬ 
geneous medium can be constructed by combining the results from (161) 
and (164) to give 
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( 165 ) 


. . n(r )dA(r ) 1 1/2 f f r 

u(r) - u(r ) ---— exp -jk n(Od? 

° L n(r)dA(r) J L ° 4 J 


The validity of (165) is confined to slowly varying media, which are 
given by the condition (158). It is also restricted by the condition 

dA(r) 0 (166) 

i.e., to the exterior of focusing regions where ray crossings occur. 
Ignoring (166) would lead to the incorrect conclusion of infinite fields 
at caustics and foci. To accommodate focusing regions where the ray- 
optical field is invalid, it is necessary to employ transition functions 
that are derived by a more sophisticated set of equations than those in 
(151) and (155). 

1.4.3.2.5 Evanescent Fields [39,40] 

Evanescent fields decay exponentially along certain directions, 
even in a lossless medium, and are therefore usually ignored in the 
presence of non-evanescent fields. However, situations arise where 
evanescent fields, though weak, are the only fields to be observed, and 
their propagation and diffraction characteristics then become important. 
Configurations where the total field is evanescent include the interior 
of cutoff waveguides, the exterior of dielectric slabs or rods guiding 
trapped waves, the transmitting medium when an incident field is totally 
reflected at an interface, the "dark" side of caustics confining focused 
fields, and the off-axis regions of strongly focused beams. 

Like non-evanescent fields, high-frequency evanescent fields can 
be tracked by invoking the notion of local evanescent plane waves. 

Such waves are defined by the first term in (149) except that the 
phase is now complex just like the amplitude u q . Thus, one writes 
for the local evanescent plane wave field 

u(r) ~ u Q ( r) exp [ - j k Q i|> ( r) ] (167) 
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with 


i|»(r) - R(r) - jI(r ) , u Q (r) *= exp[w(r) - jv(r)] (168) 

where R, I, w and v are real functions of r. The phase fronts R(r) = 
constant advance along the direction of the unit vectors 

J . m ill t g = |v R | (169) 

6 8(r) 

while the field decays along the direction of the unit vector 

1 - , a s |vi| (170) 

o(r) 

On surfaces I(r) * constant, the field has constant exponential 
amplitude. 

When (167) and (168) are substituted into the wave equation (148), 
the reduced equations (151) and (155) remain valid. On separating 
into real and imaginary parts, one obtains from (151) the dispersion 
equation 

0 2 (r) - a 2 (r) - n 2 (r) (171) 

and also the condition VR • VI = 0, indicating that the surfaces of 
constant phase and constant exponential amplitude are orthogonal. 

Thus, the coordinates 5 and t form an orthogonal grid, with the 
5-trajectories (on which I * constant) referred to as "phase paths" 
and the t-trajectories (on which R * constant) referred to as "attenua¬ 
tion paths" (Fig. 19). The phase paths should not be confused with 
rays since the former are generally curved, even in a homogeneous 
medium. Whenever a varies along an attenuation path (i.e., on a 
phase front) so that da/dt ^ 0, then in view of (171) 6 will likewise 
vary along a phase front, even when n «* constant. Since 3 = w/V, 
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attenuation path 


power flow trajectory 
- O(l/k 0 ) 



Fig. 19. Surfaces of constant phase and amplitude. 


where u) is the wave frequency and V the phase propagation speed, different 
portions of the phase front propagate at different cpeeds. Hence, an 
originally plane phase front will become non-planar, and the phase paths 
orthogonal thereto become curved. Moreover, as indicated in Fig. 19, 
the power flow in the local evanescent plane wave field does not exactly 
follow the phase paths but deviates from them by an angle of 0(l/k o ). 

From (169) and (170) the equations for the phase paths and attenua¬ 
tion paths are 


[B(r)t ]- V3(r), —■ [a(r)t fc ] - Va(r) (172) 


Each of these equations, which must be solved simultaneously subject to 
(171), has the form of the ray equation (154) for the geometric-optical 
field. It also follows from (169) and (170) and the fact that I “ constant 
on a phase path while R = constant on an attenuation path that 


+ + dt < r 0 ) 

a(r) = a(r ) -r 2 - (173) 

° dt(t) 


- d ?(r ) 

3(r.) - 3(r ) -(174) 
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In (173) r Q and r are the initial point and observation point, respectively, 
along the same phase path, while dt(r ) and dt(r) are the spacings between 
corresponding neighboring phase paths (Fig. 20). Similarly, in (174) r Q 



and r^ are the initial and observation points, respectively, along the 
same attenuation path, while d£(r Q ) and d£(r^) are the spacings between 
corresponding neighboring attenuation paths (Fig. 20). Thus, as for 
the geometric-optical field, the (£,t) trajectory grid for the evanescent 
field provides the information required for the tracking of the phase 
gradient 3 and attenuation gradient a. 

When (155) is separated into real and imaginary parts, there 
result two coupled transport equations for w and v in (168) 

V 2 R(?) + 26(r) - 2u(r) - 0 (175) 

V 2 I{r) + 26(r) - 2a(r) - 0 (176) 
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For weakly evanescent fields with small a, the above equations can 
be solved by perturbation methods. Since g^ “ n (see (171)), where 
the superscript denotes the order of the perturbation, one observes 
from (154) and the first equation in (172) that the unperturbed phase 
paths coincide with the geometric-optical rays for non-evanescent 
fields. One then calculates along a phase path from (173), and 

thereafter g^ = (n 2 + [a^] 2 )^ 2 . Using g^, the phase paths can 
now be corrected from (172), and can be calculated by integrating 

g^ * dR^/d£ along a phase path. The exponential attenuation func¬ 
tion I along a phase path remains constant at its initial value. The 
transport equations in (175) and (176) can be solved in a similar 
manner. It rhould be noted that due to the need for tracking two 
functions a and g along mutually perpendicular trajectories, the 
propagation characteristics of high-frequency evanescent fields are 
less local than those of non-evanescent fields. 

1.4.3.3 Asymptotic Methods [41] 

1.4.3.3.1 Asymptotic Expansions 

Approximate evaluations of fields in the high-frequency regime 

commonly generate expansions in inverse powers of the wavenumber k, 

based on the assumption that k is large. An example is provided by 

the field representation in (149), wherein the leading term describes 

the local plane wave field. Expansions of this type, called "asymptotic 

expansions," generally do not converge; i.e., for a fixed value of the 

parameters (k Q and r in (149)). the series diverges because the expansion 

coefficients (u (’•) in (149)) grow as m + «. Nevertheless, these series, 
m 

although divergent in the strict mathemati'cal sense, are useful because 
they can be employed to approximate the field provided that only a finite 
number of terms is included. Loosely speaking, a calculation involving 
the first M terms in the expansion is legitimate provided that the (M+l)th 
term is smaller in magnitude than the Mth term. For a given M, this can 
always be accomplished by choosing the asymptotic-expansion parameter 
(l/k Q in (149)) large enough. A good indication of the quality of the 
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approximation can be obtained from the recognition that the error between 
the asymptotic representation involving M terms and the true value of 
the field is roughly equal to the magnitude of the (M+l)th term. Based 
on these considerations one can deduce the necessary restrictions on 
the parameters in a function represented by an asymptotic series. For 
example, validation of the local plane wave (ray-optical) field in (149), 
as given by the first term, requires at the very least that |u^/k Q J « ||. 
Improvement of the local plane wave field by inclusion of the m-1 term 
requires at the very least that l^/k^ « |ujJ, etc. In view of the 
error criterion cited above, it is evidently dangerous to push an asymp¬ 
totic expansion containing a few terms, and especially if only the leading 
term is retained, near the limit where the first omitted term equals in 
magnitude the last term retained. 

The preceding considerations can be phrased mathematically. 

Regarding k Q as the large parameter, a function F(r,k o ) (for example, 
the field in (149)) can be represented rigorously as follows 

P(?,t 0 ) - f F 0 <J)lf“ + V ? - k o> (177) 

m~0 

where R^^ is a remainder term. Making k Q large enough, one can reduce 
R^ to as small a value as desired (a good estimate of is given by 

|F^ + ^(r)k o ^~ ). Thus asymptotic series are not usually written in 

the form (177); instead, letting k Q ■* w , the summation is extended over 
all values of m 


F(?,k o ) - l F (?)£“. k Q -*■ - (178) 

m»G 

and it is implied that for any m 
p n + 1 <*> 

- T ■ + 0, as k + ■ (179) 

k F (?) 
o m 

However, for practical calculations involving fixed k Q and r, the series 
in (178) is to be understood in the sense of (177). 
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1.4.3.3.2 Asymptotic Evaluation of Integrals 


Field formulations exterior to actual or induced source distribu¬ 
tions generally involve integrals that extend either over a surface or 
volume in physical coordinate space, or over wavenumber space in a 
spectral representation (see Sec. 1.4.3.4). Such integrals are typically 
of the form 


I(«> - £ f(T)e -jflq(T) dt (180) 

where t = ^ T x ,T y» T z'* denotes the integration variable in a three- 
dimensional coordinate space, D is the domain of integration, f(r) and 
q(r) are analytical functions of t (with isolated singularities), and ft 
is a positive parameter (if ft is complex, one writes ft = |ft|exp(-j arg ft) 
and combines arg ft with q). When ft is large, the exponential term is 
rapidly oscillating for real q or rapidly decaying for negative imaginary 
q. Assuming that f varies slowly by comparison with exp(-jftq), one 
concludes that the major contribution to the integral arises from those 
regions in the r-space where q is slowly varying when real, or where 
(Im q) has a maximum when q is complex. These observations form the 
basis for approximate methods for evaluating I, which may be found in [42], 

1.4.3.4 Alternative Formulations of Diffraction Problems 

Diffraction problems of the type schematized in Fig. 15 can be 
formulated in various ways. Let the obstacle be perfectly conducting. 

The secondary field generated by the induced surface currents can be 
represented either in terms of the direct radiation from the elementary 
currents distributed over the obstacle surface A 1 , or in terms of a super¬ 
position of modal fields excited by these currents. One important 
example of the latter procedure involves modal plane-wave fields and 
results in the "plane-wave spectral representation." Both of these 
are formulated below. 

1.4.3.4.1 Induced Current Formulation 

Referring to Fig. 15, the total vector electric field E may be 
decomposed into a specified incident part E^, which would exist in the 
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shadow boundaries, reflection boundaries, and the surface of the cone. 
Thus, the dependence of the vertex diffraction coefficients on the 
distance parameters L , L m (m-0,1, . . .) is unknown sd- present. 

However, it is apparent from dimensional considerations that outside 
the transition regions the vertex diffraction coefficient must vary 
with complex frequency as s \ 

Some frequency-domain results for diffraction by a circular semi¬ 
infinite cone are given in [47]. Diffraction by a blunt tip is given 
in [48], and the transient diffraction of a scalar wave by a narrow- 
angle, semi-infinite cone can be found in [49]. 

1.4.3.5.4 Surface Diffraction 

Diffraction at a convex surface is a less local phenomenon than 
that at an edge or vertex, and for this reason its physical description 
is more complex. A portion of the ray trajectory follows a geodesic 
between the points and Q 2 on the surface, as depicted in Fig. 24. 

Thus, 5 - £ a + 5 q > where % Q is the straight line portion between Q 2 
and the field point P. In the paragraphs to follow high-frequency 
expressions for the field and current are given at observation points 
in the shadow region away from the shadow boundary. The accuracy of 
these expressions increases as the observation point moves further 
into the shadow region. If the observation point is in the illuminated 
region and away from the shadow boundary, the geometrical optics term 
dominates whose accuracy can be improved somewhat by including higher- 
order terms from the appropriate Luneberg-Kline series. The GTD 
description of electromagnetic diffraction at a perfectly-conducting 
convex surface has been given in [50,51]. 

In discussing the diffraction at a convex surface, it is convenient 
to introduce the factor 

T p (5 s ,s) - exp | - J u p (x,s)dx| (219) 

which describes in part the amplitude variation and phase shift of the 
pth surface-ray modal field between and Q 2 » Here, a p is the complex 
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attenuation constant of the pth surface-ray mode. Later, the super¬ 
scripts s and h are added to denote the soft and hard boundary conditions. 
The total field vanishes at the surface in the former case, whereas the 
normal derivative of the total field vanishes in the latter. Expressions 
for cip and the other GTD parameters for the convex surface can be found 
in Fart 2. 
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Diffraction where both the source point 0 and the field point P 


are away from the convex surface will be considered first. 

is shown in Fig. 24. Referring to (188) one has 

The geometry 

F(0,s) - E i (Q 1 ,s) 

(220) 

?(s) -U F(5 8 .8) +t b t G(5 8 ,s) 

(221) 

and 


/ d n i / P c 


£ ‘ <0 V in 2 1 i o (l> c + C o ) 

(222) 


is the net spreading factor for the surface ray and the diffracted 
ray Q 2 P. The tangential, binormal, and normal unit vectors to the 
ray at the point Q. (i-1,2) are denoted by f r ,t, , t .respectively. 

1 “-f 

Also in (221) 11 1 


F(5 ,s) - l dJJ(1,8)tJ(£ ,s)Dj<2 t s) 


P-1 


(223) 


G(« ,s) - l D®(l,s)T®(£ ,s)D®(2,s) 
p"l v p p 


(224) 


where D p (i,s) is the surface diffraction coefficient at the point Q^, 
and again the hard or soft boundary condition is identified by an 
additional superscript h or s. 

Next, let the observation point be on the surface at Q 2 . Now, 
the surface current and charge are of interest; they are determined 
from (195) and (196). The current can be put into the form of (188), 


J< v> + V» a » ,8> 


(225) 


- *(0.s).^( S )f 8 a 8 )e 


-85/ c 
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Furthermore, at high frequencies the continuity equation may be approxi- 


Referring to (225) with the source point at 0 away from the surface 


1(0,s) - ^(QpS) 


t?(5 ,s) - Y I D^(1,s)tJJ(5 c ,s)a)J(2,s) (230) 

s o ^ p p s p 

and 30(5 ,s) has the same form as <?(5 »s), except that the superscript 
s s h 

h is replaced by s. In the above expression the Ap(2,s) are the 

attachment coefficients required to convert the surface ray modal 

fields to their actual magnetic field strengths at the surface, and 

Y - 1/Z . 
o o 

From (226) the surface charge density P is given by 


* ±i - F ' 3 s/c 

pce,, 8 ) -1 •4 t « 1 ,.n 01 / 5 r. 


I 1 + D^(l,s)T*J(5 »s)A^(2,s) (231) 

iilc S I p P S P 


where the approximation 
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(232) 



has been used. Note that A (2,s) and dn 0 are functions of £ , but in 
P L h 3 

general they are slowly varying in comparison with Tp(£ s> s) and 

exp(-£ g s/c). 

It is convenient to treat the radiation from a slot or aperture 
in a perfectly conducting convex surface by introducing an equivalent 
source at each point in the aperture. The equivalent source is the 
infinitesimal magnetic current d3 m or the magnetic dipole moment dm 
defined by 


dj^CQpS) * sy dm(Q^,s) - l(Q 1> s) *t n da. 


(233) 


where f(Q^,s) is the aperture electric field and da is an infinitesimal 
area element at Q^. The electric field at P may be put into the form 
of (188) with 


¥(0,s) - [ dJ a (Q-^s) 

(integration over aperture) 

W s<5s ’ s>+ W sC£s ’ 8) 


(234) 

(235) 


. /T5T / p c 

V p c d *2 V 5 o (p c + ? o ) 


(236) 


in which di{^ is the angle between the tangents to a pair of infinites¬ 
imally displaced surface rays at and dif^ “ dr^/p,, is t!"angle between 
the tangents to the same two rays at In (235) 






(237) 


F s U s’ s) = ~ 4^ l I^U.s)^ s)D*;(2,s) 


’ P-1 


and W s) has the same f °™ as F s (£ s ,s), except that the superscript 
h is replaced by s. In the above expression the Lp(l,s) are the launching 
coefficients for the surface-ray modes. Using reciprocity it can be 
shown that 


(238) 


When the observation point is on the surface at Q , the surface 
current is given by (225) with 


where 


F(0,s) - j dJ m (Q 1>S ) 

(239) 


(240) 

11 d#. 

(241) 

<{ s ,s> ' ?fe’ r oJ l L 5 a>s)I p <{ s >8)A p (2 ' s > 

(242) 


and 3C g (5 s ,s) has the same form as t? s (£ s ,s), except that the superscript 
h is replaced by s. Employing (226) one finds the associated surface 
charge density to be 


p(s S ’ 6) x 


(243) 


For an infinitesimal electric current element^ I(Q 1> s)d£ at Q 
the diffracted electric field at P away from the surface is 
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CHAPTER 1.5 
SCALE MODELING 


I. 


f 


V 


1.5.1 THEORETICAL BACKGROUND 

In any study of electromagnetic phenomena it is ultimately 
necessary to determine the field quantities involved. If the system 
is at all complex, an analytical solution of the problem may be 
impossible to obtain and a computer solution based on the use of 
differential and/or integral equations prohibitively expensive. It 
is then necessary to resort to measurements, and these may also be 
desirable to validate any (approximate) theoretical and numerical 
results that have been found. However, even an experimental study of 
a full-scale EMP problem may be difficult and costly to perform because 
of the size of the system, and it is therefore natural to look to 
small-scale simulation or modeling as a means of facilitating the 
measurements. This technique has been widely used, particularly in 
scattering and antenna work where it is often convenient to perform 
the measurements on a small-scale version of the original system, but it 
can also be used co provide information about many other properties of 
the system. 

The modeling of electromagnetic systems is an important tool both 
theoretically and experimentally. The method of conformal mapping is 
an example in which a given system is modeled by another whose solution 
is easier to find, and the desired solution is then obtained from the 
model solution via the mapping function. The application of transform 
techniques can also be viewed as a form of modeling, and such modelings 
are often non-linear in the sense that the solution of the original 
problem is not linearly related to that of the model. The concept and 
feasibility of non-linear modeling in general is discussed in [1], and 
though it would appear to offer some advantages over linear modeling, 
the procedures have not yet been adequately developed. We shall there¬ 
fore confine our attention to the simpler case of linear modeling (or 
scaling), whose value is primarily in connection with experimental 
measurements. 
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The possibility of constructing a scale model of an electromagnetic 
system is based on the linearity of the field equations and the principle 
of electrodynamic similitude [2,3]. Within the confines of linear 
modeling, it is necessary to exclude systems having any non-linear 
component in the form of a non-linear impedance or medium (e,g_-, ferro¬ 
magnetic material), or a component which is time-dependent. In such 
cases, non-linear modeling is necessary to provide a precise simulation. 

It is a relatively simple matter to determine the conditions for 
a scale model to simulate the system. Consider a system in which E(r,t) 
and ft(r,t) are the electric and magnetic field vectors, where r denotes 
the position vector of an arbitrary point and t is the time. If, in 
the model, all variables are represented by primed quantities, we write, 
following [4] 


r “ pr', t » x t' 
E - g i ', $ * h 


( 1 ) 


where p, t, g and h are respectively the mechanical, temporal, electric 
and magnetic scale factors. We remark that four factors are all that 
are needed, since only four fundamental units (mass, length, time and 
charge) are required to describe an electromagnetic quantity. In both 
systems the fields are required to satisfy Maxwell's equations and the 
constitutive relations, and if e(r) and y(r) are the (complex) permitti¬ 
vity and permeability respectively, then at corresponding points of the 
systems 


- ES. . 

Th 1 




( 2 ) 


In a similar manner the relations between the other electromagnetic 
quantities in the two systems can be derived. 

For any arbitrary choices of the scale factors p, g, h and t it 
is theoretically possible to construct a model to simulate a full-scale 
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system exactly. In practice, however, there are certain restrictions 
on the factors due to the limited ranges of variation of e and p in 
actual media which can be used in the model. One of the media in the 
full-scale system is often free space (air) and it is generally desirable 
to simulate this using free space in the scaled model, not only for 
convenience but also because of the higher attenuation in most other 
media. This is certainly customary in scattering and antenna measure¬ 
ments, and it now follows that for these regions of the model 

e’ - e, p 1 - v (3) 

Since (2) must be satisfied everywhere, (3) must be true for all media, 
implying 

- 1 - 4 (4) 

•th xg 

from which we have 

T " p, g ■ h (5) 

The temporal and mechanical scale factors are therefore identical, as 
are the magnetic and electric ones. Thus, for a system and its model 
in a co mmo n medium, there are only two factors, p and h, which can be 
arbitrarily chosen. 

The restriction h * g imposed by (5) can be understood by noting 
that h/g is the ratio of the wave impedance at a point in the model to 
that at the corresponding point in the full-scale system. Since the 
same medium is used in both, the impedances must be the same. Note 
also that the restriction fixes only the ratio of g to h and does not 
restrict the choice of either. If h is left arbitrary, the model has 
been termed [4] a geometrical one in which the geometrical configurations 
of the lines of force are simulated but not the power levels of the 
full-scale system. On the other hand, if a specific value is assigned 
to h « g the model is an absolute one in which the power levels are 
also simulated and quantitative data are obtained immediately. 
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In spite of the fact that the power level used in a geometrical 
model is unknown, it is still possible to obtain quantitative results. 

The most common method is to employ a standard whose performance is 
known. To illustrate the method let us consider the problem of deter¬ 
mining the radar cross section of a target. If the model is simply a 
geometric one, the scattered power is compared with that scattered by 
another body such as a sphere, plate or corner reflector when placed 
at the same position as the target and illuminated by the same field. 
Provided the scattering cross section of the calibrating body is known 
(usually from computations) the cross section of the target can be 
found. This is the customary procedure, but note that if in the model 
experiment the incident power is tapped and measured directly, h can 
be determined and the model becomes an absolute one. 

Let us consider now a geometrical model in which only the mechanical 
scale factor p is assigned. The ratio of any full-scale length to the 
corresponding model length is thus given by p, which is usually chosen 
to yield a model of convenient size for the measurements. The relations 
between some of the more important electrical (and other) quantities 
are listed in table 1. 

Linear (or scale) modeling is an important tool. It can make 
possible the study of a large system in free space using a small scale 
version in, for example, the controlled conditions that an anechoic 
chamber provides, but it is not without its limitations. If one of 
the media Is lossy it may be very difficult to find a material which 
simulates this at the scale frequency and, in practice, it is generally 
impossible to scale precisely the non-zero impedances associated with 
any circuits, antennas, etc. The extent to which this is a major 
shortcoming depends on the quantities to be measured. 

1.5.2 SCALE-MODEL MEASUREMENTS 

The scale model actually used in measurements may be plastic 
(assembled from a hobby-shop kit), a manufacturer's table display model, 
or one specially constructed from wood or metal in a machine shop. Non- 
metallic models are given several coats of silver conducting paint, and 
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mounting holes are cut as necessary for the accommodation of surface 
field sensors. It is important to note that it may be impractical to 
model, in the case of aircraft, its finer details such as wing flaps, 
windows, or other airframe discontinuities. Even if this were possible, 
the sensors used may not be small enough to detect the local field pertur¬ 
bations produced by these discontinuities. Thus scale-model measurements 
are best suited to the determination of "large-scale" currents and charges 
on conducting bodies. 

The configuration of the scale-model measurement facility at the 
University of Michigan is shown in Fig. 1. Its major components are 


Anechoic Chamber 



Fig. 1. Surface-field measurement facility at the University 
of Michigan. 
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the tapered anechoic chamber SO feet in length, the signal source, the 
receiver, and the control and recording equipment. This system is 
linked to a large computer where the data are processed. The operating 
frequency range of this facility is presently 0.45-4.25 GHz. In 
practice, the maximum useful frequency range for scale-model measurements 
is 0.1-10 GHz. Below 0.1 GHz standard absorbing materials no longer 
provide a good simulation of the free-space environment, and above 
10 GHz it is difficult to make sensors which are small in comparison 
to wavelength and yet have adequate sensitivity. 

Some typical probes and sensors used in measurements are shown 
in Fig. 2. The AFWL-designed sensor series MGL-8 and ACD-1 [5] are 
useful on larger models (linear dimensions > 50 cm), but on smaller 
models it is usually necessary to rely on miniaturized sensors which 
are specially fabricated. These typically take the form of loops, 
half loops, and monopoles made of 0.52 mm diameter coaxial cable. 

These small senaors may be individually calibrated; or it may be more 
convenient to calibrate the entire system of which the sensor is a part [6]. 


MGL-8A(R) B-dot 



ACD-IA(A) D-dot 


a 37 Z37 


B-dot 


D-dot 


B-dot 


Fig. 2. Types of laboratory-made sensors used in scale-model measure¬ 
ments. The top ones were developed by AFWL and those at the 
bottom were made in the Radiation Laboratory at the University 
of Michigan. 
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The accuracy of scale-model measurement data can be dc "ermined, at 
least for simple test objects, by comparison of the data with theoretical 
predictions. In the Michigan facility, the measured data agree with 
theoretical predictions within ± 0.5 d£ in amplitude and ± 2.5° in 
phase for a spherical test object. The sphere is probably too simple 
a test object to adequately determine model measurement errors. However, 
the following sources of error can be identified from experience at the 
University of Michigan [7,8]: 

(a) Background noise as evidenced by a measured signal in such 
cases when, from symmetry, the true field component must be 
zero. This encompasses the effect of equipment (thermal) 
noise, the impurity of the field in the chamber, errors in 
the alignment of a sensor on the model, signal and gain 
instabilities of the equipment, and possible interactions of 
the sensor lead with the model. Such noise can be pictured 
as a circle of uncertainty about the measured value in the 
complex plane. When all quantities are normalized to the 
incident field value, the magnitude of the noise signal is 
typically of order 0.2, and the signal itself can be written 
as 0.2 exp(jt|>) , where is arbitrary. The error due to the 
noise is therefore only 2 percent for measured fields of 
magnitude 10, but can be as much as 20 percent (or larger) 
at stations in shadow regions where the field amplitudes are 
unity or less. 

(b) Phase errors due to errors in positioning of a model with 
respect to the incident field reference plane. With adequate 
care it is possible to position models to within ± 1.5 mm of 
the desired location, which translates to an average phase 
error of ± 4 degrees. In many instances, however, the models 
themselves are not accurate to this extent, leading to an 
additional phase error. 

(c) Errors produced by sensor integration when measurements are 
made near edges and small-radius surfaces that create fields 
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which are non-uniform over the dimensions of the sensors. 
Although the sensors used are only 2 to 3 mm in size, the 
averaging effect can produce as much as 20 percent reduction 
in amplitude with models as small as a 1/383 scale E-4 [8]. 
Fortunately, the trend is to the use of lower measurement 
frequencies and larger models for which the integration 
error should be no more than about 5 percent. 

The probable error resulting from these effects differs from case 
to case, but from comparisons of data using different scale models it 
would appear that in most circumstances results can be obtained which 
are accurate to 1 dB in amplitude and 10 degrees in phase, provided 
good models are available. 
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CHAPTER 1.6 
ERROR ESTIMATION 


The application of theoretically or empirically derived formulas 
to the prediction of the behavior of a given system necessarily involves 
some degree of inaccuracy, since a mathematical model of a given physical 
system can never take all of the features of that system into account. 

The essence of mathematical or scale modeling is to treat those aspects 
of the system that are judged to be of the greatest importance and to 
ignore the remainder. Thus, given judicious choices of models and 
accurai^mathematical analyses, one can predict the behavior of the 
modeled system with a certain degree of accuracy, but never with exacti¬ 
tude. It is therefore desirable that the accuracy of a given theoretical 
model be estimated and that this estimate be used in conjunction with 
the application of the model to a specific system [1,2], 

Since the systems considered in this document (e.g., aircraft and 
missiles) are so complicated, they are broken down for modeling purposes 
into simpler subsystems which are amenable to analysis. The basis for 
this decomposition is the topological concept described in Chap. 1.2. 
Given the error estimates for the individual subsystem analyses, the 
problem of error analysis for the system itself becomes chat of properly 
combining the error estimates for the subsystem analyses. It is the 
objective of this chapter to present a formalism by means of which this 
error-combination process can be accomplished. 

Since the error in a given subsystem analysis is not precisely 
known, a probabilistic approach to the problem of error description 
will be useful. This approach and its method of application are 
described in the following sections of this chapter. We begin in 
Sec. 1.6.1 with a general discussion of linear EMP interaction models 
and of the probabilistic description of the Bystem response functions in 
the frequency and time domains. Then in Sec. 1.6.2 are considered the 
input quantities required for the error description of the stimulus and 
transfer functions. The error description of an elementary (single¬ 
path) response function is developed in Sec. 1.6.3. In Sec. 1.6.4 we 











discuss the problem of error analysis for series and parallel interaction 
paths. Confidence bounds are considered in Sec. 1.6.5. 


1.6.1 GENERAL CONSIDERATIONS 

The EMP Interaction problem is assumed to be linear and describable 
by frequency-domain relations of the form* 

B-ij(«o, [ v n ] ;i) - (1) 

in which 

to = electromagnetic field frequency in radians/sec; to 
■ 2irf, where f is the frequency in Hz. 

[V Q ] - vector describing the electrical state of the 
system; n-1,2 . . . ,N. 

Z - ith topological layer or shell of shielding in the 
interaction problem; i » 1,2, . . . ,L. 

(u>, [V n ] ;)l) ■ frequency-domain response at the ith 
response point in the ith layer, due to a stimulus 
at the jth point of entry (POE) of the ith layer 
i - 1,2, . . . f 1(A); j -1,2, . . . , J(i). 

sL(w;i) - frequency-domain stimulus applied at the jth POE 
of the ith layer. 

(u>, [V^] ;i) - transfer function which produces 
hi (“, [V n ];from * 

The total response R^(w,[V n ];i) at the ith response point to the 
J stimuli is given by the sum of the individual responses, viz., 

JQO ~ 

R,(w,[Vj;i) K I R^<m.[VJ;R) 

i n n 

In this chapter, frequency-domain relations are expressed in terms of 
real radian frequency w (i.e., s-jw). 
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which gives, in view of (1) 


^(tt.lVji*) 


J(*) - 

I T..(u,[V l;JOS,(a»;JO 
j-1 3 3 


The transfer functions Ty may themselves represent several series and/or 
parallel interaction subpaths, and are then expressed in terms of elemen¬ 
tary transfer functions T?. as 


P(i.j) M(p,i,j) 

.(•.tv ]j*> - i n C 

J p-1 m-1 


(<*>, [V j*,t) 


(3) 


in which denotes the transfer function of the mth series portion of 

the pth parallel subpath. P(i,j) denotes the number of parallel subpaths 
linking the jth POE or stimulus point to the ith response point, and 
M(p,i,j) is the number of series segments of the pth parallel subpath. 
These transfer-function relations are shown in Fig. 1. The time-domain 
response function (t,[V Q ];£} is the Fourier integral of the frequency- 
domain response R^(u,[V ft ];£), namely 


Rijtt.lVjjJQ 



^ij (w, IV n ] ;i)e^ wt do) 


(4) 


The error estimation problem for the linear interaction model which 
has been described above is that of combining errors in the transfer 
functions T^ p and the stimulus functions to obtain the resulting 
error in the frequency-domain response R^. From the error in the 
frequency-domain response, one may calculate the error in the time-domain 
response by evaluating a Fourier integral. 

We shall assume in the remainder of this chapter that R^, Tjj (or Ty p ), 
and Sj represent the true values of the response, transfer, and stimulus 
functions respectively, and that the predicted values of these quantities 
are respectively R^, T^ (or T^^)» and . We may then treat the R ij’ 
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T.., and S. aa confidence-error random variables distributed around the 
predicted values R^, T^, and S^. More precisely, R^, T^, and Sj are 
stochastic processes with parameter u, whose sample functions are distri¬ 
buted around the functions Ry, T^, and Sj. If it were possible to 
obtain a complete probabilistic description of the random processes (to) 
and Sj(u>) in terms of their joint probability density functions, one 
could derive a complete description of the response process *ij (w) and 
thus of its Fourier integral R^(t) [3,4]. Such an endeavor is far too 
complicated to be pursued here; rather, we shall focus our attention on 
a partial probabilistic description of the time-domain response process 


such a partial description. 


and its variance. These are defined as [4, pp.l38ff.]. 


<t>} - R^t) - expected value of R^ (t) 


r{R ±j (t)} - [r^O - R^Ct)] 2 


£ denotes the expectation operator. The mean function (t> exhibits 
the central trend of the sample functions of the process R 1 j(t); the 
variance function measures the amount of spread of the sample functions 
around the mean. A closely related quantity which we shall also consider 
is the expected value of the energy in the response 


var{R^.(t)}dt + 
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The frequency-domain quantities necessary for the determination of 
the mean and variance of R^Ct) and the expected value of the energy 
in the response are the mean and covariance functions 


fifty <«)} - 

cov{r^j (w) , Ry (m')} - Ry (w)Ry (<*)') - Ry(o>) R*j (to*) 


(7) 


since, as is easy to show, 


v«-££, v“ )eJ “ d “ ( 

var{Ry (t)} “(^f) f | cov{Ry(w), Ry (<*>')}e^ w " “ ^doidai' 
Equivalently, we may consider Ry(m) and the correlation function 

cor{Ry («), Ry(o>')} - Ry(ui).Ry (u') ^ 

- cov{Ry(u>), Ry( w ')} + Ry(<tf) Ry(a>') 


The error-analysis problem therefore reduces to that of determining 
the mean and correlation (or covariance) functions of the frequency- 
domain response process Ry(w). These are expressed in terms of the 
stimulus and transfer functions as 


R(u) - T(w)S(w) 


R(u»)R*(u') - T<<o)T*<ui*)SC oj>S*Coj*) 


( 10 ) 


in which the subscripts have been dropped. 





/ 


We shall assume that the frequency-domain processes T(iu) and S(m) 
are uncorrelated; this assumption is reasonable in view of the linear 
model under consideration. Thus (10) simplifies to 


R(u>) - T(u>) S(u>) 


R(tt)R*(»*) - T(m)T*(m') S(u))S*(o)') 


( 11 ) 


and the mean and correlation functions of R(ai) are simply the products 
of the corresponding functions for T(m) and S(w). In the next section 
we will turn to the problem of evaluating the mean and correlation 
functions of T(w) and S(u) in terms of an assumed error model. 


1.6.2 ERROR SPECIFICATION FOR STIMULUS AND TRANSFER FUNCTIONS 

The transfer function T(ui) and the stimulus S(id) can be expressed 
as the sums of the predicted values of these quantities, T(o>) and S (u>) 
respectively, and error random variables e t (w) and e g (oj) 

T(m) - T(u) + e t (io) 

U2) 

S(u>) ■ S (to) + e g (u) 

Expressing the mean and correlation functions of T(to) and S(oi) in terms 
of this representation, we find that 

T(w) “ T(w) + e t (“) 

S(iu) = S(ui) + e g (<o) 

(13) 

T(u>)T*(u>') - T(u)T*(a)') + T(u))e*(u)') 

+ T*(ui’)e t (a)) + e t (u))e t (a)') 
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S(co) S (oj*) - S(u>) S (u>') + S(w)e (w') 


+ S (w')e (to) + e (to)e (to') 


(13) 


The quantities necessary for the error specification of T(u$) and S(to) 
are therefore the mean and correlation functions of the error random 
variables e t (w) and e g (to). 

Now we introduce certain assumptions concerning the error random 
variables e t (u>) and e g (w). The fundamental assumptions are that 

(a) the magnitudes and phases of e t («) and e g (u>) are independent 

(b) the phases are uniformly distributed on intervals of width 2ir. 

These assumptions imply that at a given frequency <o, the point T(u) in 
the complex T-plane is surrounded by a "circle of uncertainty" whose 
radius is measured by |e t (w)|. The probability that f(w) lies within 
a distance |t Q | of the point T(w) is therefore given by [4, p. 94] 

. f l*J 

P j|e t U)| < |t 0 |J - I f |e t (m)| (T)dT (14 

where 


f |e t (u)l 


probability density function of the random 
variable |e t (u»)| 


Similar statements also hold for S(w). As an example, if je t (m)| has 
a Rayleigh density and a mean-square value ]e t (u)p *» <e^(w)>, then 


I (t) - ■ 


-T 2 /<€^(U)> 


IV“>I U <e 2 (u)> ' 

1 0, and zero otherwise; and (14) gives 

P {|e t (u>) | < |t o | j - 1 - exp(-|t o 


2 /<e 2 (u>») 


(15 


(16) 










The above two assumptions also imply that e t (w) - e^w) “ °» so 
that there is no systematic bias in the predicted values T(u) and S(u>); 
if such a bias were known (or suspected) to be present, it would be 
incorporated into the predicted values. Thus the zero means of e^Cu) 
and e g (w) can be considered to reflect a maximum degree of ignorance 
concerning these errors. 

It is also convenient to express e t (w) and e a (to) as-being propor¬ 
tional to T(w) and S(oi), respectively, 


e t (w) “ x t (u))T(w) 
e s (w) - ic s (u))S (<o> 


(17) 


in which the constants of proportionality are the random variables x t (w) 
and £ s (oi). These random variables have phases which are independent of 
their amplitudes and which are uniformly distributed on intervals of width 
2ir. Their mean-square magnitudes are respectively (to)and <x g (w». 

The expressions (17) are useful for dealing with frequency-domain 
error estimates expressed on a fractional or percentage basis. 

The above two assumptions permit us to write 


T(w) - T(w) 


S(u>) - S (u>) 


T(o))T*(<o') - T(u>)T*(to*) | 

[l + x t (m)x* ((s’) 

S(w)S*(w') - S(tt)S*(<d') 

[l + x a (o))x*(u') 


from which it is easily shown that 






1 


? 

cov{T(w), T(oj')} - 

cov{S(w), S(w')} - S(u)S*(tu , )x 8 ((o)x*(a»') 
var{T(ai)} - <x 2 (w)>|t(o)) | 2 
var{§(w)} - <x 2 (w)>|s(w )| 2 

It la apparent that the correlation functions of the error random 
variables x t (w) and x a (u>) are the quantities which are necessary for the 
determination of the mean and variance of the time-domain response. These 
correlations could be readily evaluated if the joint probability densities 
of x t (w) and x t (u'), or and x*(w'), were known. It is, however, 

unlikely that such information would be available in a practical situa¬ 
tion. Thus we must either be provided with the actual or estimated error 
correlation functions themselves, or be satisfied with such information 
concerning the time-domain response as can be gleaned from a knowledge 
of the mean-square values <x 2 (a>)> and <x 2 (w)> alone. 

In the next section we consider the combination of these error 
specifications into error measures for an elementary or sirgle-path 
response function. 



1.6.3 ERROR ANALYSIS FOR AN ELEMENTARY RESPONSE 


When the input-output relation in the frequency domain is of the 
form R(w) ■ T(o>)S(co), we say that the response is elementary. The mean 
and variance of the frequency-domain elementary response are 


R(w) - T(w)S(u) 5 R(u) 

var{R(u>)} - |r(u>)| 2 [ (1 + <£ 2 (m)»(l +<x 2 (-o)» - l] 
and the mean-square value of R(u) is 


( 20 ) 




286 






|ft(o>)| 2 - var{R(w)} + |r(u>) | 


( 21 ) 


- |r(w)| 2 (1 + <i 2 (w)»(l + <x 2 (u)» 

From (4) and (20); the expected value of the time-domain elementary 
response is 

RU7 - ^ J R(m)e Ja)t d<d = R(t) (22) 


Thus, the expected value of the response in either domain is identical to 
its predicted value. 

The variance of the time-domain elementary response is 

var{R(t)} - ) | | R(oj)R*(o)') | x g (m)x^(w') + x t (u)x*(a>') 

~ <V (23) 

+ x g (w)x*(u>') x t (u>)x*(<!)') je^ <tt “ a) ^dudo)' 


It is apparent that var{R(t)} will be difficult (or at least tedious) to 
evaluate, except perhaps under very special circumstances. Furthermore, 
it is probably unreasonable to expect that the correlation functions 
x^aOx*^’) and x t (w)x*((i)') would even be available for use in (23). 
Therefore, although (23) is a correct expression for var{R(t)}, it may 
not be practically useful. Thus we must seek an alternate measure of 
the variance of the time-domain response. 


It is not difficult to show that the integral of var{R(t)} over 
time is 


| var{R(t) }dt - ~ j var{R(u>)}dw 

" Jv l l RCui) | 2 [<x g (u»)> + <x 2 (uj)>+<x g (iij)><x 2 (a)}> ] dm 












In which E denotes the expected value of the energy In the response 
end E° denotes the predicted value of this quantity, namely. 


E-^l |i.Cui) I 2 [l + <x 2 (w)>] [ 1 + <x 2 (w)>]du> 
E°-^-j |R(w)| 2 dw-j [R(t)] 2 dt 

Thus if R(t) has a reasonably well defined duration, say t, then the 
variance of R(t) can be estimated by 

var{R(t)}~i (E-E°) - 


( 25 ) 


(26) 


An estimate of the relative fluctuation f^ of R(t) around its expected 
or predicted value is then given by the quantity 


f r = (E/E° - 1)** > 0 (27) 

If the mean-square errors <x 2 (u)> and <x 2 (w)> are independent of w, 
then 

var{R(t)} (<x 2 > + <£ 2 >+<i 2 ><£ 2 >) 

(28) 

f r “ ( <*s> + + <*s ^t^ 


In the next section we discuss error measures for non-elementary 
response functions, i.e., those arising from series and/or parallel 
Interaction paths. 

1.6.4 ERROR ANALYSIS FOR NON-ELEMENTARY RESPONSES 

In this section we will discuss the development of error measures 
for response functions resulting from series and/or parallel interaction 
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: ■ ; 

t , 1.6.4,1 Series Interaction Path* i 


| 1 The transfer function T^ p (u, {V^] ;1) which represents e series 

\ { connection of intersction subpsths is represented as s product of 

r i individual transfer functions: 

i 

‘ . M(p,i,j) 

» , T ljp<“* [V n I;£) “ jn ^,p(».[V* i) <29) 

In which represents the transfer function of the nth series 

' portion of the pth parallel interaction path. Thera are M such portions 

^ comprising the pth parallel path. We assume that the errors in the 

I I series subpath transfer functions are uncorrelated, i.a.. 






Now by incorporating these results in the analysis of the previous 
section, we obtain the following error measures for the response R p 

R p (w) - R p (ui) ■ S(oi)T p («) (34) 

var{R p (oi)} - |R p (u)| 2 j [1 + <x 2 (io)>] TI^ [1 + <x“ p (u) 2 >] - lj 

- |R p <tu) | 2 - |R p (<*>) | 2 (35) 

yt) - R p (t) 06) 

var{R p (t)} - (^-) J | ?»p(m)R*(d> 1 ) W ^ t dwdw' 

j [l + i a (*.)*J( U ») ] jj [l + i“ p (o))i“p(«’ )*]-l J (37) 

E p - £ j" |R p («) | 2 [1 + <i 2 (o>) >] jj [1 + <x“ p (a)) 2 >]dm (38) 

In the special case where <x 2 (w)> and <x® p (w) 2 > (m - 1,2,3,. . ., M) are 
independent of w, we have 

E - E°(l +<i 2 » n tl + < (X° ) 2 >] (39) 

v p m-1 

var{R(t)}~.^ j(l +<x 2 » +<(x“ p ) 2 >] - lj (40) 

f r - J (! + <x 2 » (1 + <(x“ p ) 2 >] - 1 j ^ (41) 
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The frequency-domain response R(w) resulting from the presence of 
parallel interaction paths is represented as the sum of the responses 
due to each of the parallel paths, namely, 


R(w) - l R (u) 
P-1 


If we assume that the errors arising from each of the F parallel paths 
are uncorrelated, then we obtain 


R<«) - l R (<o) - l R (w) 
P-1 P-1 p 


var{R(to)} - l var{R (o») } 
P-1 P 


cov{r(w) , R(u>')} - l cov{R (m), R(a>*)} 
P-1 P 


in the frequency domain, and 


R(t) - l R (t) - l R (t) 
P-1 P P-1 P 


var{R(t)} - 1 var{R(t)} 

P-1 


in the time domain. 


Denoting by E and E the expected and predicted values of the energy 
in the total response respectively, and by and E° the expected and 
predicted values of the energy in each of the P response functions 
R (u) or (t). we can show that 











1.6.5 CONFIDENCE BOUNDS 

A confidence bound on the error in a given quantity of interest 
is the probability that the error is greater than, or less than, some 
specified value. For example, consider a random variable v which is 
the sum of a "true" value v q and an error random variable e v 

v “ v 0 + e v (49) 

A confidence bound on the error in the quantity v would be expressed as 


p {| e v l > e 0 } l b < e 0 > <50) 

in which b(e Q ) is a function of the real, positive variable e Q . 

Consider as a specific example the case for which |e [ is a 

v 2 

Rayleigh-distributed random variable with mean-square value (e^. 

Then it is easy to show that 

p {l e v l l e Q } " exp(-e^/<ej» (51) 
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and therefore that, e.g. 


?fl«J - o.ou 

rf|e v l > <<£>*} - 0.368 (52) 

P{l« v l >|<4>*} - 0.779 

If the probability density of the random variable of interest is not 
known, it. is possible to obtain general (but not necessarily tight) con¬ 
fidence bonds. A useful starting point for such confidence bounds is the 
inequality of Bienaym£ [A] 

p{|x-a| 1 a J 1 of n e{ |x-a| n } (53) 


in which x is a random variable and a, a and n are parameters. In this 
chapter we have assumed that mean-square values of the error r andofa 
variables of interest will be availa b le; so let us choose a- 0, x»e v , 
a m e Q , and n*2. ' Then (53) becomes 


»•„} 


(54) 


which iu a confidence bound expressed in terms of the mean-square value 
of the random variable e^. To demonstrate that this bound, because of 
its generality, may not be a tight one, compare (52) with similar 
results from (54) 


*{|e„| > 2<e^l < 0.25 

*{|e v l ><4*1 <!•» 
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Since the probability of any event ia less than or equal to unity, the 

2 2 

bound (54) is useful only when <e v >£ e Q . 

As a simple example of the application of a bound of the form of (54), 
consider an elementary frequency-domain response 

&(o>) - |(w) + e r (w) 



- E(u)[1 + x r (w)J 

(56) 


- R(u)[l + * t (v) + + i t (“)i s (u)l 


The mean-square value of the relative error x r (w) is 



<iy(o))> - <x£(w)> + <x*(u>)> + <x£(w)^<x^(o>)> 

(57) 

Thus, 

from (54) 



*{ !*.(«>) 1 > * G } < -7 [<i*(w)> + <*b(“» + <**<“» <*J<«)>] 

x o 

(58) 

where 

x Q is a real, positive parameter. If 



<**(«■») >* " <« 2 <»)>* - 0-10 

(59) 

then, 

for example, 

P{ |i r (o») l >0.25} £0.32 

(60) 


implying that the probability that the magnitude of the relative error 
in the response exceeds 25Z is less than 32Z. 

Examples of the application of the paterial in this chapter to 
specific problems will be found in Sec. 3.2.5. 
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CHAPTER 2.1 
EXTERNAL INTERACTION 


EMP Interaction with electrical systems inside structures such as 
aircraft, missiles, satellites and buildings depends upon many factors. 

To make the interaction analysis tractable the entire process is 
separated into three approximately Independent parts which ac.wunt for 
the external interaction, the mode of penetration to the inferior of 
the structure, and the excitation of the elements of the electrical 
system within the structure. The approximations involved in this 
procedure are that the electromagnetic field external co the structure 
is independent of the interior system (i.e., lire orcein must be at 
least partially shielded from the electromagnetic field) and that the 
mode of penetration is insensitive to the components of the system 
interior to the structure. This chapter deals with EMP interaction 
with the outer surface of the outermost layer of a system in the 
topological model, for example, the exterior surface of the aircraft 
skin. 

Systems such as aircraft and missiles generally have a complete or 
nearly complete metallic covering that serves as a shield against external 
electromagnetic fields. The modes of field penetration are, for example, 
(a) the penetration through windows and holes in the metal covering, 
through joints in the metal skin, through cracits around access doors 
and through exhaust ports; (b) the direct excitation of electrical 
cabling, power lines or other conductors that run outside the metallic 
covering over a portion of their length and then run inside to some 
Internal subsystem; (c) the direct excitation of system antennas; and 
(d) diffusion through the metal skin. Engineering data and formulas 
pertinent to each of these penetration modes are presented in this 
chapter. 


2.1.1 COUPLING 

The EMP generated by a nuclear detonation depends upon the height 
of the burst, the specific device, the distance from the burst, the 



height of the observation, and other factors. Instead of considering 
every possible example of EMP environment, only two canonical environ¬ 
ments are presented followed by two convenient approximations. A more 
general treatment would require canonical environments to be constructed 
using averages, extreme values (upper and lower bounds), and perhaps 
statistical distributions of pertinent EMP environmental parameters [1]. 

A case of particular interest is the so-called high-altitude EMP 
resulting from an exoatmospheric nuclear detonation. Beneath the source 
region in the upper atmosphere the EMP is generally approximated as a 
spherical wave, while over a small portion of the wave front the EMP 
may be considered a plane wave with linear polarization (or more accurately, 
circular polarization with a very slow precession rate). The electric 
and magnetic fields of the plane-wave EMP can be expressed as 


E(r,t) - t(t-t^r/c) 
H(r,t) - l-it^lct-i^/c) 


where t is the waveform, 1 is the unit vector in the direction of 
Y 

propagation, Z Q is the free-space wave impedance and c is the vacuum 
speed of light. At points in the vicinity of the earth's surface, plane 
wave reflection can be used to obtain the total electromagnetic field. 
Throughout this chapter the plane-wave fields as given by (1) are used. 

2.1.1.1 Difference of Two Exponentials 

One commonly used EMP waveform is given by the difference of two 
exponentials multiplied by a unit-step function u(t), viz. 

( “t/T f -t/r \ 
f(t) - E Q (e - e r ju(t) 

with the Laplace transform 

F(s) H £ {f(t)}- I ^- 7 ^- 


( 2 ) 

(3) 
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where, typically, the rise tine t^. - 2 as and the fall tine - 250 ns. 

A plot of (2) is shown in Fig. 1. This wavefom turns on at t - 0+ with 
a finite slope, reaches a peak value in a few nanoseconds, and decays 
slowly to zero. Its important time-domain characteristics are auonarized 
in table 1 and its frequency-domain characteristics in table 2. 

2.1.1.2 Reciprocal of the Sun of Two Exponentials 

Another canonical waveform coming into common usage is the reciprocal 
of the sum of two exponentials given by 


f(t) 


(t - 077 


-(t-t )/T 


( 4 ) 



Fie. 1. Two canonical IMP waveforms: t - 2 ns. - 250 ns. t.-0. 









-t/x 



1/x , -l/x f s« -n(l/x +l/x f )-1/x,, n-0,1,2,3, 









with the two-sided Laplace transform 


E W T T- f TTT *| —8t 

F(a) s £{f(t)} - f l* esc —(TB-fl) | a ° (5) 

T r T f L T r T f r J 

This type of waveform, shown in Fig. 1,1s similar to the waveform (2) 
except that the rise is of an exponential form with no discontinuity 
in the function or its derivatives. Consequently, the waveform (2) 
has much more high-frequency content and a correspondingly faster 
(10X-90X) rise time for the same parameters and x f . The waveform 
(4) is of interest because it is more consistent with the exponential 
growth of the nuclear radiation emanating Initially from a burst. Its impor¬ 
tant time- and frequency-domain characteristics are given in tables 1 and 2. 

2.1.1.3 Unit-Step Pulse 

Many interaction applications depend primarily on the mid-frequency 
content of the EMP, i.e., 1 MHz < f <, 20 MHz. In this case the frequency- 
domain representation 


F(s) - E q /s (6) 

approximates the mid-frequency content very well. The inverse Laplace 
transform of (6) yields the unit-step waveform representation for the 
EMP 

f(t) - E & u(t) (7) 

which is mathematically more convenient than either of the canonical 
waveforms (2) and (4), and yet its interaction is essentially the same 
as the "actual" EMP interaction over an appropriate frequency range. 

2.1.1.4 Unit-Step W i th Exponential Decay 

Another tnathematically simple waveform approximation to the EMP 
is the unit step w#th exponential decay 

-t/-r f 

f(t) - E Q e ufO 
30i 


( 8 ) 








with Laplace transform given by 


F(s) 


s + l/r 


f 


which accurately represents the low- and mid-frequency content of the two 
canonical pulses (2) and (4). 


2.1.2 PROPAGATION 

2.1.2.1 Low and Intermediate Frequencies 

In the study of EMP interaction with the metallic or other highly 
conducting covering of electrical systems it is expedient to idealize the 
actual surface configuration of the covering. Results for such idealized 
configurations should be, to a suitable degree of approximation, appropriate 
for the actual configurations. In this section, both frequency-domain and 
time-domain results for the external surface current and charge densities 
are presented for a few generic configurations — the prolate spheroid, 
the right circular cylinder,and perpendicularly crossed cylinders. More 
complex structures such as the intersecting cylinder model and the body- 
of-revolution model of an aircraft are also treated. In each case the 
incident wave is a plane-wave EMP. Questions of modeling procedures and 
accuracy are also addressed. Sample calculations are provided to illustrate 
the applications of the formulas, tables and parametric data curves. 

2.1.2.1.1 Prolate Spheroid 

A common idealized configuration is the prolate spheroid (Fig. 2). 

As h + a the spheroid becomes a sphere,and for h » a it approaches a 
slender rod. Hence this configuration has a wide range of application. 

The transformations between the cylindrical coordinates (z,r,<J>) and 
the prolate spheroid coordinates (€,C,4>) are (Fig. 2) 

z - he $ c 

r - he/(e 2 - 1) (1 - e 2 ) 

* - ♦ . 


( 9 ) 







Fig. 2. Plane wave broadside incident on a prolate spheroid. 


where the eccentricity e is given by 


e - /l- (a/h) 2 (10) 

a. Quasi-Static Surface Current and Charge Densities 

At low frequencies for which the wavelength X » h, the quasi-static 
approximation may be used to obtain the induced surface current and charge 
densities J(C,<J>,s) and p(t,<hs) on the spheroid. When the incident electric 
and magnetic fields are directed parallel to the z-axis and the negative 
y-axio, respectively (Fig. 2), one has [2,3] 



_ 2H x (s) 

2 - a 

0 

J 1 2 2 c sln * 

VI- 

(ID 

J c (?,^,s) 

_ 2^(8) 
2_a o 

co * ♦ + "V 2(1-^) 

(12) 

p(S,s) - ■ 

e/U) t 

' 1 2 
_l-_e 

(13) 

1 "°o / 

2 2 ’ 

1-eV 
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where 




Note that on the surface of the spheroid 

? - 1 /e, c - z/h 


(1A) 


(15) 


Eqs.(11) - (13) are derived from exact solutions of a magnetostatic and 
an electrostatic boundary-value problem. 

b. Intermediate-Frequency Surface Current and Charge Densities 

In the mid-frequency range where X ~ h, the total surface current 
density on an electrically thin spheroid (X >> a) may be obtained by 
combining the quasi-static current distributions, ( 11 ) and ( 12 ), and 
the total axial current l((,s), namely [A] 


3(Ci<J>,s) 


UC lS) t 

2 rr V 2 - c * 0 


2 c ain + cos ^ 


(16) 


where r ■ a/l - 5 , and the first term on the right-hand side reduces to 
the second term on the right-hand side of ( 12 ) at low frequencies. 

The singularity-expansion representations of the total axial current 
l(C,s) and the corresponding surface charge density p(t,s) are [5] 


ij . </-» - ) + g-^-Tr kwya (17) 

0-1L o' o' s (j (s-s a )j 

c(t - 0) ■ \ > + . 1 — W 1 

a=l 1_ a a s (s - s ) J 


„(s)p (t) (18) 


where the class -2 coupling coefficient n a (s), the natural modes i a (C) and 
p (;)« and the natural frequency 8 are given by [ 6 ] 
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V s > • r^r f t 0 <o*J<{..)dc 

(19) 

i a (C) - sin[oir(l + c)/2] 

(20) 

o (r) m _ « cosJ[air(l + j)/2] 

P a w 4ah /- rr 

(21) 

✓1 - e c 


fi a “ 2i^T W air * a " E(2air)3 

(22) 


Here, the antenna parameter tp & and the function E are defined by 

ip a - 2 £n(2h/a) - 0.614 (23) 

E(2«ir) - 0.577 + An(2o7r) - Ci(2cnr) + .1 Si(2air) (24) 

and Cl and SI denote the cosine and sine Integrals [7]. 

In the case of an incident plane wave propagating parallel to the 
x-axis with parallel to the z-axis (Fig. 2), the coupling coefficient 
defined by (19) is found to be 

n„(s) " Ei <s)e Ya , a -1,3,5,... (25) 

a a Va 

for slender spheroids (a « h). Formulas (22) and (25) are tabulated in 
tables 3 and 4, along with the solutions obtained by some elaborate 
numerical methods. 

The frequency-domain current l(0,jw) at the mid-points of several 
thin prolate spheroids and the frequency-domain charge density p(l,ju) at 
their tips are tabulated in tables 5 and 6 for a broadside incident plane 
wave (Fig. 2). Although only two modes from (17) and (18) are used in 
the computation, the computed results differ from the exact results for 
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COMPLEX NATURAL FREQUENCIES (E.^h/c) FOR A CYLINDER—LIKE OBJECT („/>,-0.1) 



0.02094 + jO.73206 1.093 + j1.4290 
















Only two inodes are used for the numerical data. 





















the induced axial current by lees than 501, and at the first resonance the 
difference is less than 16Z. It is expected, however, that the accuracy 
of (16) is considerably greater than that of (17) because (16) involves 
an accurate determination of the contribution of the quasi-static current. 
The accuracy of the formula (16) should be within about 15Z of the actual 
value induced on a prolate spheroid. 

As mentioned in Sec. 2.1.1.3, the intermediate-frequency representation 
of the nuclear EMP is given by 


E i (s) - E q /s (26) 

which is the spectrum of a unit-step pulse. Vhen this expression is 
substituted in (17) and (18) and inverse Laplace transforms are performed 
one obtains the following time-domain results 


s (t - c h/c cos 0) 1 

I(C,t) - 2Ee J \(B 0 )i a (C)e j u(t - C h/c cos 0) 


(27) 


p(C,t) - 2Re 


a (t-C h/c cos 0) 

I Tl a (s a )p a (c) ----— |u(t - C h/c cos 6) 

( 28 ) 


where Ee denotes the real part of the expression, and 0 is the angle between 
the z-axis and the direction of propagation (Fig. 2). Expression (27) is 
plotted in Fig. 3 for 0 - 90° along with some accurate numerical result 
for a right circular cylinder 19]. 

c. Simple Estimate of the Time-Domain Current 

For the class of slender cylinder-like objects it is possible to 

derive a simple formula for estimating the time-domain response of the axial 

current to a unit-step incident pulse. First, the object is represented by 

an equivalent right circular cylinder (thus the object must at least be 

similar to a cylinder) with an equivalent radius a defined as 

eq 

a eq = P/2 tt (29) 
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(ui/VUi) M/(VO) I 



where P Is the perimeter of the cross section of the object. Hote that 
this procedure for estimating the current is valid only when 

L » a eq (30) 

where L is the total axial length of the object. 

Second, the axial current is obtained by using [10] 


I 


] 

1 

I 


i 
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d. Ground Plane Effects 


If the ground is highly conducting, i.e., if a g » ue g , where o g and 
e g are the ground conductivity and permittivity, then the interaction of 

the object near the ground can be treated by image theory (Fig. 5). In 

**' 

this case the ground plane can be replaced by the image of the object over 
the ground. Both the object and its image are then considered to be 
illuminated by the direct plane wave and the ground-reflected plane wave 
(the plane wave from the image source). For a poorly conducting ground, 
however, a much more complicated analysis is required (see, for example,[11]). 

Two specific orientations are of primary interest, 0 q - 0 (horizontal 
wires) and 0 Q - tt/2 (vertical wires). For the vertical configuration the 
interaction between the wire and its image can be neglected if h - L/2 » a, 
where the wire length is L, the wire radius is a and the height above ground 
of the center of the wire is h. In this case the current and charge induced 
on the vertical wire can be obtained as described above except that now there 
are two plane waves incident on the wire (direct- and ground- reflected). 



Fig. 5. Arbitrarily oriented wire close, to a ground plane with image 
wire shown. 
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In the case where the vertical wire is in contact with a perfectly conducting 
ground plane, the wire together with its image should be considered as a 
single wire of length 4h. Detailed information on a single wire in free 
space can be found in [12]. 

The interaction of a horizontal wire with the ground plane is consider¬ 
ably more significant than that of a vertical wire. When the horizontal 
wire is close to the ground, it and its image form a two-wire transmission 
line, which is a very high-Q resonant structure. Results in terms of SEM 
parameters can be found in [13]. 

For a horizontal slender Bpheroid over a perfectly conducting ground 
immersed in a plane wave shown in Fig. 6, the Induced surface current is 
approximately given by 

*!<«.♦> + (32) 














where (see Fig. 2) 


. A - (r/h ) 2 
•I 1 + r/h cos 


1<c,8) " Ji + ~*T 8 '* ] V a)i a 

a*l La a s (s - s ) J 


(C)(l-e" YA ] 


(33) 

(34) 

(35) 


with A ■ 2h tan 8 sin 6 , and n a and i^ respectively given by (19) and ( 20 ). 
Typical results for the natural frequencies and coupling coefficients for 
a unit-step incident wave (E 1 - 1 V/m) are given in table 7. 


TABLE 7. NATURAL FREQUENCIES AND COUPLING COEFFICIENTS FOR A HORIZONTAL 
WIRE (OR SLENDER PROLATE SPHEROID) OF LENGTH L AND RADIUS a 
ABOVE A GROUND PLANE (2h/L-0.4, 6-0°, L/a - 20) 


a 

s a L /c 

n a x 10 3 /c 

1 

-0.08985 + J2.5918 

4.675 - J0.9449 

2 

— 

0.0 

3 

-0.64293 + j8,0338 

1.390 + J1.110 

4 

— 

0.0 


2.1.2.1.2 Right Circular Cylinder 

The geometry is shown in Fig. 7, where an E-polarized or H-polarized 
wave is normally incident upon an open-ended tubular cylinder of radius a 
extending from z«-h to z-h. When the electric vector of the incident 
wave is parallel to the cylinder axis, the wave is said to be E-polarized. 






E-polarized 


Id- 


H-polarized 
h wave 


Fig. 7. An E-polarized or H-polarized wave incident < 
ended cylindrical tube. 


When the magnetic vector of the incident wave is parallel to the cylinder 
axis, the wave is H-polarized. The surface current and charge densities 
to be presented below are the sums of those on the inner and outer surfaces 
of the tube. When ka < 1, the inside of the tube is well below cutoff for 
waveguide modes, so that the interior surface current and charge densities 
are very small except within a distance d ~ a from the open ends. 

Experiments indicate that the exterior current density on an open- 
ended tube differs little from that on a similar tube whose ends are 
closed by flat conducting disks [14]. 

The axial and circumferential components of the induced surface current 
density are of the following form [15], in which k is used instead of y and 
the dependence of 1 and p on k should be understood. 

E-polarized field 

J “ A(kz) + B(kz)cos <j> + C(kz)cos 2<J> 4- D(kz)eos 3ij> + . . . (36) 











H-polarized field 


- A^kz) + B h (1cz)cos <t> + C H (kz)cos 2<p + D H (kz)cos 3«#> + ... (38) 
J z (*,s) - -j[B^(kz)sin * + C^(kz)sin ?<p + D^(kz)sin 3+ + . . . ] (39) 

in which the coefficient functions A(kz), . . . also depend upon ka and kh. 

The infinite series implied by (36) - (39) converge rapidly when ka <. 1. 

When ka u l, the expressions giv<rn explicitly above are adequate to represent 
accurately the surface current density components. When ka <. 0.1, only 
the terms through sin 4> and cos are required. 

As kh 00 , the coefficient functions A(kz), . . . cease to depend on 
kz and approach the constant values for an infinitely long cylinder which 
are given in table 8. In what follows, A, . . . denotes the constant value 
approached by A(kz), ... as kh -*■ “. 

The induced surface charge density is given for either polarization by 

»(♦,»)-a/")(^ + E^) <«°> 


a. Cylinder of Finite Length (kh >. 1) 

E-polarization 

Convenient approximate expressions for the coefficient functions 


A(kz), . , 

. . in (36) are as follows 




A(kz) “ (A + AjCos kh)e(kz) + A^cos kz - 

cos kh) 

(41) 


B(kz) = (B + Bjcos kh)e(kz) + B^(cos kz - 

cos kh) 

(42) 


C(kz) a C^eCkz) 


(43) 


D(kz) « D R e(kz) 


(44) 
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in which A x - (1/2) [A(0) - AOr)], - (1/2) [B(0) - B(tt)], and 

I 1, 0 £ |z| <_ (h-d) 

e(kz) - ] (45) 

( sin[ir(h - jz|)/2d], h-d£|z|£h 

d is a characteristic distance which is usually set equal to a. The 
approximate formulas (41) - (44) are valid when kh > ir/2. The constant 
coefficients A, B, and D R are tabulated in table 8, whereas A^ and B^ 
can be found from Figs. 8 and 9. 

H-polarization 

The component J,($,z) on tubular conductors of finite length differs 
little from that on an infinitely long cylinder, except near the open ends 
where it rises sharply. The coefficients given in table 8 are good approxi¬ 
mations to the functions Ay(kz), . . . for finite-length cylinders for all 
values of Jkz| £ k(h-d), where d is of the order of a. 
b. Electrically Short, Thin Cylinder (kh < 1) 

E-polarization 

When ka < 0.1, the axial current density J z (ij>,z) is accurately approxi¬ 
mated by 

J 2 (<|>,z) “ A(kz) + B R (kz)cos <j> (46) 

The coefficients A and B R at z-0 are shown in Fig. 10 as functions of kh, 
for ka«0.01 and 0.05. A(kz) and B R (kz) are shown in Fig. 11 for ka-0.05 
as functions of z/h with kh as the parameter. When kh £ ir/2, we have 


. /. % . cos kz - cos kh 

A(kz) “ A(0) 

(47) 

B R (kz) « B R e(kz) 

(48) 


in which A(0) - A+A^, where A and Aj have been defined before. 
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The circumferential surface current density J,($,z) on an electrically 

9 

thin cylinder is given approximately by 

J + (M) “ -Bj(kz)sin $ (49) 

The function B’(kz) is shown plotted as a function of z/h in Fig. 12 with 
ka - 0.05 and kh as the parameter. J^(4>,z) is quite small everywhere 
except near the open ends, where it rises steeply to values comparable to 
those of the associated axial component, J z (9,z) « B R (kz)cos 4>. In effect, 
the axial current density approaches an open end on the illuminated half 
of the cylinder (90° < $ < 270°), circulates around the cylinder as a 
transverse current with maxima at d> — 90° and 270° near the end, and 
then continues as an oppositely directed axial current on the shadowed side. 
H-polarization 

When ka < 0.1, the circumferential surface current density J,(<f> t z) is 
” 9 

well approximated by 


J^(9,z) « -H* + ZjH^ka cos <f> (50) 

except within distances d ~ a from the open ends. 

The axial current density J z (<J>,z) is approximately given by 

J Z (<M) ■ -jB^(kz)sin <p (51) 

When ka <.0.1, |B R (kz)| « jA R (kz)|, so that the axial current density is 
very small on thin cylinders excited by an H-polarized field. 

c. Comparison with Measurements 

Experimental results reported in [15,16] show excellent agreement 
with the theoretical results described above. Some typical results are 
shown in Fig. 13 for a tube with ka-0.05 and kh -0.175 tt. In Fig. 14 
are shown the scale-model measurements of the induced current density versus 
frequency on a right circular cylinder of length 47m and radius 2m [17]. 


322 




ka = 0.05 



Fig. 12. Fourier coefficient Bj.(kz) of surface density of transverse 

current J.W.z) “ - B'(kz)sin <f> on a tubular cyJinder in 
<j> . i 

E-polarized field (E * 1 V/m). 





Fig. 13. Measured axial and transverse current densities (in arbitrary units) on a tubular cylinder in 
an E-polarized field. The illuminated side of the cylinder is the portion of the surface 


















2.1.2.1.3 Crossed Slender Spheroids or Cylinders 


In the study of EM? Interaction with aircraft-like configurations It 
Is found that the interaction among the elements (wings, fuselage, etc.) 
has a significant effect on the natural frequencies of the entire structure. 
This effect is clearly seen in the case of two perpendicular crossed slender 
spheroids or cylinders. Fig. 15 illustrates the intersecting spheroid 
configuration. 

a. S urface Current Density on Crossed Slender Structures 
The current density induced on the surface of an intersecting slender 
spheroid configuration can be expressed efficiently and simply in the 
SEM formulation. For a given element or arm the surface current density 
may be approximated by [18] 

?(•.♦.») ” [r( + 2H ^]^c + H z (1 " ya cos 4^ (52) 


Z 



Fig. 15. Parameters of intersecting spheroids. 
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where I(z,s) is the total axial current and, as before, r(z) = a/l- (z/h)^ 
(see Fig. 2). 

In order to express the axial current on the structure it is convenient 
to use 1x3 matrices for the currents and the current modes, namely 


I f (z.s) 


1 

’i*(z) ’ 

l a (z',s) 

0-1 [(“o^’V + S*(s-s*)) 

"« <s > 

i^(z«) 

_!„<*,0) _ 


J 

ij(x) 


Here z, z 1 and x are element coordinates defined in Fig. 15, n o is the 
coupling coefficient defined by (19), and the elements of the current mode 
matrix are 


. sin k - z) 


i>’) 


-a 8la t » <t »- , ' ) 
a sin k i 
a a 


(54) 


i?(x) 


, 5ln W»> 

x sin k i 


where k^ - Re(-jy a ) and C^, etc. are current mode amplitudes. It may be 
noted that only one l element current is considered, since the currents 
on the % elements can be separated into symmetric and antisymmetric parts 
with respect to the and elements (Fig. 16). The antisymmetric part 
does not couple to the and elements and can therefore be obtained 
from the analysis of an isolated spheroid. For the symmetric part (& w 
element currents being antiparallel), however, coupling does occur and 
the foregoing expressions apply specifically. For a more detailed 
discussion of the component separation see [19]. 









,4 




r\ 




\j 




no not I 
fuselage 


along 


I 

| symmetry 
j plane 


(a)symmefric part:topview (b) antisymmetric part!top view 

Fig. 16. Decomposition of current into symmetric and antisymmetric parts 


Values for the natural frequencies! coupling coefficients and current 
too da amplitudes are given in tables 9 and 10 for aircraft-like parameters 
and topside incidence in which E* - is parallel to the and elements 
and k is perpendicular to the plane of Fig. 15. An extensive study of 
the SEM parameters as a function of the system configuration can be 
found in [19J. 

The accuracy of (53) should be within 10 to 20Z, while (52) should be 
much more accurate, with less than 10Z error. 
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b. Surface Charge Density on Crossed Slender Structures 
From (53) one obtains, via the continuity equation, the charge densities 


P fl (z'.s) 


" j, (s (s-s ) + * * ) n a (s) 

a“l L'u a s (s — s ) 7 J 




with the given by 
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<S 




1 - <(x/lT 


e f - [1 - W 2 ]* 4 , e a “ [1 ” <W 2]JS ’ 
e w - [1 - <W 2]% 


(56) 


(57) 


It is expected that (55) should be about as accurate as the corre¬ 
sponding current expression (53), i.e., 10-20% error may occur, 
c. Intersecting Electrically Thick Cylinders 

No analytical or numerical determinations of the surface currents and 
charges on intersecting electrically thick cylinders are available. However, 
extensive measurements of these quantities have been performed [20]. The 
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cases studied include three lengths of the horizontal cylinder and two 
locations along the vertical tube. Graphs of both the axial and transverse 
components of current density and of the charge density are available for 
ka«l, The axial standing-wave patterns on the illuminated (<j> ** 180°) 
and shadowed C<t> ■ 0°) sides are clearly shown in Fig. 17 for k£, * it, 
kh^ » 2.5ir and for kfl. • 1.5ir, kh^ - 2ir. For purposes of comparison, the 
distribution along an isolated vertical cylinder is plso shown. 

The following general conclusions can be made regarding the surface 
current and charge densities on intersecting cylinders with ka >1: 

(a) The distributions of current and charge densities are much less 
sensitive to changes in the lengths of the cylinders when they 
are electrically thick than when electrically thin. 

(b) The distribution of the charge density on an electrically thick 
cylinder is more sensitive to the nature of the incident field 
and the presence, dimensions, and location of an intersecting 
cylinder than is the distribution of current. 

(c) The charge density on the vertical member when excited by an 
incident E-polarized field (Fig. 7) has significantly different 
dictributions when the incident field is not plane, when the 
horizontal member is absent, its location is changed, or when 
the arm lengths are varied. The current density is much less 
affected. 

(d) The distribution of the charge density on the horizontal cylinder 
in an H-polarized field (Fig. 7) is insensitive to the location 
of its Intersection with the vertical member of the cross so 
long as the arms are equal in length. On the other hand, the 
amplitude of the axial standing-wave pattern as a function of 

4> is sensitive to the length of the arms. 

(e) As on the single cylinder, the axial current density on the 
vertical cylinder is substantially a superposition of forced 
and resonant components. The changes from the distribution 
along the single tube when an intersecting cylinder is present, 
at different locations and with different arm lengths are due 







Measured surface charge density on crossed cylinders with kh=*3.5ir 
ka**l for two location'! of the junction and with no cross for 
normally (topside incidence) incident field, E i,1, t,E i . (Ip I in 
arbitrary units). 
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primarily to shifts in the relative phases of the forced and 
resonant components. 

In general, the distributions jf current and charge on the surface of 
Intersecting electrically thick cylinders are quite similar to those on 
each of the individual cylinders alone in the same field. The relative 
amplitudes of the standing waves on the illuminated and shadowed sides of 
the vertical cylinder may differ considerably, but the standing-wave patterns 
are significantly changed only quite near the junction region. Thus, a 
knowledge of the distributions of current and charge density on single 
cylinders is of great value in the understanding and interpretation of 
these quantities on intersecting cylinders and in the rough approximation 
of their actual values. 

d. Ground Plane Effects 

General observations regarding thin crossed cylinders or spheroids 
close to a ground plane are the same as those for an isolated cylinder or 
spheroid (see Sec. 2.1.2.1.Id). The surface current density is related to 
the axial current as given by (32) and the axial current may be expressed 
as given in (53), but the SEM parameters depend upon the height of the 
cylinders. For a typical aircraft-like configuration, the SEM parameters 
for the first 4 modes are given in table 11. A detailed study of the ground 
plane effects on the SEM parameters may be found in [13]. 

2.1.2.1.4 Aircraft Models 

Complex structures such as aircraft are difficult to model for purposes 
of analytical and numerical studies. As of now, there exist several types 
of simplified models, the most notable of which are (a) the simple stick 
model [21], (b) the body-of-revolution model [22], (c) the surface-pat-ch 
model [23], and (d) the wire-grid model [24], Information on the computer' 
codes for these models and other models can be found in [25]. The wire- 
grid model, although adequate for radar cross-section calculation, has 
many deficiencies in EMP interaction applications [26], The surface-patch 
model, although much more accurate in narure, requires an inordinate amount 
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of computer time for any EMP time-domain data and, as of now, numerical 
data based on this model are lacking. Therefore, the data presented in 
this section are restricted to the simple stick model and the body-of- 
revolution model. 

*. Slmpj Stick Models 

"Simple" stick models are very useful for estimating the natural 
frequencies and natural axial current modes of an aircraft [21]. In a 
simple stick model, currents of the form 

I(x) ■ I ind (x) + A s ^- nh Y* + B cosh yx (58) 

are assumed on each of the elements or sticks (Fig. 18), where x denotes 
a distance coordinate alor.*; a given element and A and B are undetermined 
coefficients. The quantity denotes the current induced on a wire by 

an incident plane wave whose magnetic vector is perpendicular to the wire 
and is given by 


- yx cos 6 

yZ Q fi a sin 0 e 


(59) 


in which » 2£n[(stick length)/(stick radius)], y is the propagation 
vector of the incident field, Z Q is the intrinsic impedance of free space. 



Fig. 18. A "simple" stick model. 
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E 1 is the incident electric field strength, and e is the angle between the 
propagation vector of the incident wave and the negative unit vector 
along the stick. 

Enforcing appropriate end and junction conditions on the various 
stick currents leads to a system of linear equations for the unknown 
current coefficients A,H, etc. The resulting equations may be readily 
solved to yield the resonance frequencies and natural modes of the simple 
stick model. The damping constants of the natural modes are found by 
calculating the radiated power and the time-averaged stored energy of 
each of the natural modes (see Sec. 1.3.3.3). 

This type of model has been used to calculate the first several 
natural frequencies and natural modes for the B-l, E-4, and EC-135 
aircraft for symmetric excitation. The natural modes for the EC-135 
model are shown in Fig. 19. The natural frequencies for all three air¬ 
craft are shown in the complex s-plane in Fig. 20. 

b. Stick Models and Body-of-Revolution Models 

The body-of-revolution model uses axial sections of spheroids and 
circular cylinders. A stick (intersecting cylinders) model of the B-l 
aircraft is shown in Fig. 21a, while a body-of-revolution model of an 
EC-135 aircraft is given in Fig. 21b. 

Integral-equation formulations and numerical techniques are generally 
required for these models. The numerical solutions based on these models 
must be augmented by the addition of an appropriate magnetostatic term in 
order to yield accurate solutions for induced surface current density 
[23,27]. Figs. 22 - 34 show some of the results obtained with these 
techniques [18]. 

In Figs. 22 - 24 are presented curves of the axial surface current 
density on models of the B-l aircraft as a function of frequency for three 
cases: (a) stick model (numerics' results), (b) a scale stick model 

(experimental results), and (c) a body-of-revolution model (numerical 
results). 
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S.4MHz 


7.8 MHz 


Fig. 19. EC-135 natural modes. The dashed lines represent the current 

distribution on the aircraft segments at resonance, while the 
arrows indicate directions of current flow. 



Fig. 20. Aircraft natural frequencies of B-l, E-4 and EC-135. 
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Fig. 21b. Body-of-revolution model of the EC-135 aircraft. Current zones 


are indicated with dotted lines. 

















Fig. 22. Current density on the topside of the fuselage 5.0 meters from the 

wings forward. -scaled stick model experimental data; —•— t 

data; •••* body-of-revolution code. 








QO 2.0 4.0 6.0 aO IOO 120 14.0 16.0 18.0 200 

frequency (MHz) 


Fig. 23. Current density on the topside of the fuselage 22.5 meters from 

the nose of the B-l with wings forward. - scaled stick model 

experimental data; —•— stick model numerical data; •••• body- 
of revolution code. 


uu cxj mj t».u no iuu (H.V KO 16.0 WO 200 

frequency (MHz) 

Fig. 24. Current density on the bottom of the fuselage 22.5 meters from 

the nose of the B-l with wings forward. - scaled stick model 

experimental data; —•— stick model numerical data; • • ♦ • body-of 
revolution code. 














in bo 


' 0 5.0 10.0 15.0 20.0 250 3Q0 35.0 40jO meters 

nose fuselage —» 

Fig. 25. Comparison of B-l scale model measurements with numerical results 

for topside illumination and wings forward at f«6.4 MHz. - 

experimental data; — •— stick model; •••• body-ot-revoiution model. 



Fig. 26. Comparison of B-l scale model measurements with numerical results 

for topside illumination and wings swept at f - 1*5.16 MHz. - 

experimental data; —•— stick model; •••• body-of-revolution model. 
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frequency (MHz) 


Current density on the topside of the EC-135 fuselage 5.0 meters 
from the nose. 
















Fig. 





a. 



29. Current density on the bottom aide of the EC-135 fuselage 5.0 
meters from the nose. 



Fig. 30. Charge density on the note of the EC-135 aircraft. 









0 2.0 4.0 60 80 10.0 12.0 14.0 16.0 18.0 200 


frequency (MHt) 

Fig. 32. Current density on the fuselage of EC-135, ••••at the top of air¬ 
craft with topside || fuselage; -at the bottom of aircraft 

with topside £* [( fuselage (stick model numerical data). 



















In Figs. 25 and 26 are displayed fuselage surface current densities 
for the B-l as functions of position along the fuselage for two different 
frequencies. Both the wings-forward and wings-swept configurations are 
shown. The measured data were obtained using a scale model. 

Experimental data from scale-model measurements and numerical results 
from the body-of-revolution model of the EC-135 aircraft are compared in 
Figs. 27-30, in which are shown plots of the surface current density and 
surface charge density at various locations as functions of frequency. 
Further theoretical (numerical) results are presented in Figs. 31-34. 

c. Thick Cylinder and Intersecting Flat Plate 

Some experimental data are available for a more complicated model of 
an aircraft, an Intersecting thick cylinder and flat plate [28]. The 
geometry is shown in Fig. 35. No analytical or numerical data are as 
yet available. 



ground plane 

Fig. 35. Diagram of flat plate crossed with an electrically thick cylinder. 
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d. Ground-Plane Effects 


The presence of a conducting ground plane beneath an aircraft causes 
the incident field to be reflected back onto the aircraft, with a phase 
shift of approximately 180° (for a highly conducting ground) for the 
component of the electric field parallel to the ground (and thus to the 
wings and fuselage of the aircraft). As a consequence of the reflection 
the total field illuminating the aircraft has less low-frequency spectral 
content than the incident EM?. 

An additional effect of the ground is the formation of a high-Q 
transmission-line-like structure comprising the aircraft and its image in 
the ground plane. These structures resonate at about the same frequencies 
as the isolates aircraft but with a higher Q. 

Some of the results for the induced currents and charges on an aircraft 
iu the ground-alert configuration are summarized below [13]. 

(a) The presence of the ground plane shifts the resonance frequencies 
by only a few percent, the lower-frequency resonances being 
shifted less than the higher-frequency resonances. 

(b) The resonant Q's are greatly increased when the ground plane 
is present. 

(c) For the same incident pulse, the peak current densities observed 

in the ground-alert configuration are comparable to those occurring 
in the in-flight configuration. 

(d) The presence of the ground plane reverses the importance of the 
first and second resonances in some cases. 

(e) The dc (late-time) component of the induced surface charge 
density is nonzero for the in-flight configuration and zero for 
the ground-alert configuration for E* parallel to the ground plane. 

(f) For the same incident pulse, the peak charge densities observed 

in the ground-alert configuration are comparable to those occurring 
in the in-flight configuration, except near the nose and the tip 
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of the vertical stabilizer. At those locations, the ground-alert 
peak charge density is about one-third the in-flight peak charge 
density for E* parallel to the ground plane. 


2.1.2.1.5 Modeling Accuracy 


a. Model Selection 


The features of the structure that should be Included in the model 
depend upon their relative size and the accuracy desired. For example, 
should the engine nacelles be included in the model? If the current and/or 
charge is needed in the vicinity of the nacelle it is obvious that the 
nacelle is needed in the model. At distances from a surface protrusion 
(such as an engine nacelle) large in comparison with the dimensions of the 
protrusion, the effect of its presence may be neglected. 

Fig. 36 is a crossed-wire model for the EC-135 aircraft which may be 
used to advantage in determining the interaction of the aircraft with the 
EMP because of the physical simplicity of the model. 



Fig. 36. Crossed-wire model of the EC-135 aircraft. 





A comparison or time-domain peak currents Ip ea k and times t £ of the 
firo-t zero crossing derived from the crossea-wire model and the body-of- 
revolution model are shown in table 12. The comparisons are quite favorable 
in view of the difference in complexity of the models. Although the current 
peak values compare quite well, only the currents on the forward fuselage 
and at the wiug-fuselage junction have approximately the same time histories 


TABLE 12. COMPARISON OF RESULTS FROM THE CROSSED-WIRE MODEL WITH THE 
BODY-Ot-REVOLUTION MODEL FOR THE EC-135 AND A TOPSIDE 
INCIDENT UNIT-STEP PULSE (See Fig. 36 for the 
definition of x,y coordinates) 


Quantity 


Resonant Freq. 


Crossed- 
Wire Model 


Body-of-Revolution 

Model 


*peak 1 


0.108 A 

0.0S6 A 


y = 0+ 

138 ns 

118 ns 

(2nd peak) 


0.064 A 

0.0709 A 

t Q 

x - 0+ 

214 ns 

207 ns 

p ./(e ) 


12.9 

27.6 

"peak x o ' 

nose 



p(t-^)./(e o E 1 ) 


9.9 

19.8 

p peak 


6.5 

27.0 

p(t-i-«) 

wing tip 

2.6 

6.1 

Op e.k«S El > 

vertical 

stabilizer 

21.4 

26.4 

P (t~0/fe E 1 ) 

tip 

12.9 

! 10.2 










Also included in table 12 are comparisons of the charge densities. 

These are not as favorable as the current comparisons, since the charge 
densities are compared at the ends of the elements where the crossed-wire 
model has flat end-faces and the body-of-revolution model has ellipsoidal 
end-faces. The points selected for comparison represent points at which 
the charge density is largest. In table 12, P pealc is the peak value of 
the charge density and p(t-*“) is the asymptotic value of the charge density, 
b. Accuracy of the Results 

It is difficult to quote an accuracy that can be achieved through 
theoretical analysis. Generally, when the physical structure is simple, 
errors of less than a few percent can be achieved in predicting the 
surface fields. However, if the structure is very complex, such as an 
aircraft, then error of a factor of two is probably the best that can be 
presently achieved. 

2.1.2.2 High Frequencies 

The transient surface current and charge densities are calculated in 
this section for certain simple-shaped geometries to demonstrate the 
utility and accuracy of the high-frequency expressions given in Sec. 1.4.3. 

The expressions can be used in several ways to obtain the transient response 
of an object. For example, they can be used in conjunction with intermediate- 
frequency spectral components to obtain the time-domain response by a 
numerical inversion, such as the FFT. Alternatively, the high-frequency 
solutions can be analytically transformed to the time domain and then 
smoothly joined to the intermediate-time results which may be obtained, 
for example, by the SEM or the solution of a time-domain integral equation. 

2.1.2.2.1 Wedges 

According to Sec. 1.4.3 the induced transient surface current and 
charge densities on the horizontal face of a wedge (Fig. 37) can be 
written as 


3(x,t) = 2l y xH 1 (x,t)u( 1 r - 4>') + ^(x.t) 
p(x,t) = Ze.tj ^(x.tJuCx - 4>') + p d (x,t) 


(60) 
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Fig. 37. Plane wave normally incident on a perfectly-conducting wedge. 


in which uCir-^') is the unit-3tep function. The first term on the ..ight 
hand side is just the geometrical optics contribution. 

In the TE case where H* is parallel to the z-axis (or edge) and given 
by 

^(x.y.t) - t 2 u[t + (x cos + y sin <f>’)/c] (61) 

one has (cf. Sec. 1.4.3.5.2) 

J^x.s) -1 ± D h (t i ,l d , X , s) (62) 

nc 

for the diffracted current density in the s-domain, and 


p d (T) ■= ~ J d (T) + i (T - 1)J d (T) 
J d (T’)dT\ T > 1 

c J x 


(63) 


for the charge density in the t-domain, where T - ct/x. Eq.(63) shows that 
for very early times after the arrival of the diffracted wavefront (t = x/c, 
i.e., T = 1) 
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p d (T) » £ J d (T) 


(64) 


The edge diffraction coefficient in (62) is first introduced in 
(210) of Sec. 1.4.3.5.2; its explicit expressions for the half-plane and 
the ordinary wedge formed by two intersecting plane surfaces can be found 
in [29]. 

In the TM case the incident electric field E 4- is given by (61) with 
replaced by ^/Z Q . Since J • E(x,t) - 0 everywhere, one has 


p(x,t) - 0 
J d - - H d (x,t) 

Z X * 


(65) 


Eq.(65) is obtained from E d (x,t) via Maxwell’s equations and an integration 
with respect to time. 

Calculations of the surface current and charge densities on the top 
face of a right-angle wedge and half-plane are presented in Figs. 38 and 39 
for both TE and TM polarizations. The transient responses to a step-function 
pulse for various angles of incidence <j>* are exhibited. The GTD (Geometrical 
Theory of Diffraction) curves in Fig. 38a are calculated using the edge 
diffraction coefficients given by Keller [30]; these diffraction coeffi¬ 
cients are not valid at the shadow and reflection boundaries, where they 
be.com ; infinite. The UTD (Uniform Theory of Diffraction) curves are 
calculated from the uniform diffraction coefficients given in [29]. The 
exact curves are calculated from exact, closed-form time-domain solutions 
given in [31-33]. 

In Fig. 38a it is apparent that numerical results based on the GTD 
are valid only for very early times after the arrival of the diffracted 
wavefront at ct/x - 1, whereas those based on the UTD are seen to be in 
remarkable agreement with exact calculations for intermediate and even fol¬ 
iate times; this is further confirmed by comparing the UTD curves in Fig. 38b 
with the exact curves in Fig. 38c. The numerical results for the half-plane 
shown in Fig. 39 reveal that there is essentially no difference between the 
UTD and exact values. 

s 
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Pig. 39. Surface current densities on a half-plane illuminated by (a) 
TE step-function plane wave t and (b) a TM step-function plan 
wave, calculated from the UTD and exact solutions. 










When the top face is illuminated, the simple response predicted by 
geometrical optics for the interval - cos <j>' < T < 1 is evident. The 
response curves for the right-angle wedge (n = 3/2) and half-plane (n = 2) 
are quite similar. For late times the response for the TE case approaches 
2/n, where nir is the. exterior angle of the wedge. Thus the response at 
intermediate and late times of the right-angle wedge is somewhat larger 
than that of the half plane. 

Additional numerical results for the transient fields diffracted by " 
perfectly conducting wedges illuminated by step-function plane waves can 
be found in [33-35]. It should be mentioned that an interesting closed- 
form result for the diffraction of the pulsed field from an electric (or 
magnetic) dipole in the presence of a perfectly conducting wedge has 
recently been obtained [36]. 

2.1.2.2.2 Cylinders 

The transient current and charge densities induced on a perfectly 
conducting circular cylinder can be obtained analytically by inverse¬ 
transforming the high-frequency expressions given in Sec. 1.4.3.5.4 on 
the shadow side (ir/2 < <|> < 3ir/2) of the cylinder. The corresponding high- 
frequency expressions on the illuminated side (0 < l<j>| < ir/2) can be 
obtained from the Luneberg-Kline series [37,38] and can easily be trans¬ 
formed to the time domain. The representation breaks down close to the 
shadow boundary. 

Time-domain data for the surface current on a circular cylinder are 
given in Fig. 40 for TE and TM step-function incident plane waves. In the 
shadow region the early-time response for the TM case is much weaker than 
that for the TE case, which is expected because of the greater attenuation 
experienced by the TM surface ray modes. The curves in Fig. 40a appear to 
be approaching the late-time limit of unity, and so it is believed that 
they are resonably accurate for intermediate times. It should be emphasized 
that the results in Fig. 40 were calculated from an exact inversion of the 
high-frequency solution. 
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Fig. 40. Surface current densities on a circular cylinder illuminated by 
(a) a TE step-function plane wave, and (b) a TM step-function 
plane wave, calculated from the GTD solution. 















The transient response in the shadow region begins at ct/a « <p rr/2, 
and in Fig. 40 a second rise in the response at 3ir/2 - <j> is evident for the 
95° and 135° curves. This is due to the arrival of the wavefront from 
the shadow boundary at 3ir/2. 

The early-time response curves in the illuminated region are seen to 
be useful only for relatively short times compared with the curves for 
the shadow region. This may be due to the fact that the high-frequency 
solution on the illuminated side, based on the Luneberg-Kline series, is 
not as accurate as that on the shadow side. The high-frequency solution 
on the shadow side can be used right up to the shadow boundary, whereas 
for the illuminated side it breaks down quickly as the boundary is 
approached. Perhaps this difficulty could be overcome by using solutions 
valid for the transition regions, which join smoothly with those for the 
shadow and illuminated regions, such as those described in [40]. 

As in the case of the wedge, there is no surface charge density in 
the TM case. In the TE case the surface charge density in the time domain 
can be found from the inversion of the expression given in Sec, 1.4.3.5.4. 
Additional numerical results for the transient surface currents on circular 
cylinders are given in [38]. 

2.1.2.2.3 Aircraft Model 

The basic aircraft model that has been used extensively for GTD 
calculations is shown in Fig. 41, where the infinitely long, perfectly 
conducting elliptic cylinder models the fuselage while the flat, perfectly 
conducting plates model the aircraft wings. Also in Fig, 41 are shown the 
high-frequency surface current and charge densities for various incidence 
angles <#> f of a TE incident plane wave [41]. The dimensions chosen 
(a * b * 3.5 meters) correspond to those of a 747 aircraft. The corre¬ 
sponding results for a TM-type Incident wave are in general smaller. 

2.1.2.3 Large Appendages 

In this section data are presented for the effects of electrically 
large appendages on the induced currents and charges on aircraft, missiles 
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and ground-based communications systems. The appendages considered include 
long trailing-wire antennas on aircraft, exhaust plumes associated with 
missiles in powered flight, and wires/cables external to ground facilities. 

2.1.2.3.1 Traillng-Wire Aircraft Antennas 

Two different VLF/LF transmitting antennas are shown in Fig. 42. These 
antennas operate in the frequency range 17-60 kHz, and are tuned by varying 
the wire lengths. The longer of the two wires in the counterpoise antenna 
or the single trailing wire can extend as much as 8.5 km behind the aircraft. 
Some data will be given in this section regarding the effect of the presence 
of this long wire on the currents and charges induced on the aircraft itself 
when the whole system is illuminated by an EMP, especially in the frequency 
range below the first resonance of the aircraft. 



Fig. 42. (a) Dual-wire (counterpoise) and (b) trailing wire VLF/LF antennas. 
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A simplified model encompassing the salient features of the problem 
is shown in Fig. 43. The aircraft is modeled by a simple stick model 
(see Sec. 2.1.2.1.4a). The trailing wire is attached to the aircraft to 
the bottom of the fuselage under the wings. The current I w injected from 
the long wire into the aircraft is given by [42] 


sec(kJlg) - sec(ki^) 
j[tan(ki ) + 2tan(ki,) + tan(k£ )J 


j [tan(ki^) + 2tan(ki,2) + tan(kJLj)] 


where E^(w) is the spectrum of the incident EMP of the form of the difference 
of two exponentials as given by (2), i.e., 


O 0\l+j(DT f l + j<i)x r / 

with ■ 0.25 ys, * 2 ns, and the function F(L) is given by 

in [ 1 - 2irj/{in(rk 2 a 2 ) - An[kL+ (k 2 L 2 + T -2 ) 1 *] + 3irj/2>] 
F(L) - in{l - 2irj/[2 in(rlca) + 3irj/2]} 



Fig. 43. Stick-model aircraft with attached trailing-wire antenna and 
topside incidence * 13m, Z^ = 20m, Z^ ■ 34m, L ■ 8.473 km, 
a * 2 mm). 


360 



with m -2 in(rka) - Jtt, and r - 1.81072... . 

The currents induced on the stick-model aircraft itself are 

4ttE' 

W ‘ zTTIk - Vi«i> <69) 

4itE ' 

W • zTTTk »«2> - W«2> < 70 > 

o a J 

-47rE f 

X 3 (5 3* * Z a jk f 3^3 ) “ X w g 3 ( V (71) 

o a 

where ■ 2 £n(L/a), with L being the length of the trailing wire and a 
its radius, and 

f^(S) ■ cos(k5) - l + sin(k£){tan(k£ n ) + J tt " 1 sec(kJl n ) l'sec(k£ 3 ) - secCk^)] 

(72) 

x [tanCk^) + 2tan(k£ 2 ) + tan(k£,j) l” 1 }, n*l,3 

g Q ( 5 ) = sin(kC)sec(k£ n )/[tanCk^) + 2tan(k£ 0 ) + tan(k£ 3 ) ], n-1,2,3, (73) 

h(£) - sin(k 5 )sec(k£ 3 )[sec(k£ 3 )-sec(k£ 1 )]/[tan(k£ 1 )+ 2 tan(k£ 2 )+tan(k£ 3 )] (74) 

The coordinates ? 2 and £3 are shown in Fig. 43. The expressions ( 66 ) - 
(74) have been derived by neglecting the damping of the aircraft resonances. 

This effect can be included by expanding each of the currents in Mittag- 
Leffler series and then introducing the damping for each resonance (cf. 

Sec. 2.1.2.1.4a). 

The frequency variation of the total induced current at two points on 
the stick-model aircraft is shown in Figs. 44 and 45. The results shown 
are for a double exponential EMP with topside incidence (Fig. 43) and 
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Spectral density of the total induced fuselage current at the 
midpoint between the empennage and the wing root. 










spectrum given by (67). Results are shown for frequencies below one MHz 
only, since the effect of the trailing wire on the aircraft currents is 
not so important in the resonance region of the aircraft [42]. It should 
be emphasized that the topside-incidence case does not give the maximum 
effect of the trailing wire on the induced currents and charges on the 
aircraft. The maximum effect seems to occur when the direction of 
incidence is nearly parallel to the wire and toward the aircraft. 


2.1.2.3.2 Exhaust Plumes 

The ionized exhaust gases ejected from a missile in powered flight 
behave like a conductive extension of the missile. The presence of this 
exhaust plume can affect the response of the missile to EMP excitation 
in at least two ways: (a) the conducting plume may significantly affect 
the surface currents induced on the missile body, and (b) the induced 
currents in the plume itself may couple directly to the interior of the 
missile through the nozzle assembly. Only the first effect will be 
discussed here, as the second i3 not at all well understood at present. 


a. Missile-Plume Models 

The simplest model for a missile-plume configuration is a thir 

cylinder of constant radiue a and axially varying electrical properties. 

The geometry for such a modal is shown in Fig. 46 The missile itself 

extends from z*0 to z «l ; the plume extends below the missile to 
m 

z = JThe total axial current I(z) at any ocint z, where 
0 < z < l + SL , can be determined fro" the solution of an integral 

m p 

equation [43-46]. The limitations of this model and approach are that 
(a) only the axial current can be calculated; (b) it is necessary that 
(£. m +fcp)/a » 1; (c) the junction between the missile and the plume is 
assumed to be a simple electrical connection between two objects having 
different electrical conductivities. Recently, some limited results have 
been presented for a model in which the missile Is treated as a conducting 
rod of conductivity and the plume is modeled as a homogeneous lossy 
dielectric body of revolution attached to the conducting rod [44]. However 
we shall here restrict attention to the more completely developed thin- 
cyiinder model for the missile and plume. 







Fig. 46. The thin-cylinder model for a missile-plume configuration. 


b. Electrical Plume Parameters 

At low altitude a plume is usually modeled as a thin cylinder of 
radius a described by an equivalent internal impedance per unit length 
Z'<*) 


Zj(z) - E z (z)/I(z) 


(75) 


in which I(z) is the axial current at position z and E z (z) is the average 
total axial electric field at the plume surface 


The principal contribution to the conductivity of the plume is the 
motion of free electrons under the influence of an applied field. The 
effective permittivity and conductivity of the plume in the cold-plasma 
model are 
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^above-ground wire 











horizontal polarization the incident electric vector is parallel to the air/ 
soil interface, whereas in the vertical polarization case the Incident elec¬ 
tric vector lies in the plane that contains the propagation vector and is 
perpendicular to the air/soil interface. 

a.4 Semi-Infinite Wire (Short-Circuit Current) 

With z^ ■ -“ and Z2 = 0, the short-circuit current at z-0 is 

l sc (0,s) . sVAW 1 (sin M* 1 ] (93) 

c «- /a J 


where t Q = (2h sin iJ/)/c and ■ e Q /a, and it has been assumed that y * s/c. 
The function D(<|),<|>,s) is a directivity function given by 


DOM.s) 


_ 1 _ 

H(s) - cos *l> cos 


sin <|> cos (j> 
sin $ 


(94) 


where the upper term applies to vertical, and the lower term to horizontal, 
polarization, and H(s) is given by (91). 

The product Z c I sc (0,s) calculated from (93) is shown in Fig. 55 as a 
function of normalized frequency with soil conductivity as a parameter for 
vertically polarized incident wave. 

For a perfectly conducting ground (a *", ■ 0) the second term inside 

the square bracket in (93) vanishes, and D(<#/,$) and Z £ are then independent 
of frequency. This case is shown in Fig. 55 as a dashed curve. 

For an impulse incident field E 6(t), the time-domain current in the 
wire is 

z c 

E q c D(<M) I sc ( °* t) 


and for a step-function incident field, the time-domain current is 
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Fig. 55. Short-circuit current in above-ground wire for vertically polarized 
incident field. 


E ct 





(sin (I0* 1 




0 < t < t 

° (96) 


where Z £ and D(i|»,<f>) are assumed to be Independent of frequency. As before, 
the upper sign of the exponent of sin ip applies to vertical, and the lower 
to horizontal polarization of the source field. Plots of the inpulse and 
step function responses of the wire current are shown in Fig. 56 for nominal 
values of soil conductivity, wire height, and elevation angle of incidence. 



380 









¥ig, 56. Short-circuit current induced at the end of a semi-infinite above¬ 
ground wire by (a) an impulse and (b) by a step-function incident 


wave. 
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b. Buried Conductors 


For buried cables the high frequencies are attenuated more severely 
by the soil than the lov frequencies, and for cables with cylindrical shields 
the shield limits the high-frequency content of the energy penetrating into 
the internal conductors. Therefore, a low-frequency approach is often 
adequate for buried shielded cables and the transmission-line equations 
can be used as a starting point. 

The impressed field at the buried cable is 

E z « 2E 1 »^sT e e d e _;Jlt,,Z D(i/),4,) (98) 

where k" ■ k cos 41 cos 4 , » e o /o, x^-pad 2 , d is the depth of burial and 

D(iJi,<J>) is & function whose value depends on the polarization and angle of 
incidence of the incident field (Fig. 54) 

I cos <j) sin ij; (vertical polarization) 

(99) 

sin <J> (horizontal polarization) 

b.l Current in Long Buried Cables 
The current induced at any point z along an Infinitely long buried 
cable is 

l(z,s) => E z /Z^ (100) 

where Z^ - Z c y. Eq.(100) is the classical form for the current induced in 
an infinitely long buried cable; it also applies to points far from the ends 
of a cable of finite length. 

The impedance Z^ in (100) is the soil impedance per unit length of the 
cable given by 


z ;< m«i> (ioi> 
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when the soil is of infinite extent. In this expression, a is the cable 
radius, r is the exponential of Euler's constant (r«1.781 . . .) , and 6 
is the skin depth of the soil. The impedance of a conductor at the air- 
soil interface (the worst deviation from the form above) is approximately 
the same as the impedance at an Infinite depth [53]. In addition, for most 
practical cases one has 


f K< ^s " “ U (102) 

so that the approximation Z g » jul/ can be used. 

The Internal impedance of metal cables is usually very small compared 
to the soil impedance Z g except at very low frequencies (i.e., a few hundred 
hertz). 

For an insulated cable the impedance per unit length is essentially the 
same as for a bare cable. However, the insulation has a major effect on the 
shunt admittance per unit lf.ngth Y' and hence on the propagation factor 
Y - /z'Y\ 

Eq.(100) can be written in the form 

(7T$ 2 )aE, 

I(z,s) -- - - (103) 

j £n[/2<5/(Ta) ] 

The logarithm term is rather insensitive to frequency and soil conductivity. 

2 

The product ird is the cross-section area of a cylinder of radius 6, and 
oE z is the current density in the soil in the absence of the cable. Eq.(103) 
therefore states that the current Induced in the cable is roughly proportional 
to the current that would flow in a cylinder of soil one skin-depth in radius 
if the conductor were removed. For typical communication-cable sizes and 
poor soil conductivities, the Un-term has a value of about 10. 

In more conventional form, the current far from the ends of a j.ong 
cable is approximately given by 
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( 104 ) 
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A plot of the peak current as a function of soil conductivity with the expo¬ 
nential time constant x as a parameter is given in Fig. 60. The peak current 
is normalized to the peak incident field E*. and the value of 6/Ta) =10 

is used. 

The induced current also depends on the angles of incidence of the wave 
through the directivity function D(i|i, 4>) of (99). 

b.3 Current Near the End of a Conductor 

At the end of a semi-infinite cable the current is the same as the 
current far from the ends if the cable end is short circuited, half the 
current far from the ends if the cable end is terminated in its characteristic 
impedance, and zero if the cable end is open circuited. 



id 4 i o 3 id 2 id 1 

soil conductivity a(mhos/m) 


Fig. 60. Peak cable current as a function of soil conductivity for an inci¬ 
dent exponential pulse, E*exp(-t/-r) and D(^,<j)) = 1. 










The current near the end of an open-circuited cable is 


I(z,3) “ 7T (1-e T ‘) 


(110) 


The current induced by an exponential pulse of incident field is 
L' 


: eVim) 


I(z,s) 


-^T d -/ST dz 

e_ - e 

^7 (8 + 1/t) 


where r, «■ po(d + z) . The current waveform is then 


( 111 ) 


/rF 


Kz,t) - 3(t/r, p d ) -?(<t/T, p d2 ) 


where p d = T d /(4T), p d2 - T d z /^ T ) and 

3(t/r, p) - e“ t/T [ ' e " p/u2 e u du (113) 

/it > 0 

which is plotted in Fig. 59. Ihe waveform near the end of an open-circuited 
cable as calculated from (112) is shown in Fig. 61 for p d ■ 0 (depth of burial 
d-0) and several values of p dz « 


2.1.3 PENETRATION 

In this section engineering formulas and data will be presented for 
three different electromagnetic penetration mechanisms: (a) penetration 
via deliberate antennas, (b) transmission through apertures, and (c) diffusion 
through imperfectly conducting walls. These penetration mechanisms also 
occur at other shielding layers of the topological model, and hence most 
data presented here apply to Chaps. 2.2-2.4. 






2.1.3.1 Antennas 

Antennas are designed to transmit and receive electromagnetic energy 
within specified frequency bands, and aircraft antennas are no exception. 
Clearly, then, antennas are of major concern in the assessment of EMP vainer 
ability of a system such as an aircraft. The nuclear EMP is usual]y assumed 
to have a broad frequency spectrum as well as a high field strength Thes'"- 
characteristics of the EMP make it necessary to analyze the response of an 
antenna not only within its normal operating band but also outside this band 
where the antenna's behavior is usually of no concern. 

The response of an antenna is completely characterized by its Thfivenin 
or Norton equivalent circuit at the antenna's input connector. Between the 
connector and the antenna gap there can exist many different kinds of match! 
or compensating networks to tune the antenna impedance to a desirable level 











at the connector. In Fig. 62a the internal network is a matching network 

which may comprise transmission lines, baluns, hybrid circuits, transformers 

or lumped elements. The external network consists only of the antenna's 

radiating element, which is characterized by the two parameters in the 

Thdvenin or Norton equivalent circuit looking outward from the antenna gap. 

The aim is to calculate V (or I ) and Z. (or Y. ) of Fig. 62b, from the 
oc sc in In 

knowledge of which one can calculate the voltage and current at any linear 
or nonlinear load attached to the connector. For antennas whose maximum 
linear dimensions are small compared to the local radii or curvature, V qc 
( or I ec )can be factored into a product of effective height (or area) and 
the local charge (or current) density. The effective height or area is cal¬ 
culated by assuming an infinite ground plane, while the local charge or 
current density is to be obtained from the solution of the external ixiter- 
action problem involving the aircraft in the absence of the antenna under 
consideration. 

There are many ways of classifying antennas. One is to group them 
according to the function of the subsystem to which the antenna belongs. 



Fig. 62. Schematic diagram and equivalent circuits of an antenna. 






This classification naturally leads to navigational, communication, ECM, 
radar antennas, and so on. This grouping of antennas is particularly 
useful when discussing antenna applications. Another widely used method 
of classification is based on the frequency band in which the antenna 
operates. This method leads to VLF, LF, HF, VHF, UHF, L-band, X-band 
antennas, and so on [56]. A third classification groups the antennas 
according to their physical structure, such as blades, loops, slots, wires, 
etc.; this latter classification will be adopted in this section. 

This section deals only with aircraft communication and navigation 
antennas. Among the most notable omissions are the ECM and ECCM antennas. 
More detailed analyses of the antennas discussed in this section as well 
as other antennas can be found in [57,58]. 

2.1.''. 1.1 Blade Antennas 

This type of antenna is basically an antenna element built into a 
blade (Fig. 63) or aerodynamic vane mounted externally on the aircraft 
fuselage. The antenna height ranges from about 6 cm (L-band) to 45 cm (VHF). 
A mathematical model for this type of antenna is a half ellipsoid resting 
on a perfectly conducting ground plane [2], 



Fig. 63. Illustration of a typical blade antenna. 
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The two most convenient parameters for describing the external network 
of Fig, 62a are the induced short-circuit current and the antenna 

admittance Y & at the gap (Fig. 63). From the continuity equation one has 
I <n< , ■ sQ(x q )» Q(* 0 ) being the total charge collected by the portion of the 
antenna above x-x q . For wavelengths greater than about four times the 
antenna height, Q can be obtained from the solution of the electrostatic 
problem of a perfectly conducting ellipsoid immersed in a uniform external 
field E a , which is related to the surface charge density p on the conducting 
plane by E n "p/e 0 * If Q is expressed in terms of the displacement current 
density se 0 E n , the equivalent induction area may be introduced through 
the relation 1^ - se^^A^. If one prefers to speak of the induced open- 
circuit voltage the effective height h g will appear through - h e E Q . 

Since ijjyj “ Y a V i n( j and since Y fl is basically given by sC a one arrives at the 
relation 


(114) 


where is the antenna capacitance. 

For a half ellipsoid symmetrically resting on a perfectly conducting 
ground plane with semi-axes a,b,c (see Fig. 63 where c is the semi-axis along 
the z-direction), the equivalent area A fiq is given by [2] 


where (a > b > c) 


VV " ’ bcB a (1 - X 0 / ‘* 2 ) 




’ F(cp/a) - E(<p/<X) 


(115) 


(116) 


F and E are respectively the incomplete elliptic integrals of the first and 
second kinds [7] and 


) 2 2 ~ 

9 • arcsin V1 - c /a 

a - arcsin ^(a 2 - b 2 )/(a 2 - c 2 ) 


(117) 
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When c « b, the ellipsoid degenerates into an elliptic disk or blade 
and consequently (115) is simplified to 


A (x ) 


- K(m) - E(m) 


(118) 


where K and E are complete elliptic integrals of the first and second kinds, 

2 2 

and m-l-b /a . Table 13 gives the values of the normalized equivalent area 
of a blade for various b/a ratios. 


TABLE 13. NORMALIZED EQUIVALENT AREA OF AN ELLIPTIC DISK (BLADE ANTENNA) 


b 

a 

A eq (0) 

A eq (0) 

a 

b 

irab 

Trab 

10" 3 

137.0980 

1.0000 

10“ 3 

10“ 2 

20.0328 

1.0002 

io" z 

0.1 

3.6945 

1.0112 

0.1 

0.2 

2.4420 

1.0324 

0.2 

0.3 

1.9890 

1.0581 

0.3 

0.4 

1.7376 

1.0864 

0.4 

0.5 

1.5865 

1.1162 

0.5 

0.6 

1.4836 

1.1469 

0.6 

0.7 

1.4091 

1.1782 

0.7 

0.8 

1.3527 

1.2100 

0.8 

0.9 

1.3087 

1.2413 

0.9 

1.0 

1.2732 

1.2732 

1.0 





For the calculation of Y g in the Norton equivalent circuit across the 
antenna gap (Fig. 63), one considers a cylindrical antenna with equivalent 
radius equal to about one-fourth the averaged width of the blade [56]. Then 
the impedance sum formula for an asymmetrically driven antenna can be used, 
with proper account taken of the presence of the ground plane [59]. 

a. UHF Communication Antennas 

A very common UHF antenna is shown in Fig. 64a, and Fig. 64b is the 
corresponding equivalent circuit in which L is the inductance of the short 
stub. This stub not only provides a dc path for lightning protection 
between the upper part of the antenna and the aircraft skin but also 
mechanically fastens the two parts of the antenna. The different sections 
of the transmission lines and the end capacitance C are for tuning purposes, 
so that within the operating frequency band (225 - 400 MHz) the VSWR is 
about 2:1 at the input connector. The capacitance accounts for the two 
ends of the gap, and and I ind are calculated as discussed above. Figs. 

65a and 65b show the frequency variations of Z^ n and h £ together with some 
measured data for Z in . 

b. UHF/L-Band Antennas 

Figs. 66a and 66b depict all the electrical connections of a typical 
UHF/L-band antenna (operating in the frequency regimes of 225 - 400 MHz for 
the UHF-band and 0.95 -1.22 GHz for the L-band) . The total antenna height 
is about 20 cm, which is roughly equal to a quarter wavelength at the mid¬ 
frequency of the UHF-band. The equivalent circuit is given by Fig. 66c. 

The characteristic features of this antenna are the L-band choke and the 
two gaps. At frequencies below UHF the choke is ineffective, and hence 
the top and the mid-sections can be treated as one piece of metal. The 
external circuit elements Y & and 1^^ correspond to an antenna with a gap 
at about one-third the antenna's height from the base. Within the L-band 
the choke acts like a quarter-wavelength transmission line, and so the 
top section need not be considered. Within this frequency band Y a and 
I^ n( j correspond to an antenna with a gap at one-half the antenna's height 
from the base, while other elements in Fig. 66c remain unchanged. What 
is not shown in Fig. 66a is the dlplexer connected to terminals A,B via 
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Fig. 64. Schematic diagram and equivalent circuit of the UHF Communication 
Antenna AT 1076. 












































a coaxial cable. This diplexer has a low-pass filter and a high-pass filter 
to separate the UHF- and L-band channels. In Figs. 67a and 67b the frequency 
variation of the input impedance and the effective height are displayed 
together with some measured values for Z^ Q . 

c. VHF Communication Antenna 

A schematic diagram of a typical VHF communication antenna is shown in 
Figs. 68a and 68b. A careful examination of these figures reveals that 
Fig. 68c is the appropriate equivalent circuit for this antenna. The trans¬ 
mission lines with impedance Z -176 ft represent the empty portion of the 
slot, whereas the transmission line with impedance Z* 119 ft represents 
the dielectric-filled portion of the slot. The impedance Z c can be estimated 
from the analysis of two coplanar strips of unequal width by the method of 
conformal mapping [60]. The positions of the tap points D,F, the length of 
the dielectric portion of the slot, and the three added coaxial cables act 
as a matching network, so that the VSWR is less than 1.75:1 at in-band 
frequencies (116-156 MHz). The ideal transformer in the equivalent circuit 
accounts for the fact that the shojjt-circuit current between D and F is just 
a fraction of 1 ^ , which is the total induced current flowing through a 
cross section of the antenna (located at D or F and being parallel to the 
antenna base) when the slot is absent. The ideal transformer also accounts 
for the radiation effects on the antenna's input admittance, since in 
Fig. 68c is the admittance across a gap bisecting the entire antenna at the 
location of the cross section discussed above. For more details the reader 
is referred to [61]. The transformer ratio n can be estimated by examining 
the induced charge density on an ellipsoid immersed in a uniform static 
electric field. Fig. 69 shows the calculated input impedance together with 
some measured data. 

d. VHF/UHF Communication Antenna 

The antenna shown in Fig. 70a operates in two frequency ranges: 116- 
152 MHz (VHF) and 225 - 400 MHz (UHF). The elements shown with hatching and 
cross-hatching are metallic strips forming transmission lines and capacitances 
with the radiating metallic plate. The parallel piece of short-circuited 
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Input impedance of the VHF Communication Antenna S65-8262-2 
(116-156 MHz). 
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coaxial cable near the VHF terminal (A,B) acts as a quarter-w-velength choke 
in the UHF band and the limped inductance near the UHF terminals(A 1 ,B) is 
intended to short circuit the VHF signal. Thus these two elements provide 
isolation between the two frequency bands. The equivalent circuits for the 
VHF and UHF sections are shown in Figs. 70b and 70c. The admittance Y is 
that of the base-fed blade antenna and the blade identified in Fig. 70a is 
the radiating element. The current generators 1^ (= sQ £ , and 1^ (* sQ^) 
originate from the total charges and u' c induced on the two hatched plates 
and the cross-hatched plate, respectively, through capacitive coupling to 
the induced charge Q^ U( j on the radiating element. The ratio nss Q c /Q^ n£ j (or 
n' “ Q^^ind^ approximately equal to the ratio of the total area of the 
two hatched plates (or the cross-hatched plate) to that of the radiating 
element. The circuit elements (or C^) are the total capacitance between 
the hatched plates (or the cross-hatched plate) and the radiating metallic 
plate. The capacitances Cj and account for the capacitances of the 
hatched and cross-hatched strip lines together with the two open-ended 
pieces of coaxial cable located near the antenna center. The inductance L 
represents the aggregated effect of the hatched strip lines (including the 
fact that the strip line is grounded at the antenna base). The frequency 
variations of the input impedances at the two antenna terminals are shown in 
Figs. 71a and 71b. 

e. L-Band Blade Antenna 

Figs. 72a and 72b show two different antennas that both operate between 
0.96 GHz and 1.21 GHz. Although their overall dimensions and in-band properties 
are similar, their out-of-band properties are quite different. 

Fig. 72a shows a blade antenna with a slot (the slot often being 

referred to as a notch). The equivalent circuit is shown in Fig. /2c. The 

mode cf operation and approach in analyzing this antenna are similar to those 

of the VHF communication antenna above. The induced current I. , and antenna 

ind 

admittance Y a in the equivalent circuit of Fig. 72c are the quantities referred 
to the same blade antenna having a feeding gap across the entire blade at D,F. 
The two transmission lines with characteristic impedances 147 ft and 300 0 are 
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due to the slot, whereas the transmission line between D,F and A,B represents 
the coaxial cable with the characteristic impedance of 50 ft . The frequency 
variation of the antenna's input impedance is shown in Fig. 73a. 

The interior structure of another L-band antenna is shown in Fig. 72b. 
The actual antenna element is a thin metal sheet cut out in a regular symmet¬ 
ric pattern. The holes cut out in the sheet have the effect of increasing 
the antenna inductance, since the current has to flow around the holes, 
thereby lengthening the current path. To find the input impedance, the 
antenna may be modeled as a conical monopole with height 7 cm. The cone 
angle is determined by equating the capacitances of the monopole model and 
actual antenna. The antenna capacitance was found to be about 7.8 nF using 
the variational principle, resulting in a cone angle of 82° [62]. The 
effective height is determined from the relationships 


(119) 


It is found in [2] that for a blade antenna, is slightly larger than 
twice the geometric area of the antenna element. The input impedance is 
displayed in Fig. 73b, while the effective heights of both antennas are 
given in Fig. 74. 

Both L-band antennas have roughly the same input impedance and effective 
height at in-band frequencies. The notch antenna has an inductive input 
impedance and a very small effective height for low frequencies, whereas the 
other blade antenna has a capacitance input impedance and considerable 
effective height for low frequencies. 

2.1.3.1.2 Loop Antennas 

Loop antennas on aircraft are usually physically small and sometimes 
have ferrite cores. The frequency of operation ranges from tens of kilo¬ 
hertz (VLF) to hundreds of megahertz (VHF). 

The theory of a circular loop is most extensive [63] and can be 
applied, for practically all engineering calculations, to loops of other 
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frequency (GHz) 

Fig. 73. Input impedances of two L-Band (0.96-1.21 GHz) Antennas 
(a) S65-5366 and <b) AT-741. 
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Fig. 74. Effective heights of two L-Band (0.96-1.21 GHz) Antennas 
(a) S65-5366 and (b) AT-741. 
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shapes provided that (a) the perimeter of the given loop is equated to 
that of a circular loop in the antenna-impedance (Z fl ) calculation, and 
(b) the geometric areas are equated in the induced-voltage (V^) calcu¬ 
lation. In certain cases where the ferrite core is a rectangular slab, 
such as the VLF magnetic-loop aircraft antenna, two magnetostatic boundary- 
value problems need to be solved for the determination of the external 
elements and [64]. 

a. Localizer Antenna 

Figs. 75a and 75b show all the electrical elements of a localizer 

antenna and Fig. 75c is the equivalent circuit. The external elements 

Z and V. , can be calculated as discussed above with due account for the 
a ind 

factors of two resulting from the presence of the ground plane. The tuning 

capacitors at the ends of the loops (Fig. 75a) are represented by C in 

Fig. 75c. The coaxial cable wound around the center rods serves as a 

balun, converting a balanced signal into an unbalanced one for the terminals 

A,B and A',B within the in-band frequencies (108-112 MHz). The wires 

wrapped around the 100 ft resistor can be identified as a hybrid circuit 

which splits an incoming signal into two equal parts for the two terminals 

A,B and A’,B. Because of the close coupling between the wires, M can be 

taken equal to L. In Fig. 76a is plotted the input impedance referred 

to A,B with A',B open circuited or vice versa. Also shown in the figure 

are some measured data. In Fig. 76b is shown the frequency variation of 

V across A,B or A’,B for an incident plane wave with the electric field 
oc 

vector perpendicular to the ground plane and the magnetic field vector 
perpendicular to the plane of the loop, 

b. VOR Antenna 

Fig. 77a shows a VOR (VHF Omni-Range) antenna. This antenna is usually 
located inside a flush radome on the vertical stabilizer. The antenna proper 
consists of a rectangular loop containing three gaps. The capacitance 
in the equivalent circuit shown in Fig. 77b represents the combined capaci¬ 
tance of the two gaps on the long sides of the loop. This antenna has a 
very low VSWR (1.5:1) within in-band frequencies (108-118 MHz). This is 
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frequency (MHz) 

Fig. 76. Input impedance and open-circuit voltage of the Localizer Antenna 
S65-147 (108 - 112 MHz). (B q is the external magnetic field compo¬ 
nent perpendicular to the plane of the loops.) 
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achieved by appropriately adjusting the tuning elements L^, and C2« 

The capacitance ’.s used to block any low-frequency signals, while R^ 
is used to dissipate these signals. 

c. MaRnetic-Loop Antenna 

The magnetic-loop antenna is a VLF/LF (17-60 kHz) receiving antenna, 
usually mounted on the top of the fuselage and enclosed in a fiberglass 
radome. This antenna as shown in Fig. 78a has two sets of coils wound 
perpendicularly to each other on a matrix of ferrite rods. A schematic 
drawing depicting the winding arrangements of each coil and the tap points 
is shown in Fig. 78b. The equivalent circuit for the loop, the cable, and 
the junction box are presented in Fig. 78c. To determine the two external 
quantities and two independent magnetostatic boundary-value problems 

appropriate for a coil wound on a rectangular ferrite slab are solved by 
integral-equation techniques [64]. Fig. 79a shows the results of such 
calculations, where f^ is the dimensionless flux enhancement factor due 
to the presence of the ferrite slab, and f L is defined so that f^i^aMir is 
the inductance of a single turn of wire wound on the ferrite slab, a being 
the wire radius. Thus, one has 


( 120 ) 


and is the magnetic field normal to the coll and A is the area of a 
single turn. The input impedance between A,A' is shown in Fig. 79b for 
frequencies below 1 MHz. Above 1 MHz the input impedance is dominated by 
the two shunt capacitances in the filter. 

2.1.3.1.3 Slot Antennas 

The theory of slot antennas is based on the Babinet principle, from 
which one can obtain results for a slot antenna directly from those of the 
complementary dipole antenna. Let the superscript s denote quantities of 
a slot antenna and the superscript d quantities of the complementary dipole 
antenna. Then 
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Fig. 78. Schematic diagrams and equivalent circuits of the Magnetic Loop 
Antenna AS-1909/ARC-96. 
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( 122 ) 


where Z q Is the £ree-space impedance and y is the propagation vector of the 
incident plane wave. Eq.(121) relates the input impedances of the two 
antennas and is well-known to the antenna engineer. Eq.(122) is less 
familiar and expresses the relationship between the effective heights. In 
the case of a slot antenna, it is physically appealing to think of the short- 
(s) 

circuit current 1^ across, say, the mid-points of the slot. Then 


I< 8 > = 


7 (s) oc „(s) 
in Z in 


(123) 


where the last relation follows from (121) and (122) with yxf 1 - yZ^ 1 . 

Eq. (123) is dual to the equation ■ E* - • for the complementary 

dipole antenna. 

a. Glide-Slope Track Antenna 

The glide-slope track antenna shown in Fig. 80a is a receiving antenna 
for the frequency range 329- 335 MHz. It is the complement of a folded 
strip dipole with capacitive loading at both ends (Fig. 80b). The equiva¬ 
lent circuits of both antennas are shown in Figs. 80c and 80d. The element 
is the impedance of the common (or symmetric) mode, and the transmission 
line accounts for the differential (or antisymmetric) mode. The impedance 
Z c is the characteristic impedance of the transmission line formed by the 
two parallel conductors of the folded dipole. More detailed analyses of 
the folded dipole are presented in [54, 56, 65, 66]. A derivation of the 
expression for the current generator in Fig, 80d is given in [67]. With 
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the aid of (121) - (123) one obtains the equivalent circuit shown in Fig. 80c 
for the slot antenna. The voltage generator with strength 2dE Z'/Z can be 
replaced by a current generator in parallel with the transmission line. 
Physically, this current generator can be understood as arising from the 
total net charge induced on the (short-circuited) center strip. The input 
impedance and effective height of the glide-slope track antenna are shown 
in Figs. 81a and 81b. 

b. Glide-Slope Capture Antenna 

The glide-slope capture antenna shown in Fig. 82a also makes use of a 
slot. This antenna is used to receive signals in the band 329 - 335 MHz. 

The equivalent circuit is presented in Fig. 82b, where C is the capacitance 
between the tuning stub and the strip line. The impedance Z & can be 
determined by first finding the input impedance of the slot's equivalent 
dipole and then using (121). The strength of the voltage generator 
V ind =■ (Z Q /Z a )h e E n> where h g is approximately half the slot length for 
frequencies of interest. The input impedance and effective height are 
shown in Figs. 83a and 83b. 

2.1.3.1.4 Bowl Antennas 

Most aircraft antennas operating in the gigahertz frequency range are 
horn antennas. Sometimes the horns are quite shallow and in these cases 
the horns simply house the antennas. In other cases the horns are deeper, 
and the horn becomes an important part of the antenna proper. All these 
antennas are grouped here under one general heading — the bowl antenna. 

For this type of antenna the calculation of field penetration into a bowl 
is an essential step, since the field picked up by the probe or loop inside 
is modified by the bowl. Usually the important wavelengths of the EMP are 
much larger than the dimensions of most of the bowls found on an aircraft; 
hence, techniques applicable to static boundary-value problems are adequate 
in the determination of field penetration. Analytical and numerical solu¬ 
tions have been found for a two-dimensional trough [68], a hemispherical 
indentation [69,70], and a semi-infinite circular pipe with an infinite 
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frequency (MHz) 



Fig. 83. Input impedance and effective height of the B558 Glide-Slopt 
Capture Antenna (329 - 335 MHz). 












flange [71,72]. For other bowl shapes one either idealizes the shape, so 
that a solution is already available, or resorts to some numerical scheme 
for the boundary-value problem appropriate for the bowl geometry at hand. 

a. Marker Beacon Antenna 

The marker beacon antenna shown in Fig. 84a is flush-mounted at the 
bottom of the fuselage and operates around 75 MHz. The bowl can be approx¬ 
imated by a hemispherical indentation. The equivalent circuit is given by 
Fig. 84b in which and are respectively the inductances of the small 
and large loops formed by the metal rod and the feed wire. Figs. 85a and 
85b give the frequency variations of and V oc /B q , where is the magnetic 
field tangential to the aircraft skin (with the bowl covered) and perpendic¬ 
ular to the plane of the large loop. 

b. Low-Rangc-Radlo-Altimeter Antenna 

Figs. 86a and 86b show two typical low-range-radio-altimeter aircraft 
antennas, one with an electric probe and the other with a magnetic loop as 
the feeding elemeut. These antennas operate between 4.2 -4.4 GHz and are 
flush-mounted ut the bottom of the fuselage. The equivalent circuits of 
these antennas arc shown in Figs. 86c and 86d. 


(a) 


bowl 

(25.4 x 716 x 15.2) 



all dimensions in 
osntimstsrs 


dislsctric aircraft 
covsr skin 



L|°35.7nH, L 2 =90.0nH f M = 6.5nH, 
R=O.I60, C - 49.9pF 


Fig. 84. Schematic dlagruin and equivalent circuit of the AT-536/ARN 
Marker Deacon Antenna. 
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frequency (MHz) 



frequency (MHz) 

Fig. 85. Input impedance and open-circuit voltage of the AT-536/AKN Marker 
Beacon Antenna (75 MHz). 
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(c) (d) 

Fig. 86. Schematic diagrams and equivalent circuits of two typical low- 


range-radio-altimeter (LKRA) antennas. 


The two important problems to be considered are the field penetration 
into the horn and the effect of the horn on the impedance of the small stub 
or loop. From the viewpoint of mathematical tractability the geometries of 
Figs. 86a and 86b can be described as a quasi-pyramidal horn with an infinite 
flange. The boundary-value problem, either electrostatic or magnetostatic, 
is quite complicated to solve, since the solution requires solving a trans¬ 
cendental equation for the degree of the Legendre functions. Often an 
adequate engineering estimate can be obtained by studying the solutions 
for rectangular wells with different dimensions and then exercising one's 
judgment to choose the solution appropriate to the geometries of Figs. 86a 
and 86b. 

2.1.3.1.5 Large Antennas 

There exist antennas whose dimensions are comparable to or even greater 
than the dimensions of an aircraft. For these antennas the airframe is 
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either part of the antenna itself or appe -rs simply as a capacitive loading 
on the antenna. The HF (2-30 MHz) fixed-wire antenna is a typical example 
of the former case, while the VLF/LF (17-60 kHz) trailing-wire antenna 
represents the latter. The method of analyzing these antennas is given in 
Sec. 2.1.2.3.1. 

a. VLF/LF Trailing-Wlre. Antennas 

Two common VLF/LF (17 - 60 kHz) transmitting wire antennas are shown in 
Fig. 42. The response of this type of antenna to EMP can be obtained using 
two different steps. In the first step, which is valid in the frequency 
range where the aircraft is electrically small, it is sufficient to use 
the capacitance C a of the aircraft to characterize its influence on the 
antenna response. The interaction between the two wires in the case of 
the dual-wire antenna can be calculated expeditiously by decomposing the 
wire currents into common-mode (antenna-proper) currents and differential¬ 
mode (transmission-line) currents. In the second step, which is valid in 
the frequency region around the first few aircraft resonances, the aircraft 
is modeled by intersecting sticks, as given in Sec. 2.1.2.3.1. 

Fig. 8/b is the equivalent circuit appropriate for the situation 
depicted in Fig. 87a. Explicit approximate formulas for I.[ nd > I'^ nd > Z a» h » 
Z”, Z a and g can be found in [73], It should be noted that the response 
of the single trailiag-wire antenna shown in Fig. 42 can be directly 
obtained from that of the dual-wire antenna by letting the length of the 
short wire go to zero. 

The input admittance and the short-circuit induced current of the 
dual-wire antenna (Fig. 87) are given in Fig. 88 for frequencies below 
0.5 MHz, and in Fig. 89 for the frequency range between 0.5 MHz and 6 MHz, 
which includes the first two resonant frequencies of the aircraft (E-4) 
under consideration. Notice that in Fig. 89 the frequency scale (1 MHz- 
6 MHz) on the top is for the solid wiggly curve, whereas the bottom 
frequency scale (0.5 MHz - 1 MHz) is for the dotted curve. The loading 
effects of the antenna transmitter and coupler on the induced antenna- 
wire currents can be found in [74]. 
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Fig. 89. Frequency variation (0.5-6 MHz) of input admittance and short- 

circuit induced current I. , across A,B of Fig. 87. In (b) the 
ind 

bottom and right vertical scales are for the dotted line and the 
top and left vertical scales are for the solid line. 
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b. HF Fixed-Wire Antenna 

The two HF fixed-wire anteruas on the E-4 aircraft are shown in Fig. 90a. 
A schematic drawing of the stick-model aircraft used in the calculations is 
shown in Fig. 90b. To find the input impedance between A,B when the port 
A',B is terminated by the impedance Z L , let the antenna be driven with the 
voltage V between A,B. The induced currents on the antenna wires and the 
aircraft can be decomposed into (a) radiating currents on the aircraft, 

(b) a TEH mode such that the wire currents are of equal magnitude and 
direction with the "return current" along the fuselage, and (c) a TEM 
mode such that the wire currents are of equal magnitudes but opposite 
directions (with no net current along the fuselage). The details of this 
decomposition can be found in [75]. An equivalent circuit of the antenna 
is shown in Fig. 90c. The admittance. Y is defined at an imaginary gap 
across the fuselage at the location of the antenna feed-point, and can be 
obtained using a stick-model aircraft. The transmission line with the 
characteristic impedance represents the first TEM mode described above, 
whereas the transmission line with impedance Z^ represents the second TEM 
mode. The ideal transformers account for the coupling between the TEM modes 
and the radiating currents. The current 1^^ is induced on the fuselage by 
a plane wave at the location of the antenna feed gap and in the absence of 
the antenna wires (see Fig. 90b). The other current generators are found 
using the transmission-line theory of [2]. Fig. 91 shows the frequency 
variation of the input impedance and effective height. In this case, the 
effective height relates the open-circuit voltage to the incident electric 
field, and is a function of the angle of incidence and polarization of the 
incident plane wave. These quantities are defined in Fig. 90b. Furthermore, 
both the input impedance and effective height depend on the load impedance 
Z^. In Fig. 91 the values Z^“0, Z^» » and 0=120° have been used. Quantities 
with superscript "sc" correspond to Z L =0, and quantities with superscript 
"oc" correspond to Z L = “. The variation of h £ with 0 can be found in [75], 

The transient response of this antenna to an incident, double exponential 
plane wave is given in [76]. 
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Fig. 




90. Schematic diagrams and equivalent circuit of the two HF fixed- 
wire antennas on the E-4 aircraft. Z^ is the load Impedance 
across A',B. 
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c. HF Notch Antenna 


The HF notch antenna shown in Fig. 92b can be found on the B-l aircraft. 
This antenna has a slot parallel to the leading edge of the vertical stabi¬ 
lizer and it is shunt fed at the base. The equivalent circuit is given 
in Fig. 92c. The circuit elements and 1^^ refer to a horizontal gap 
across the entire vertical stabilizer at the junction between the fuselage 
and the stabilizer. These two quantities are obtained from stick-model 
calculations. The ideal transformer accounts for the fact that the induced 
short-circuit current flowing in the narrow strip of the leading edge of 
the vertical stabilizer is only a fraction of the total induced short- 
circuit current flowing in the entire vertical stabilizer. The transmission 
line with length 3.08 m accounts for the slot, and the voltage generator 
represents the magnetic field linking the slot at low frequencies. The 
input impedance and the equivalent height are shown in Fig. 93. 

2.1.3.2 Apertures 

The determination of EMP penetration through holes or apertures in the 
outer skin of a missile or an aircraft is an important first step in the 
overall assessment of induced voltages and currents at the connector pins 
of electronic boxes. Apertures oi interest may be intentional (e.g., small 
windows, open access holes, etc.), or they may be inadvertent (as in the 
cases of cracks around doors and plates covering access ports and of poor 
electrical seams (riveted joints) in the outer skin of an aircraft or a 
missile). 

In this section apertures of small and moderate electrical size in an 
infinite, perfectly conducting plane will be treated, whereas apertures 
backed by wires and cavities,and apertures on a curved surface will be dealt 
with ii. Chaps. 2.2 and 2.3. 

2.1.3.2.1 Dipole-Mome nt Ap proximation and Polarizabilities 

In many EMP-rclatPd applications, the apertures of interest are 
electrically srnali, a property which leads to very helpful simplification 
in computation. By electrically small it is meant that the maximum 
dimensions across the aperture are short relative to the wavelengths of 
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interest. The electromagnetic field than penetrates an electrically small 
aperture in an infinite, perfectly conducting plane can be represented 
approximately by the radiation from equivalent electric and magnetic 
dipoles p a and m fl of the aperture (cf. Sec. 1.4.1.4.2). The dipole fields 
E d , H** at r radiated by p^ and m fl at the origin of the coordinate system in 
free space are given by 


E d (r,s) ■ - [p a (s) xVG(r,e)] x sp m a (s) *VG(r,s) 
H d (r,s) - - s P a (s) x VG(r,s) -Vx^s) xVG(r.a)] 
where G(r,s) - e Yr /(4irr). in the time domain it d ,lt d are given by 


(124) 


■ S \ ^ (t) V V 'k V * [ ^2 “a' 61 ^r] 


(125) 


where is the unit vector perpendicular to the piano of the aperture, and 
the dot represents time differentiation. Note that the radiated far field 
Vies been neglected in (125). 

The aperture equivalent electric and magnetic dipole moments p , in 
are related to the electric and magnetic (imaged) polarizability tanauru 
« e and a ffi of an aperture in an infinite ground plane by (cf. 1.4.1.4.2) 


p ■ 2ea > • li , ul ■ - 2oT • it (126) 

l a e sc’ a m sc v ' 

where E , it are the short-circuit fields at the aperture, 
sc sc 

The representation of the effect of an aperture in a perfectly conducting 
surface by equivalent dipoles is suggested in Fig. 94. In Fig, 94a is seen 
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(a) original problem (b) squivalant problem 


Fig. 94. (a) Portion of conducting surface with aperture; (b) aborted 

aperture with equivalent dipoles on shudow aide of surface. 


a portion of a conducting surface with an aperture illuminated by an Incident 
field (&VAS, while in Fig. 94b is shown the equivalent problem. In the 
equivalent problem, the aperture is short-circuited, i.e., the conducting 
surface is made continuous, extending over the region where the uperture 
existed in the original problem, and the equivalent dipoles are placed ut 
the shorted aperture on the shadow side of the surface opposite from the 
so-called illuminated side of the surface in which the sources exist. 

2. .1.3.2.2 Simple Apertures 

u. Simple Apertures of Small Electrical Size 

The imaged polarizabilities and a for the circle, the ellipse, mu' 
the narrow slit have been computed theoretically [77 - 79] and their expres¬ 
sions are given in table 14. 

(John [80,81] has experimentally confirmed the expressions in table 14 
and has also experimentally determined the polarizabilities of apertures of 
several other shapes. His data, together wlLli values based upon table 14, 
are presented In Figs. 95- 98; Figs. 96- 98 are taken from [82], 
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Normalized magnetic (imaged) polarizabilities for elliptical, 
rectangular, and rounded rectatigular apertures. 







De Meulenaere and Van Bladel present polarizability data using a 

different normalization [79]. In Fig. 99 is plotted a A versus v/S,, 

6 -3/2 

where A is the aperture area. As can be seen in Fig. 99, a g A is not 
very sensitive to aperture shape and depends almost entirely upon the width- 

to-length ratio w/&. The normalized magnetic (imaged) polarizability compo- 
-3/2 3/2 -1 

nents,a m yy A and A 7 cc m are presented in Figs. 100 and 101 [79]. 
Except for the cross, one sees very similar values for the various shapes. 
Since values for the ellipse are almost identical to those for the rounded- 
off rectangle, the curve for the ellipse is omitted. 

3/2 

The normalization factor A used in Figs. 99-101 is very important 
in practical applications because of the fact that with the exception of 
a m xx ^ or t ^ ie cross » t * ie normalized polarizabilities of various apertures 
are nearly the same as those for an ellipse. Hence, one may employ the 

simple formulas in table 14 for the ellipse to compute the polarizabilities 

3/2 

of other shapes (except xx of the cross), if the normalization A is 
used. 

Latham [83] has noted that for an elliptical aperture, the electric 
(imaged) polarizability normalized by the ratio A 2 /P, where A is the aperture 
area and P is its perimeter, is 


independent of the eccentricity of the ellipse. Latham also points out that 
a useful empirical formula for ^/(A /P) for a rectangular aperture is 

K a - ~ (1 + 0.55 w/») (128) 

AT “’ yy H 

When w /l < 0.5, (128) differs from an accurate numerical solution by less 
than 3%. 

Jaggard and Papas [84] have proposed the following bounds for simple 

2 2 h 

apertures with small eccentricity, which is defined to be (1-w /l ) , 
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Fig. 99. Normalised elsotric (Imaged) Fig. loo. Normalized magnetic (imaged) 
polarizabilities of various polarizabilities, 

apertures. 



Figs 101. Normalized reciprocal 
magnetic (imaged) 
polarizabilities. 









3/2 


(129) 



where <a ffl > - (a ffi>xx + a m#yy )/2. 

b. Simple Apertures of Moderate Electrical Size 
If the frequency of interest is sufficiently high that the largest 
dimension of the aperture is no longer a small fraction of the wavelength, 
then the dipole-moment approximation is no longer valid. Fortunately, in 
most BMP applications this situation is relatively rare because of the band- 
limited nature of the EMP and the physical sizes of the systems of interest. 

b.l Circular Aperture 

Fig. 102 shows the aperture electric field distribution for a circular 
aperture of radius 0.25X for normal incidence [85]. Some comparisons with 
experimental results [86] are also given in the figure. Fig. 103 shows 
the penetrant electric and magnetic field along the axis of a circular 
aperture. The fields computed by the dipole-moment approximation are 
also displayed in the figure. 


b.2 Slots 


Long and narrow slots can be approximated in many EMP applications by 
infinitely long slots, if the observation point is not near the slot ends 
or near a point at which the slot field has a null. For TE Illumination 
(which is more important than TM excitation) of an infinitely long, narrow 
slot in an infinite ground plane (Fig. 104) the electric field E x in the 
slot is [87] 


E (x,0) 


2/(kw/2) 2 


&n(rkw/8) + jir/2 ' 


(131) 
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|E y {o,c,z)/E ] 



WM. 












where |kw| << 1 and r = 1.78107 is Euler's constant and w is the slot width. 
At a distance p from the slot axis large relative to slot width w and small 
relative to wavelength X, the magnetic field H is 


+ Jtt»/Wf 0 *. c>I /* 0 (132 > 

where 

£ e " i *'(* 7 -) - h(l ^) 2 -mil sl “ 

(1.33) 

f 0 3 ? 8ln * + i(p sin +) 3 

For a finite-length narrow slot maximum penetration occurs when the 
slot length is near A/2 or an odd multiple thereof, and when the magnetic 
field of the excitation is directed parallel to the slot axis and is an 


Fig. 



Infinite slot in a ground plane subject to TE illumination 
(cross-sectional view). 
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104. 



even function relative to the slot center. Strong penetration also occurs 
through slots whose lengths are multiples of one wavelength when the axially 
directed magnetic field possesses a rich odd-function component. Such "worst 
case" data can be derived from the dual results available for thin wires. 

As an example illustrative of the EMP field passing through a finite- 

length slot, H (t) is selected to be constant along the slot axis with 
sc ,y 

the double exponential pulse time variation shown in Fig. 105a. Fig. 105b 
displays the time history of the electric field E x (t) at a point two meters 
behind the plane and passing through a 155 cmx 1.3 cm slot. 

2.1.3.2.3 Hatch Apertures 

Examples of some hatch apertures of practical interest are shown in 
Fig. 106, each of which represents a narrow slot of width g cut in a thin, 
perfectly conducting plane. In all cases, g « i, g « w, and g << d. 

Figs. 106a and 106d might represent a "covered" access hole or doorway, 
while Fig. 106b might be a circular access hole with a cover hinged on one 
side (at y = -d/2) and latched on the other (at y - d/2). The example of 
Fig. 106e could be representative of a doorway closed by means of double 
doors, while Fig. 106c might represent the cover of a missile silo. 

Polarizabilities for the hatch apertures of Fig. 106 are given in 
[88,89], and simple formulas for these polarizabilities are summarized in 
table 15. One should note that the presence of the hinge and latch in 
Fig. 106b has negligible effect on while it does modify xx and 

u , as is seen from a comparison of the polarizabilities of the apertures 
of Figs. 106a and 106b. Similarly, the presence of the center slot in 
Fig. 106e influences only Ty . 

Closed doors and covered access holes often are sealed by means of 
conducting gaskets that can reduce the penetration of electromagnetic energy. 
The presence of the gasket can be accounted for in the determination of ^he 
polarizabilities [88,89], and the resulting polarizabilities of gasket-sealed 
hatch apertures are listed in table 16. 
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Fig. 106. Hatch apertures. 


2.1.3.2.4 Array of Apertures 

For a row of periodically spaced apertures as shown in Fig, 107 the 
normalized (imaged) polarizabilities 5^, xx and ^ are given by [83,90], 
with the x,y-axes being the principal axes of the apertures, 


— = e 


eo _ 2c(3) _ 


= t , 2 C (3) ( V ) g . 


(134) 


(135) 
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aAw/g; G c - »aAd/2g; L - pd/[4tn(16d/g) - 8]; L. - nirg Z /(64h); 










(136) 


a 

a = m »yy __i_ 

®»yy ( a m0 )yy _ 4^(3) ^ a mo^yy 
* d 3 

Here a , (a ) and (ct ) are the polarizabilities of one isolated aperture 
eo’ mo xx mo yy r 

in an infinite ground plane, and £ is the Riemann zeta-function and £(3) - 1.202. 
If there are only two apertures, one simply replaces 2^(3) with unity in (134) - 
(136). A comparison of the simple formulas (134)- (136) with the numerical 
results of Fig. 108 [91] for the case of rectangular apertures shows that 
they are accurate to within 5% for (aperture-aperture separation) >_ 2 times 
(aperture’s maximum linear dimension). 

2.1.3.2.5 Apertures With Impedance Loading 

Loading an aperture with a sheet impedance or coating the conductor 
containing the aperture (Figs. 109a,b) will change the aperture's polariz¬ 
abilities. The relation between the magnetic (imaged) polarizability of 
a loaded aperture and that of the same aperture without impedance loading 
a mQ is approximately 






(d) Normalized electric (imaged) polarizability; (b) and (c) 
normalized magnetic (imaged) polarizabilities for a single 
aperture in an infinite, linear array subject to uniform 
illumination. 





















Impedonce-looded 

/aperture 


dwtectrics 




Fig. 109. (a) An impedance-loaded aperture in an infinite ground plane; 

(b) a hole in an infinite ground plane sandwiched by dielec¬ 
tric slabs. 


“» “ l 1 + £‘zf) “m< 


(137) 


in which Z denotes the sheet impedance of the aperture loading material, and 
is the "equivalent" inductance of the unloaded aperture and given approxi¬ 
mately by 


(138) 


for apertures of small eccentricity, where A * aperture area and P ■ aperture 
perimeter. 

The factor by which the magnetic flux linking the aperture is reduced 
by the loading is the same as that given in (137) above, except that the 
factor 2/(3 tt) is replaced by 1/4. 

The geometry of a dielectric-backed and dielectric-coated conductor 
containing a circular aperture of radius a is shown in Fig. HO. The dielec¬ 
tric backing has relative permittivity e , and the coating has relative 







fre* space 



Fig. 110. 


A dielectric-coated and dielectric-backed circular aperture in 
a ground plane. 


permittivity and thickness h. The region above the coating is free space 
The electric (imaged) polarizability of the aperture a g is given by [92] 


g 

e r2 r ‘ 


,, h/a)a 


(139) 


in which a &Q is the electric (imaged) polarizability of the aperture in the 
conducting plane when * 1. In the limit as h -*■ 0, F -*■ (e r j.+ e r2 )/ 

(e^ + 1), so that 


lim a 
h -*■ 0 



(140) 


and when h -*■ 00 , F -*■ 1, so that 








The ratio a /a is shown plotted as a function of h/a for various values of 

e eo 

e rl and Fig- HI• It should be noted that when (h/a) > 1, the result 

given in (141) is quice accurate. 

2.1.3.3 Metallic and Advanced Composite Walls 

The transfer-function relationship between the tangential field compo¬ 
nents E. and H on the outer surface of a metallic or advanced composite 
to to ^ ^ 

wall and the field components and on the inner surface of the wall 
is of the following form (Fig. 112) 



(142) 


The matrix of dyadics in (142) is a "boundary connection supermatrix" [93]. 
Its dyadic elements can be written as 



in which the parameters depend upon the structure and composition of 
the wall and is the unit vector normal to the wall and pointing into the 
"inside" region bounded by the wall. 

Ljuivalent electric and magnetic surface current densities located on 

the inner surface of the wall are often useful in the calculation of the 

fields penetrating the wall. These source densities can be considered to 

radiate in free space, or the wall can be replaced by a perfect conductor 

with an impressed magnetic surface current density (in the latter case it 

is not necessary to consider the electric current density). The original 

problem and its equivalents are shown in Fig. 112. The equivalent surface 

densities if and J are 
eq m,eq 
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Fig. 112. The imperfect-wall penetration problem and its equivalent 

problems. The fields in the interior region are identical in 
each problem. 
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In most problems of interest, the wall is a good conductor, so that 2^, 

2 are related to H o ,2 being the short-circuit field on the outside 
m,eq sc sc 

surface of the wall. In these cases. J and J can be written in terms 

eq j. m,eq + 

of the short-circuit surface current density J » -1 as 

sc n sc 


in which 



T - 

cm 

and the transfer function T (s) is 
c 

X (s) 


- T c (s)t 

' Z o T c <8) V* 

■ (B ii - W 1 


(146) 


(147) 


(148) 


The analysis and results presented here are based fundamentally on the 
assumption that the wall under consideration is physically thin in comparison 
to its local principal radii of curvature. Eqs.(146) and onward are valid 
for walls which act as "good" shields, so that the approximation H to “ H B{ , 
holds. This is the case in nearly all practical applications. It is also 
assumed that the medium on either side of the wall is free space. 

2.1.3.3.1 Homogeneous Conducting Walls 

The boundary-connection parameters for a solid conducting wall of 
thickness d., conductivity a, and permittivity p, are 


! cosh/sT, 


R/sTj sinh/sT^ 
^ sinh/sTTj 



(149) 

j 


S 21 




where R - (ad) denotes the dc resistance of the wall material and x ( 
is the diffusion time constant. The transfer function T (s) is then 


T (s) 


/ Z sinh /ax, \ _1 

■ l“” h + — ) 

\ / 


( 150 ) 


A useful approximate expression for T (s), valid with negligible error over 
the entire EMP frequency range, is 


T (s) = — /sx. csch ^ 
c Z n a a 


(151) 


function of fx^ (where f is the frequency) in Fig. 113a. When 2iTfx d » 1, 

-/nfx, 
e d 

(152) 


(Z o /R) |T c | - 2/27Tft d 
argT c «f. “ 


- - /irfx. 


The Inverse Laplace transform of T (s), from which the impulse responses 
of the equivalent surface current densities are readily obtained, is [94] 


t (t) 


-ir t/x. -4ir t/x, -9ir t/x 


(x,/20<t<xj (153) 


—-(t/x.) _5/2 e C<i/4t (t < x,/20) 


/n x^Z q 

A plot of (Z Q x d /R)t c (t) as a function of t/x d is shown in Fig. 113b. 
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Fig. 113. (a) Magnitude and phase of (Z q /R)T c versus fx^ for imperfectly 

conducting solid walls, and (b) (Z Q T < j/R)t c (t) versus t/x^ for 
imperfectly conducting solid walls — f-e impulse response. 











Eq.(150) is valid whenever the wall material may be considered to be a 
good conductor, i.e., when the displacement current density can be neglected 
in comparison to the conduction current density: 2rrfe Q /a « 1. Eq.(151) is 

valid if Z »R, v^irfe /a << 1. The relative error in (151) is less than 0.25% 
° q 0 4 

when f £ 10 Hz and a >. 10 isho/m; the relative error in (150) is completely 
negligible under these conditions. 

Eq.(153) describes the time history of the impulse response of the 
equivalent surface current densities within a relative error of 0.1%. 

2.1.3.3.2 Mesh-Shielded Nonconductlve Walls 

A mesh-shielded nonconductlve wall (e.g., a boron-epoxy composite panel 
with a bonded-junction wire mesh embedded in one surface) is completely 
characterized for EMP shielding calculations by the following boundary- 
connection parameters : 


fl ll °22 
B 10 » 0 


(154) 


The impedance Z flh 
by 


is the equivalent sheet impedance of the mesh and is given 

2 .h- z ; a+ ^ t “[ a - e ' 2 " /a) ' 1 ] (155) 

- % 2,„„a+o 4 i - e ~ 2 ' r/ ‘‘ ) i g ;; 


where 

a - mesh size 
r ■ wire radius 

e r « relative permittivity of the panel (typically e r = 5) 

Z* ■ impedance per unit length of wir^s 
“ R/' (dc resistance per unit length) 
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Fig. 114. (a) Parallel polarization; (b) perpendicular polarization. 





The transfer function T (s) is 


T c (s) 


( 158 ) 


Over the EMP spectrum |r ,/Z + sL ,/Z I « 1, and hence 

1 sn o sn o ‘ 




(159) 


Frequency-domain expressions for the magnitude and phase of T £ are 


<V R 5 h>i T c i 

arg T c » arctan(2TrfL sh /R gh ) 


(160) 


The Inverse Laplace transform t c (t) of T c (s) is easily obtained from 
(159) and is given by 

tit) «^8 (t) + ^a'(t> (161) 

o o 

which clearly shows the "differentiating" character of a wall of this type. 

Eq.(154) is valid when the mesh sheet admittance is large in comparison 
to the equivalent sheet admittance of the dielectric substrate. In typical 
cases, the relative error incurred by ignoring the admittance of the substrate 
is less than 0.1%. 

Eq.(155) is derived under the assumption that the thin-wire approxima¬ 
tion holds with respect to the mesh wires, i.e., that r/a << 1. The error 
incurred by the use of the thin-wire approximation is not precisely known. 

It is known, however, that the use of this approximation tends to under¬ 
estimate the wire currents, so that the results presented here tend to 
overestimate the interior fields [93]. 
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The assumption that can be replaced by over the EMP frequency 
range is not correct at the upper end of the EMP spectrum. Precise 
error analyses are not yet available, but it is estimated that the rela¬ 
tive error incurred by using this assumption is less than a few percent 
over the entire EMP spectrum. 

Eq. (159) is valid when <K 1 and 2lTfL s h^ Z o <<: l ' 111686 conditions 

introduce negligible error over the entire EMP spectrum for practical cases. 

2.1.3.3.3 Mesh-Shielded Conductive Walls 

The transfer function T c (s) for a mesh-shielded conductive wall (e.g., 
a mesh-shielded graphite-epoxy composite panel) is 


Z \ sinh ^7, 


Z sinh /st, 1 -1 


which may also be expressed ; 


cosh /s', + (p + asTj) • 


f to[u - e- 2 "' 0 )’ 1 ] 
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Some representative curves of the magnitude of T c /T c (0) as a function of 
fT d for various values of p and a are shown in Fig. 115. The larger values 
of a correspond to coarse meshes, thin panels, and/or fine wires; the 
larger values of p correspond to smaller values of wire conductivity and/or 
thick, highly conductive panels. 

Relatively simple analytical expressions for the inverse Laplace trans¬ 
form of T c (s) for a mesh-shielded conductive panel do not exist, except in 
the limiting cases which have been described above. One may, however, 
construct a series expansion for T^t (t). One such representation is 












c (t) - I (0) l 
n-1 


-2u n (l + p - oiu 2 )exp(-u 2 t/x d ) 


cos u + (p - au ) 


^]lu-u 


( 166 ) 


in which the u are the positive real roots of 


cos u + (p-au 2 ) u - 0, u > 0 (167) 

The series in (166) converges for all t > 0, and for t > x d the first term 
is sufficient to represent * d t c (t). When t « x d , the following early-time 
representation is useful: 


T d t c (t>/T c <0) 1 


-(?•) 


1 - (1 + l/o) ±- 
1 T d 


+ 1 ~e(. 1 + p) _ + 1 1 / 168 x 

p-q [l + 2pt/x d l + 2qt/x d Jj t168 ' 


P«q ■ or (1 ± ♦'l- Apa ) 


Representative plots of x d t c (t)/T c (0) versus t/x d are shown in Fig. 116. 

Eq.(162) is analytically exact. Eqs.(163) and (164) are valid when 
the conditions |Z sh /zJ « 1 and |ydR/Z gh | « 1 hold, and (164) is valid 
when (156) can be used to represent Z gh - For typical meshes and conductive 
substrates, (164) is accurate to within a few percent. 

Eq.(166) is the exact Laplace inverse of (164). When t/x d >_ 1 the first 
term represents x d t c (t) to within 0.1%, if the root is accurately calculated. 
The early-time expression of (168) is accurate to within 0.1%, for t/x d £ 0.05. 
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CHAPTER 2.2 

INTERMEDIATE INTERNAL INTERACTION, I: LINE CONDUCTORS 


Between the first layer of shield (e.g., the aircraft's skin) and 
the connector pins of equipment boxes is a region where intermediate 
internal interaction takes place. Within this region there may be 
cable shields and other conduits such as hydraulic lines, control 
cables, pneumatic ducts, etc. Generically, these may all be referred 
to as line conductors. In this chapter engineering formulas and data 
will be presented to describe the interaction of these conductors. 

2.2.1 COUPLING 

The line conductors in the intermediate internal interaction region 
may be excited locally by nearby apertures or in a distributed sense by 
the field that diffuses through conducting walls. We will first present 
formulas and data to describe the voltage and current sources appropriate 
for local excitation by nearby apertures and then the voltage source for 
distributed excitation by diffused fields. 

2.2.1.1 Line Conductors Near Apertures 

Many BMP problems have to do with coupling through apertures to 
line conductors (wires) passing near them. For the low-frequency portion 
of the EMP spectrum, the usual approach is to represent the aperture 
by equivalent dipole sources. In a rigorous analysis, these dipole 
sources would be computed taking into consideration the scattering 
from the line conductor back into the aperture. In practice,it is 
usually possible to neglect the scattering from the conductor into the 
aperture. In this section results are presented for a line conductor 
coupled to a single aperture, in an infinite ground plane and to an 
array of periodically spaced apertures. 

2.2.1.1.1 Line Conductors Near a Single Aperture 

In Fig. 1 is shown a line conductor (wire) parallel to a conducting 
sheet with an aperture. The wire and the conducting sheet form a trans- 
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mission line. When the aperture is electrically small, its effects 
on the transmission-line mode can be represented by the equivalent 
circuit shown in Fig. 2, where the equivalent voltage and current 
sources, V and I , are given by [1] 


■tyw 




Fig. 1. (a) Coordinate system for a line conductor above a ground 

plane with an aperture, (b) cross-sectional view. 
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and the inductance and capacitance, L and C ,of the hole by 



( 2 ) 


Here, the characteristic impedance of the transmission line and the 
wave Impedance Z Q are 


Z c m h 2 0 » rcco *h(h/a) “ 57 Z o *n(2h/a) 


(3) 



"•q 




r 

i 



Fig. 2. Equivalent circuit of a small hole (R q » hole's dimensions). 



and the polarizabilities a e , a ffl for a variety of aperture shapes are given 
in Sec. 2.1.3.2.1. 

If the principal axes x' and z* of the aperture are not parallel to 
the x- and z-axes as defined in Fig. 1, then the aperture magnetic dipole 
moments m^ must be transformed to the x,y,z coordinate system according to 


m fl x , cos 8 - z , sin 0 
m a x , sin 0 + m a z , cos 0 


(A) 


where 0 is the angle between the x- and x-'axes (Fig. 1). Hence, the 
quantity • H flc contained in in (1), expressed in both primed and 

unprimed coordinates, is given by 




and the quantity 


■Kc ' ( Vx’*' COs2b + Vx'x' Sl “ 2e)a Ac ) 

+ - \,z'*' )C ° a 8 8l “ Ba x S .C ) 

a m xx containe ‘* in L a in (2) by 


(5) 


( 6 ) 


For most combinations of the parameters u>, R q and a, the lumped circuit 
elements L fl and C & of the aperture may be neglected. It is useful to observe 
that the negative capacitance element represents the lumped effect of the 
decrease in the line capacitance per unit length which, in turn, results 
from the decreased charging surface available because of the presence of 
the aperture. The additional magnetic flux paths which penetrate the 
aperture increase the line inductance per unit length near the aperture; 
this effect is accounted for by adding a positive lumped inductance. 

If the wire is so close to the aperture that the effect of the aperture 
can no longer be represented by dipole sources, then a correction factor for 
the equivalent sources may be used. For a circular aperture, the corrected 
equivalent sources are given by [1] 
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V ■ f V 

eq s eq,small hole 

( 7 ) 

"'"eq ^s*eq, small hole 

where the factor f^, plotted In Fig. 3, merely multiplies the small- 
hole source terms defined in (1). It should be noted that in deriving 
the factor f g in (7), the Influence of the wire on the aperture field 
has been neglected, an assumption which becomes less valid as the wire 
approaches the aperture. The factor [£/(2R q )]3 is a reasonable estimate 
of the relative error involved in this assumption. 

2.2.1.1.2 Line Conductor Near Periodic Arrays of Aperture s 

In many cases wires are situated near an array of identical 
periodically-spaced apertures. In such situations the influence of 
the wire on the apertures may often be neglected, as mentioned in the 
previous section, but it is often impossible l > neglect the coupling 
of adjacent apertures in computing aperture equivalent sources. 

However, if there is a sufficiently large number of elements it can 
often be assumed that the central elements in the array have the 
same aperture fields (and, consequently, the same dipole moments, etc.) 
as they would have in an infinite array. While it is common to treat 
more than seven or eight elements in an array as approximating an 
infinite array, there are no simple rules regarding the errors involved 
in such approximations, since the errors depend critically on such 
widely varying parameters as array spacing, aperture geometry, excita¬ 
tion, and frequency. 

For a wire behind and parallel to a linear array of apertures, 
an equivalent circuit representing the coupling of each individual 
aperture to the transmission line takes the form shown in Fig. 4a 
where the equivalent sources and circuit elements are defined in 
Fig. 2. The polarizabilities a e >^, to he used in (1) and (2) must 
be those of each aperture in an infinite array environment, and are 
given in Sec. 2.1.3.2.1. 
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Effects of diameter l of a circular aperture and height h 
of wire above a ground plane on the source factor f . 











If the apertures of an array are closely spaced In terms of 
wavelengths, the analysis of EMP coupling may often be made simpler 
by averaging over a period the lumped elements (sources and impedances) 
modeling the apertures and treating these elements as distributed 
quantities. Hence the array of lumped elements separated by sections 
of transmission line as shown in Fig. 4a may be replaced by a continuous 
transmission line with distributed parameters as shown in Fig. 4b, where 


• L /d, 


V 1 - V /d, I’ - I /d 

eq eq eq eq 


( 8 ) 


in which d is the period between apertures and the quantities L & , C & , 

V and I are defined in (1) and (2) with the polarizabilities taken 
eq eq 

to be those jf an array environment, and L' and C' are the line induc- 
J oo 

tance and capacitance per unit length with shorted apertures. 



Fig. 4. (a)Transmission line with lumped elements for widely-spaced 

apertures; (b)equivalent circuit per section of line for 
closely-spaced apertures. 
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Periodic Apertures 

A special but important EMP penetration is the leading edge of 
an aircraft wing covered by an array of dielectric skin panels which 
approximates a periodic array of apertures. The section of wing exposed 
to EMP penetration via the panels contains a pneumatic duct and some 
unshielded cables Inside an approximately triangular waveguide region as 
shown in Fig. 5. The interior problem may be modeled as a triangular 
waveguide with a center conductor, as far as the penetrant fields are 
concerned. An array of apertures is used to model the skin panels, 
whose dielectric constant has been assumed to be that of free space. 

The exterior problem of determining the short-circuit charge density p 
and current density 3 can be treated by the techniques in Chap. 2.1. 



Fig. 5. The edge of the wing modeled as a cylindrical tube with a 

triangular cross settion and a periodic array of rectangular 
apertures. 










The equivalent circuit of Fig. 4b is most appropriate to describe the 
interaction problem of Fig. 5. The distributed parameters are given 
by [2] 


L* - L* + L /d, C' - C' - C /d 


.iivvfc Jij M 

d Z 3n J z' ' 


joxx 


e 3£ 
d 3n 


p(z) 


( 9 ) 


where 1/ and are the inductance and capacitance per unit length of 
the transmission line formed by the duct and triangular waveguide, 

Z c ■ /I/Tcj , and L & and are the corresponding lumped element 
quantities representing the effect of the apertures on the transmission¬ 
line mode. The scalar potential function d> describes the TEM mode in 
the closed-aperture transmission line. The polarizabilities a ^ are 

given in Fig. 108 of Sec. 2.1.3.2. 

The quantities I/, and (d/da)ifi in (9) have the following 
approximate form 


T , v o 6 < 

L 0 = T 


li. 


fo Ho, (Ho) 

' n " 2,r / 

vf 


cos 6.. cos ( 


3n " £n(N/Dj | R. 
where (see Fig. 6) 


la _ 2a 

la R 2a 


cos e 3a cos e 4a ‘ 

h R„ R, 

3a 4a J 


( 10 ) 


"o ■ R 10 R 20 R 30 R «0 


■ distance between point i and point j, where 

ij - 0,1, . . . 8,a. 
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0 ■ angle between the outward normal vector at point a 

a and the vector from point i to point a. 

Note that the point a has to be chosen such that (3/3n)$ at a is 
approximately the average value of (3/3n)<j> over the aperture. 

2.2.1.2 Line Conductors Near a Conducting Surface 

When there is a time-varying surface current flowing on one side 
of a finitely conducting sheet (such as the metallic slcin of an aircraft 
or the raceway of a missile), the magnetic field associated with this 
current can diffuse through the sheet material and appear on.the other 
side of the sheet. This diffusive field can couple to conductors 
lying behing the sheet by electromagnetic induction. In the following, 
formulas are given which describe this magnetic-field coupling through 
a conducting sheet to a line conductor. 
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Fig. 7a shows a conductor passing over a plane sheet at a uniform 
height h. The sheet has thickness d, conductivity a, and permeability 
p. It is assumed that both a and p are frequency-independent. Let a 
time-harmonic current be induced on the under-surface of the conducting 
sheet, and the associated magnetic field be S gc> as shown in Fig. 7a. 

The effect of this magnetic field on the transmission line above the 
sheet can be represented by a distributed voltage source V ^ in the 
transmission-line equations, viz., 

g + 2'l-V ,(s) , g+Y'V-0 (ID 


The equivalent circuit representation of the transmission line is shown 
in Fig. 7b. The source term V*^ is calculated from Faraday’s law to be 


,(s) *= - jtop hTjt/S 


( 12 ) 



Fig. 7. Coupling of a magnetic field $ s<; through a conducting sheet 

to a conductor. The effects of this coupling can be represented 

, ( 8 ) 

by a distributed voltage source V v 1 in the transmission-line 
equation for the conductor-plane configuration. 
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where T m is the tangential magnetic field transfer function across the 
conducting sheet. It is given by 

T m “ ---- (13) 

cosh yd + Z Q /e/y sinh yd 

where 

e - e Q + a/jui, y - jon/ye (14) 

At EMP frequencies, one always has o » (oe Q . In this case the following 
expressions apply 

e - a/j», y ■ - 1 , 6 - (15) 

whero d is the skin depth of the sheet material. 

Fig. 8 shows a plot of the transfer function for a conducting 
sheet of thickness 1,5 mm, taken from [3], 

2.2.2 PROPAGATION 

One idealized model of a transmission line which has found wide 
application in the EMP interaction analysis consists of a perfectly 
conducting straight wire running at a constant distance over the 
surface of an infinite, perfectly conducting ground plane. Electric 
signals can be transmitted freely along this line in the form of 
current and voltage waves. Their propagation is governed by a pair 
of transmission-line equations. The propagation characteristics are 
determined by the uniform, distributed impedance and admittance per 
unit length of the line. 

This section deals with the treatment of certain deviations from 
this idealized transmission-line model that are relevant to EMP inter¬ 
action analysis. The discussions here are limited to those deviations 
that can be represented by changes in the impedance and the admittance 
of the line. Deviations that are equivalent to current and voltage 
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Magnitude of the tangential magnetic field transfer function 
T m for a conducting sheet as a function of frequency. The 
sheet has thickness 1.5 mm, permeability ii Q , and conductivity 
a which is in units of mhos per meter. 
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2.2.2.1 Lumped Circuit Elements of Discontinuities 


A strictly uniform transmission line is not often found in practice. 
Instead, localized geometrical nonuniformities frequently occur along 
the length of a line. Examples of such nonuniformities are cable bends, 
cable clamps, shield apertures, and nearby conductors. These produce 
local deviations of the distributed line Impedance and admittance from 
their uniform values, resulting in a scattering of the waves on the line. 
If the dimensions of the nonuniformities are small compared to a wave¬ 
length, the scattering effects can be represented by loading onto the 
uniform line an appropriate equivalent lumped network circuit. Fig. 9 
shows one example of a nonuniformity and its modeling by a symmetrical 
T section. The network is assumed to have zero spatial extension, and 
is to be inserted into the uniform line at the location of the nonuni¬ 
formity. The lumped impedance and admittance elements and Y^, 
characterizing the nonuniformity, are to be calculated from appropriate 
quasi-static electromagnetic boundary-value problems. The calculated 
results for some common cable discontinuities, applicable to the EMP 
interaction problem, are summarized below. 


(t>) Z d /2 Z d /2 

MUD— j —[HH> 

O' 

O- - -* - o 


Fig. 9. An example of discontinuity in the cable geometry and its 
equivalent lumped network. 







Fig. 10a shows a cable modeled by a wire of radius a passing over 
a conducting plane at a constant height h. The wire is assumed thin 
(a « h). The cable has an abrupt bend through an angle o. Fig. 10b 
is an equivalent lumped network circuit representation of the bend. 

The parameter is the difference between the total inductance of the 
bend cable and that of a straight cable. The parameter is the 
corresponding difference in the total capacitance. The normalized 
values of these parameters are calculated to be 

id7~ * An(2h/a) (a cot »- 1 >> W ~ H(2h7iT (1 * “ c,c “> (16) 

where L' and C' are the inductance and capacitance per unit length of 
the uniform line and are given by 

L ’ * Vo /C ’ " in(2h/a) (17) 


The expression for Lj is exact within the thin-wire assumption; that 
for C d is obtained by a variational method and is accurate to within 
a few percent. 


(a) 



Fig. 10. An abrupt cable bend and its equivalent lumped 
network circuit. 










2.2.2.1.2 Circular Cable Bend [4,5] 


Fig. 11a shows a cable with a smooth bend modeled by a circular arc 
of radius R and angle 0. The cable is of radius a and passes over a 
conducting plane at a constant height h. It Is assumed that a « h. 

This configuration is a generalization of the abrupt bend, and the 
latter is recovered in the limit R -*■ 0. The circular bend, however, 
is the more realistic cable bend geometry. 

The circular bend is again characterized by the bend inductance 
and the bend capacitance C^, as shown in Fig. lib. The two quantities 
are functions of the four geometrical parameters R, f3, a and h. In 
[4,5] and C^ are calculated and expressed in terms of a number of 
rather complicated one-dimensional integrals to be computed numerically. 

The computed results are shown in Fig. 12. 

The results for L d are exact within the thin-wire assumption. Those 
for are obtained from a variational principle and are accurate to within 
a few percent. 

2.2.2.1.3 Cable Clamp [6] 

Fig. 13a shows a model of a common type of cable clamp. It consists 
of a thin metallic tube of length £ and radius b, concentric with the 



Fig. 11. A circular cable bend and its equivalent lumped network circuit. 



Fig. 12. Equivalent Inductance and capacitance of a circular 
cable bend of radius R and angle (3 of Fig. 11. The broken 
line Is for the case of an abrupt bend (R«G). 





cable. The space between the cable and the tube la filled with a 
dielectric of permittivity e. The tube is connected at the middle to 
the conducting plane by a thin, vertical, metallic strip of width d. 

An equivalent lumped circuit representation of the cable clamp 
lb shown in Fig. 13b. The inductances and capacitances therein are 
given by 




r . 2l,ei 
C 2 An(b/a) 


L 3 .^ r .rcco.h(£). 



In practice, the effects of the elements and L 5 are often negligible. 
The circuit in Fig. 13b can then be simplified to the common form shown 
in Fig. lib, with L d - 21^ + 4L 3 and C d - C r 


(b) 



Fig. 13. A model of a cable clamp and its equivalent lumped network circuit. 
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2.2.2.1.4 Circular Aperture on Ground Plane [1] 


^ Fig. 14a shows a cable passing by a circular aperture on the ground 
plane. The cable has radius a, and is at a uniform height h above the 
plane. The radius of the hole is R, and the shortest distance between 
Its center and the cable is D. It is assumed that the hole is small 
(R « D), and that it opens onto an empty, semi-infinite, free space 
below the ground plane. 

The equivalent lumped circuit for this discontinuity is shown In 
Fig. 14b. The elements and are given by 

L d ' 2h C d 2h 

~r ■ a - t - , rrr ■ - o — - (19 

hL m irD 4 in(2h/a) hC 6 irD 4 ln(2h/a) 


where a m and are, respectively, the absolute values of the magnetic 
and electric polarizabilities of the circular aperture of radius R and 
are given by 


( 20 ) 



Fig. 14. A circular aperture on the ground plane and its 
equivalent lumped network circuit. 
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The formulas (19) for and apply also to small apertures of other 
shapes. One need only substitute for and c» e the values appropriate 
to the apertures of concern. It should be kept in mind that a m is 
the aperture magnetic polarizability in the direction perpendicular 
to the wire. The polarizabilities of specific apertures are given 
in Sec. 2.1.3.2. 

2.2.2.1.5 Thin Rib on Ground Plane [7] ' • 

Fig. 15a shows a cable passing over a conducting plane. The cable 
is modeled by a single straight wire of radius a, and at a constant 
height h above the plane. A rib in the form of a thin metallic strip 
of breadth b juts out vertically from the plane, at right angle to the 
direction of the wire. The rib greatly alters the electric field in 
its vicinity, but leaves the magnetic field relatively unperturbed. 

The effect of this discontinuity is therefore mainly capacitive. The 
equivalent lumped circuit consists of a shunt capacitance Cj (Fig. 15b) 
and its normalized value, obtained by numerically solving a pair of 
coupled integral equations,is shown in Fig. 16. 

2.2.2.1.6 Periodic Discontinuities [8] 

Very often, identical discontinuities recur at regular intervals 
along the length of a transmission line. Examples of such periodic 
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structures along aircraft cables are periodically applied cable clamps 
and periodic airframe ribs over which the cable runs are anchored. 

These cables are equivalent to periodically loaded transmission lines. 

Fig. 17a shows a uniform transmission line loaded at regular 
intervals with identical two-port lumped-element networks. Each load 
is taken to have the structure of a symmetrical T section, as shown in 
Fig. 17b. It is made up of a discontinuity series impedance and a 
discontinuity shunt admittance Y^. The loading interval is denoted by d. 



b/h 

Fig. 16. Normalized equivalent capacitance C d of a thin vertical rib 
on the ground plane of Fig. 15. 
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On a uniform transmission line, electric signals can propagate by 
means of simple-harmonic current and voltage waves. On a periodically 
loaded line, these waves become modulated by the periodicity of the 
loading. They then have the general form 

Hz, t) - u k (z)o' jkZ + j “ t (21) 

The wave number k is determined by the detailed structure of the line, 
and u^(z) is periodic in z with the loading period d. 

The properties of these waves are contained in the so-called 
dispersion relation which expresses k as a function of u. For the 
periodically loaded line of Fig. 17, the dispersion relation is, 
obtained in the following form 



Fig. 17. A periodically-loaded transmission line with loading period d. 
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where Z' and Y' are, respectively, the series impedance and the shunt 
admittance per unit length of the uniform line. Note that k appears 
only in the function cos kd. 

The graphical method is a powerful procedure for analyzing the 
dispersion relation. For the discontinuities shown in Figs. 10 through 
15, one may take 


Y' - juC', Z' - jioL' 

Y d - J“ C d’ Z d * J wL d 


(23) 


Then the dispersion relation becomes 


cos kd - ^1 - y u0 2 j cos 0 - I* ^1 + 0 - j a0 2 J sin 0 (24) 

where 

LjC, C,L ' 

0 = a)d^ T C T , • a - ? - , 0 “ 

d^L’C' L d' 


Fig. 18a shows a plot of the dispersion relation in the (ui,cos kd) 
plane for a * 0.2 and 0 * 0.5. The frequency ranges over which the 
curve lies between the horizontal lines -1 and 1 are the passbands, 
since they correspond to real values of k. The frequency ranges over 
which the curve lies beyond -1 and 1 are the stopbands, since they 
correspond to complex values of k. 

Fig. 18b shows a plot of the dispersion relation in the (k,w) 
plane. One sees readily that u is a periodic function of k. Each 
continuous curve corresponds to a p«. ssband. Each point on a curve is 
a possible mode of propagation. The phase velocity v^ and the group 
velocity v^ of a mode are given by 


v 

P 


k * 


(25) 
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2.2.2.2 Distributed Impedances of a Wire Over a Finitely Conductin g 
Surface 


Many cable runs in the interior of an aircraft, a missile, or a 
large communication system are routed over flat conducting sheet?, of 
which the aircraft skin, the metallic floors, ceilings, and bulkheads 
are examples. When all the conductors can be assumed perfectly con¬ 
ducting, the determination of the propagation characteristics of such 
cable systems i. the subject of standard transmission-line analysis. 
This section deals with the correction to the propagation parameters 
when the metallic sheets are no longer assumed perfectly conducting. 

In Fig. 19 is shown the configuration of a single straight wire 
over an infinite, flat, nonmagnetic, metallic sheet. The wire is 
perfectly conducting, of radius a, and located at a height h above 
the sheet. The sheet is of thickness d, conductivity 0, and perme¬ 
ability u . It is assumed that a is both uniform and frequency- 
independent. 

In the limit of infinite sheet conductivity (o - «), the series 
impedance Z' and the shunt admittance Y' per unit length of the 



Fig. 19. A cable passing over a finitely-conducting plane sheet of 
conductivity a and thickness d. 
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transmission line, as depicted by the configuration of Fig. 19, are 


jwy 


“ 2 “ ^n(^), Y* - 2irj(oe o An ( ^ ), (h » a) (26) 


When the sheet conductivity o is finite, the electromagnetic fields 
can penetrate into the sheet material as well as leak into the space 
below the sheet. These effects bring about a distortion of the fields, 
so that a longitudinal electric field component appears. As a conse¬ 
quence the fields above the sheet are no longer purely TEM. The wave 
propagation is damped to a certain extent, since electromagnetic energy 
^s irreversibly lost through heat dissipation in the sheet material. 

In this case the variation of current and voltage along the line is 
still described by the source-free transmission-line equations (11); 
but the impedance and admittance parameters Z' and Y' must be corrected 
for finite sheet conductivity. It is found that from the solution of 
an appropriate boundary-value problem, Z' and Y' are given by [9,10] 


P >c» 


L ;£f-fe[Mf) +A ] 


K- “ T— OJA, K “ ■ ■ - 

s 4ir p 4ire o < 

The dimensionless quantity A is given by 

. „ 6 m 1 / 2 
A h h Yum a 


(27) 


(28) 


(29) 


(30) 


which completely contains the effects of the finite sheet conductivity. 








The reeults in (27) - (30) are valid down to frequencies at 
which the skin depth 6 becomes comparable to the sheet thickness d. 

For the aluminum aircraft skin, d is typically of the order of 3 
millimeter. The results are therefore applicable down to about 10 kHz. 

To investigate the behavior of Z' and Y 1 below 10 kHz, one has 
to take into account the finite sheet thickness d. The boundary-value 
problem becomes considerably more complicated, and no quantitative 
results are as yet available in the literature. 

2.2.3 PENETRATION 

In this section EMP penetration through an imperfect tubular 
shield is treated. The penetration can proceed by way of two physical 
mechanisms: (1) diffusion through the imperfectly conducting shield 
material, and (2) leakage through the shield apertures. The determina¬ 
tion of these two penetration effects for the tubular geometry is of 
major concern to the analysis of cable shields. In this connection it 
is dealt with fully in Chap. 2.4, which discusses cable interaction. 

The present treatment is therefore limited to consideration of (1) EMP 
diffusion through cable conduits (distributed penetration), and (2) 
aperture penetration at conduit junctions (local penetration). 

2.2.3.1 Cable Conduit 

Important cable runs in certain aircraft are shielded electro- 
magnetically in special conduits. The conduits are essentially metallic 
tubes with diameters ranging from 1 to 3 cm. The conduit material is 
commonly a type of ferrous alloy or aluminum. The electrical conduc¬ 
tivity of ferrous alloy is about that of steel ( ~ lCTmhos/meter) and 

4 

its permeability has a high value, of the order of 10 p . The electrical 
7 ° 

conductivity of aluminum is 3.54x10 mhos/meter and its permeability 
is V 

A cable conduit is usually modeled by an infinitely long and 
apertureless cylindrical shell as shown in Fig. 20. The shell material 
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Is characterized electromugnetically by the constant and uniform 
conductivity a and permeability y. The inner radius of the shell is 
denoted by b, and the outer radius by c. The cable shielded within 
the conduit is modeled by a single conductor and represented in Fig. 20 
by an infinitely loug, perfectly conducting, and nonmagnetic cylinder 
of radius a, concentric with the cylindrical shell. 

Let the total EMP-induced current in the entire conductor system 
(shield and cable) be denoted by I t . This current is assumed to have 
only a z-component and to be axially symmetric. It consists of a core 
current I flowing in the inner conductor and a shield current I 
flowing in the shell 

I. ■ I + I (31) 

t s 


Let V be the potential of the inner conductor relative to the shield. 
Then, for harmonic time variation e^ Wt the propagation of V and I is 
governed by the pair of transmission-line equations (11), namely 


4^ + Y'V - 0 
dz 


(32) 



Fig. 20. Model of a cable conduit as a tubular shell. 
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where Z' and Y* are given by (26) with 2h replaced by b. The term 
E z (b) on the right-hand side of (32) is the z-component of the electric 
field on the inner surface of the shell (p - b). Its presence in the 
equation is due to the finite conductivity of the shield, and is given 
by [11-13] 

E z (b) - - Z|I + Z^I t 

where 

k Y o (kb)J L (kc) - J o (kb)Y x (kc) 

Z i " 2irbo J 1 (kb)Y 1 (kc) - Y 1 (kb)J 1 (kc) 

k J x (kb)Y o (kb) - Y 1 (kb)J o (kb) 

Z T " 2irco J 1 (kb)Y 1 (kc) - Y 1 (kb)J 1 (kc) 

with k - t/-jwua, and J Q , Y Q , etc. denoting Bessel functions of the first 
and second kinds. is referred to as the internal impedance per unit 
length and Z.J, as the shield transfer impedance per unit length. 

Substituting (33) into the first equation of (32) one obtains 

dV 

— + (Z' + zpi - Zjl t (36) 

The effects on the transmission-line equation due to the finite 
conductivity of the conduit shield consist of a correction to the 
series impedance Z' and the appearance of a distributed voltage source 
term The transfer impedance Z.J, is completely determined by the 

frequency and the shield material and dimensions. For a highly 
conducting shield the total current I fc is, to a good approximation, 
given by the EMP-indueed current on the outer surface of a perfectly 
conducting cylinder. Eq.(36) and the second equation of (32) jointly 
describe the excitation and propagation of voltage and current distur¬ 
bances within the conduit as a result of EMP diffusion through the 
conduit. 


(33) 

(34) 

(35) 
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The transfer impedance is completely defined by (35); hut for 
EMP shielding analysis a simpler asymptotic formula suffices. This 
formula obtains when the skin depth 6, defined in (15), of the shield 
material is much smaller than the shield radius. When 6 << b < c, (35) 
reduces to 


z . a p. . - Y a . 

x *dc sinh yd 

R' - --- 

c 2rcod/bc’ 


(37) 


where R^ c is the dc shield resistance per unit length, y is defined in 
(14), and d ■ c-b is the shield thickness. For a tubular shield of 
high permeability and radius of the order of 1 centimeter, the formula 
(37) is valid down to about 1 kHz; for a nonmagnetic shield it holds 
down to about 10 kHz. 

Defining the amplitude A and the phase g such that 


one finds that 


fL . _I<L- _ A Je 

R' c sinh yd 


(38) 



Thus the transfer impedance is a function of the ratio d/6. The depen¬ 
dences on u and p are absorbed into that on 6. Fig. 21 is a plot of A 
and g as functions of d/6. It is seen that for d/6 » 1, as when the 
frequency becomes high, the amplitude A of the transfer impedance is 
vanishingly small, and one has 
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They are increasingly being used in electromagnetic shielding technology. 
The high permeability of a ferromagnetic material is due to the existence 
of large numbers of microscopic ferromagnetic domains in it that can 
easily be aligned in an applied field. However, when the applied field 
approaches a certain large value, practically all the ferromagnetic 
domains are fully aligned. A further increase in the applied field 
strength cannot bring about any more alignment. The ferromagnetic 
material is then said to be saturated. Therefore, in a weak applied 
field, the permeability of a ferromagnetic material is constant and 
large. As the material approaches saturation in a strong field, p 
begins to drop towards p Q . Thus saturation, or even partial satura¬ 
tion, renders a ferromagnetic conduit less effective in shielding 
external electromagnetic fields. 

The shielding analysis carried out in this section is valid only 
for an unsaturated shield. Its extension to include the nonlinear 
effects of saturation consists in accounting for the dependence of p 
on the magnetic field. This analysis is a nonlinear boundary-value 
problem, and involves considerable mathematical difficulty. The problem 
is further complicated by the occurrence of hysteresis, making p a 
double-value function of H. As a consequence, the theory of ferromagnetic 
shields is not yet fully developed. Some early attempts on the problem 
can be found in the recent literature [14,15], 

2.2.3.2 Conduit Junction 

A typical cable conduit is made up of several segments. In some 
cases, two adjacent segments are joined together end-to-end by means 
of a connector. In other cases, the segments are simply welded together 
or mated together through screw threads. These different kinds of 
connections have a certain degree of imperfection which gives rise to 
local EMP penetration. In this section the discussion will be limited 
to penetration through conduit connectors. Fig. 22 illustrates the 
principal components of a conduit connector. In the connector the 
matching ends of two adjacent conduit segments are joined together 
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inside a coupler. The coupler is a broad metallic ring which fits 
snugly over the ends of the conduits to be joined. When the two outer 
rings of the connector are tightened, two coils of fine flexible spring 
are pressed against the ends of the coupler and the conduits, thereby 
sealing the narrow apertures between the ends of the two conduits. 

At EMP frequencies, penetrations through the apertures at the 
two ends of the coupler by the electric field and the longitudinal 
component of the magnetic field .(directed along the axis of the conduit) 
are entirely negligible. These two field components are severely 
attenuated as they enter the coaxial region between the coupler ring 
and the outer surfaces of the two conduit segments. The distance of 
significant penetration is of the order of the clearance between the 
coupler and the conduit. By making the clearance small and the width 
of the coupler large, these two field components can be effectively 
blocked. However, the penetration by a transverse external magnetic 
field is a different matter. An example of such a magnetic field is 



Fig. 22. Principal structural elements of the cable conduit connector. 
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that generated by EMP-induced axial skin currents flowing on the outer 
surface of the conduit. This transverse magnetic field couples into 
the conduit interior through the circumferential slot A (Fig. 22) and 
induces currents on the cables inside the conduit. 

An electromagnetic equivalent of the conduit connector shown in 
Fig. 22 is given in Fig. 23. It incorporates the essential electro¬ 
magnetic shielding features in the connector design. The two spring 
coils, which are made up of extremely fine and closely packed turns 
of wire, are here modeled by two equivalent imperfectly conducting 
annular gaskets. They plug the two openings at the ends of the coupler 
ring. Most of the minor aspects of the actual connector geometry, 
notably the two outer rings, have been eliminated. 

At EMP frequencies the magnetic field at the internal aperture A 
in Fig. 23 can be expressed in terms of three admittances Y^, Y^ afc 


(42) 
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The admittance Y g Is the sheet admittance characterizing each of the 
tvo gaskets. It Is given by the product of the gasket conductivity 
and the gasket thickness A 


( 43 ) 


The admittance Y infc is the internal admittance characterizing the 
sma.ll coaxial region between the coupler and the conduit, while the 
admittance Y ext is the external admittance characterizing the free 
space outside the conduit. 

. are found to be [16] 


Y a —_ 

int 2Z 




(44) 


The magnetic field H^(A) given by (42) can penetrate Into the 
conduit Interior and excite the cable within. The open-circuit voltage 
V QC Educed by this field across the aperture gap A is approximately 
given by 

v oc - Vt H5 > 


Z T ’Si 


(46) 


where h is the separation between the coupler and the conduit (Fig. 23), 

c is the outer radius of the conduit, and 1. - 2ircJ . 

t sc 

The effects of the aperture field H,(A) on the cable within the 
<p 

conduit can be represented by taking the source term in the transmission- 
line equations (11) to be 

V ,(s) - Z T I t 6(*-* 0 ) (47) 

where z Q is the z-coordinate of the center of the aperture A. 
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CHAPTER 2.3 

INTERMEDIATE INTERNAL INTERACTION, II: CAVITIES 


Within the intermediate internal interaction region, which is 
defined to be the region between the outermost layer of the system's 
shield topology and the next inward shield — usually the equipment 
boxes —, there exist line conductors and cavities. Examples of line 
conductors are hydraulic lines, control cables, pneumatic ducts, 
electrical cables, etc. Data and formulas for their interaction 
properties have been given t in the preceding chapter. This chapter is 
devoted to data presentation for cavities, typical examples of which 
are aircraft cockpits, avionics bays, wheel wells, and weapons bays. 

2.3.1 COUPLING 

The sources that excite the cavities behind the surface s m _ ^ m 

which separates the volumes and arise from various kind3 of 

penetration on S . , as described in Chap. 1.2. Examples of these 

iq " in 

sources are shown in Fig. 1. If the sources such as those depicted in 
Figs, la - c can be approximated by point dipoles, they are called 
localized sources; otherwise, they are referred to as distributed 
sources (see Figs. Id - f). These sources have been treated in Sec. 

2.1.3 under the assumptions that the surface m is flat and the 

cavity behind it is an infinite half-space. In practice, these assump¬ 
tions will be violated to a certain extent.■ In this section various 
modifications of the results of Sec. 2.1.3 will be given when these 
two assumptions are removed. 

2.3.1.1 Coupling via Apertures 

There are various factors that would affect the penetration sources 
based on the planar approximation [1]. The most common factors are the 
curvature itself, nearby conductors or apertures, a backup cavity, an 
impedance cover or a dielectric coating. Each of these factors will 
be discussed in this section. 

M 
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LOCALIZED SOURCES 



Fig. 1. Typical sources exciting a cavity. 








The only problem that has been solved rlgourously regarding the effect 
of curvature on polarizabilities is that of an Infinitely long slot in an 
infinite hollow circular cylindrical shell [2], Let 

a^, - electric, magnetic polarizability per unit length of an infinite 

slot of width a0 Q in an infinite cylindrical shell (see Fig. 2) 

a eo’ °mo " electric, magnetic polarizability per unit length of an infinite 
slot of width a0 Q in an infinite ground plane 

- (ae Q ) 2 /4 








Then, the normalized polarizabilities a and a defined by 


are given by 


" 1 - f c Cd/a) 


f (x) - 1 + 64 C ° s fr/*)MCP8 &LQ] 
c X 2 [l + cos(x/4)] 

“ 192 ’ for x < 1 


(1) 

( 2 ) 

(3) 


The geometry of the problem and the curvature correction factor 
given by (2) and (3) are shown in Fig. 2. The simple approximate 
formula (3) is accurate to within 1.5% for d/a <. 1 (or the angular 
opening 0 Q <.57.3°), and the correction required is less than 0.6%. 

2.3.1.1.2 Aperture With a Backup Ground Plane 

A particular static boundary-value problem is solved in [2] to 
study the effect of a nearby conductor on the polarizabilities of an 
aperture in an infinite ground plane. The aperture is taken to be a 
circular hole of radius a and the nearby conductor an infinite perfectly 
conducting plane parallel to the plane of the hole and at a distance h 
away (see Fig. 3). The normalized polarizabilities S" e and can be 
written as 

a, - - 1 - f (h/a) (4) 

e m p 


where the correction factor f^ is a positive function of h/a and the 
normalizing polarizabilities a &Q and ol^ q "f a circular hole in an 
infinite ground plane are given by 


(5) 
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where 


(7) 


F(x) - arctan(l/x) + x - (x“* + 3x/2)£n(l + 1/x^) 

The expression (6) differs from the correct value by less than 0.03% 
for h >. a/2 and less than 11% for h < a/2. From Fig. 3 it may be 
concluded that if the backup plane is at least one aperture radius 
away, the correction required is less than 5%. 

2.3.1.1.3 Aperture With a Backup Cavity 

The effect of a backup cavity on the polarizabilities of an 

aperture has not been treated to the extent where quantitatively useful 

Information is available. In the case where the cavity is a long 

cylinder with a circular opening in the plane of its flange as shown 

in Fig. 4,the effect of the long cylinder on the magnetic polarizability 

of the opening can be obtained by a simple manipulation of the results 

in [31. With a given in (5) as the normalizing factor, the normalized 
mo 

magnetic polarizability a m is given by 


f b ■ 1 - T l C rV 5 r )/{ r (8) 

* 0.33 

where £ r denotes the roots of J^(? r ) ■ 0, and Jg are Bessel 
functions of the first kind of order 1 and 2, the prime denotes 
differentiation with respect to the argument, and the C^'s satisfy a 
matrix equation [3]. The first two values are ■ 1.84, ^ “ 5.33 
and ■ 1.68, C£ M - 0.84. The value f^ ** 0.33 is accurate to 
within 5%. Thus, for the geometry shown in Fig. 4 the effect of a 
deep cylindrical cavity on the aperture's magnetic polarizability is 
33% ± 5%. 
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flange 



-cylindrical tube 

Fig, 4. A circular hole backed up by an infinite cylindrical tube. 


2.3.1.1.4 Aperture With Other Modifications 

There are other effects, such as nearby apertures (Fig. 5a), 
impedance loading (Fig. 5b) and dielectric coating (Fig. 5c), that 
may change the aperture's polarizabilities. Formulas for these 
effects can be found in Sec. 2.1.3.2.1. 


2.3.1.2 Coupling via Diffusion 


In EMP shielding problems involving closed conducting shells, 
displacement currents may be neglected throughout. Hence, for the 
regions outside and inside the enclosure (Fig. 6a) one may write 


(9) 


and within the enclosure's wall one has, in the s-domain. 


V x H - at 

V x t - - p s$ 


(10) 
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The quantity of interest is the cavity field H n or the interior magnetic 

scalar potential The source term for <j>* n is either the normal 

derivative (3/3n)4>* n or <f>* n itself on the inner surface of the 

cavity wall (Fig. 6a). These boundary values are related to the boundary 

values (3/3n)<j> ex and d> ex on the outer surface S of the cavity: the 
mm o 

relationship can be obtained by integrating (10) across the enclosure's 



impedance-loaded 
aperture 

ground plane 

(b) 

Fig. 5. (a) A row of periodic small apertures, (b) an impedance-loaded 

aperture in an infinite ground plane, and (ct a circular hole 
in an infinite ground plane sandwiched by dielectric slabs. 







wall. A knowledge of this boundary relationship greatly simplifies the 
original two-surface boundary-value problem (Fig. 6a) to the one-surface 
boundary-value problem (Fig. 6b). For the more general case where dis¬ 
placement currents need to be taken into account, the boundary conditions 
between the two sides of the cavity wall are of the form of a "boundary 
connection supermatrix," presented in Sec. 2.1.3.3. 

For metallic enclosures whose wall conductivity is usually very high, 

the true source for the penetrant cavity field is the normal component 

of the magnetic field H^ n (which is equal to the magnetic surface charge 

density divided by p Q ) on the inner surface of the cavity wall. 

This source can be calculated by a perturbation technique by first 

assuming the wall to be perfectly conducting [4,5], It turns out that 

^n on **i tersely proportional to the wall conductivity and directly 

proportional to the spatial variations of the induced surface currents on S . 

o 



Fig. 6. (a) An enclosure with conducting walls, (b) a mathematical 

configuration in which the volume enclosed by S is equal to 
the Interior volume of Fig. 6a and the surface S is similar 
to either or S q of Fig. 6a. 






2.3.1.2.1 Cavities With Electrically Thin Walls 

For cavities whose wall thickness is less than the wall's skin 
depth the boundary conditions across S (Fig. 6b) are given by [4] 


3n 


3_ 

Sn 




1 

sjj o oA 


kc 


-o 


(id 


2 

where a and A are the wall's conductivity and thickness, and 7 g is a 

surface Laplacian operator. In practice, one may neglect V^d> il1 in 

2 ex 8 m 

comparison to V g <f> and obtain from (11) for the surface magnetic 

charge density p* n 


( 12 ) 


where R * (aA) ^ is the resistance of the wall. If i ex is eliminated 
in favor of the surface current density J, (12) becomes 

(13 > 


where J is obtained by solving an external interaction problem for the 
case of infinite wall conductivity (eee Sec. 2.1.2). 


2.3.1.2.2 Shells of Arbitrary Electrical Thickness 


For cavities whose wall thickness xs comparable to or greater 
than the wall's skin depth the boundary conditions are much more 
complicated and are given by [4] 


a 

Bn 


**?) 


a_ 

an 


- < x ) 


; (* in 
i \ Y m 



(14) 


where 
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(15) 


a 


6 


s ' J o aA tanhCt/sTj^) 
y r A tanh(/8T^/2) 

2 &r d /2 


and - yoA 2 and y r ■ y/y Q . In practice, V^<j>* n be neglected in 
comparison to V 2 <j)® x ,and (14) and (15) give 


C “; Z A V J < 16 > 

where the transfer impedance is 

/ax~ 

Z T “ R-- (17) 

sinh/st^ 


and is plotted in Fig. 21 of Sec. 2.2.3 and Fig. 1 of Sec. 2.4.1. 

2.3.2 PROPAGATION 

Electromagnetic energy can penetrate into a cavity either through 
apertures in the cavity surface or by means of diffusion through cavity 
walls. Engineering formulas and data for excitation of cavity fields 
by apertures are given in Sec. 2.3.2.1 and by diffusion in Sec. 2.3.2.2. 

2.3.2.1 Cavity Excitation via Apertures 

Although electromagnetic penetration through an aperture into a 
cavity is a problem of great practical interest, quantitatively useful 
results exist only for a few simple cavity-aperture geometries because 
the general problem of calculating the interaction between aperture 
and cavity is very difficult, if not impossible, to solve. However, if 
the cavity-aperture problem can be separated into two independent problems. 
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namely, (a) the aperture problem in an infinite ground plane and (b) 
the cavity problem with given aperture field, then the amount of 
information on the cavity excitation via apertures can be greatly 
increased. Under this decoupling approximation the results of 
Sec. 2.1.3.2 on the aperture problem in an infinite ground plane 
serve as input to the cavity problem which is relatively easy to 
solve, since methods to calculate the cavity field distribution with 
known aperture field are well developed [6-10]. 

In the following, results derived under this approximation are 
presented as well as results obtained without this approximation. 

2.3.2.1.1 Parallel-Plate Cavities 

a. Small Apertures in the Front, Plate 

Electromagnetic penetration into a parallel-plate region through 
an electrically small elliptic aperture has been investigated in 
[11,12], in which the aperture is replaced by point dipoles with 
polarizabilities a ft and appropriate to an elliptical hole (see 
Sec. 2.1.3.2.1). 'fhe geometry is shown in Fig. 7 where the x-axis 
is parallel to the major axis of the elliptic aperture. Figs.8a-d 
show some typical normalized time-harmonic data indicative of the 
behavior of the penetrant field. The data are applicable under the 
following conditions: 

(a) linear dimension of aperture « plate separation h, wave¬ 
length X, and the distance between the aperture and the 
field point; 

(b) |h-nX/2| > X/20, n - 1,3,5,7, .... 

Although the results presented are for the elliptic aperture 
case, the curves shown in Figs. 8a-d also apply to small apertures 
of any shape, provided that suitable polarizabilities are used. 

b. Long Slot in the Front Plat e 

A slot with length much greater than its uniform width may be 
approximated by an infinitely long uniform slot. The problem of an 


523 










infinitely long uniform slot in the front plate of a parallel-plate ] 

cavity excited by an EMP has been treated in [13,14]. * 

Ho geometry o£ the problem conetdered In [13] 1. .homo In n e 9, * 

in »Mch the incident field, ere ...„«ed to be uniform end h « w « x 1 

(wavelength). The following result, .re obtained for the region 1 

between the plates and jxj > w /2 

, (18) 

X SC ' i 




imaginary component 























Fig. 9. Parallel plates with uniform slot in the front plate. 


It is seen that in this special case the characteristic length for EMP 
penetration is h. Eqs.(18) are found to be useful for an estimation of 
the low-frequency EMP penetration through joints of aircraft skin panels. 

The geometry of the problem considered in [14] is shown in Fig. 10. 
The slot is exceed by a normally incident plane wave whose electric 
field is parallel to the x-axis. It is found that the strength of the 
field component E^ at the slot's center generally differs from that in 
an isolated, slotted plate. The difference, however, is small if 
w < h < X/2. The TEM field in the region between the plates is plotted 
in Fig. 11 as function of plate separation h, where h < x/2 iu which 
case only the TEM mode can propagate. 

c. Periodic Array of Rectangular Apertures in the Front Plate 

In Fig. 12 is shown the geometry of the problem of low-frequency 
magnetic field penetration into the para 1 . 1 el-plate region through a 
periodic array of rectangular apertures. 

The problem is solved in [12] in which an integral equation for 
the normal component of the aperture magnetic field is first formulated 
and solved subsequently by introducing a suitable trial function with 
an adjustable constant. The normal component of the aperture magnetic 
field is,for p » 2h, 
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Fig. 10. Slotted parallel-plate waveguide. 



Fig. 11. TEM electric field in a slotted parallel-plate guide due 
normally incident wave with E-field transverse to the 
slot axis. 
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H (x.y.O) 


(i9: 


/(w 2 /4 - x 2 )(£ 2 /4 - y 2 ) 


p l ^ ^(niri/p) [1 - cos(mr£/p)] 
n=l n 


1 - exp(-nirw/p)I (nirw/p) 


mrw/p 


which simplifies to 


' 2J. (ir) 


( 21 ) 


for p » w and p “ 1. Here, and I Q are Bessel functions. 

From the aperture field (19) one finds that the maximum penetrant 
field strength inside the parallel-plate region is given by 


max| h(x) | * H sc exp(-2ir|x|/p) 


( 22 ) 


X 



Fig. 12. Parallel plates with a periodic array of rectangular 
apertures in the front plate. 











-H x (t)/H'(t) 


for |x| > w (Fig. 12), and the'maximum penetrant magnetic flux density 4> 
per unit length is given by 


2 

max| $’ (x) | = |~hH sc exp(-2ir|x|/p) (23) 

2.3.2.1.2 Infinite Circular Cylindrical Cavities 

a, Magnetic-Field Penetration via an Aperture 

The degradation in magnetic-field shielding due to the presence of 
an aperture in a long hollow conducting tube (Fig. 13) is studied in 





Fig. 13. (a) and (b) Small aperture in a long cylindrical shell 

immersed in uniform axial magnetic field $*(t), and (c) 

peak-to-peak ratio of -H (a,0,z,t) to H*(t) along the 
x I 

cylinder 1 8 axis for a ■ 16.5 cm, r Q ■ 5 cm, and H (t) <*c 
t exp (-at) with a= 10^. 















[15,16] which contain a comparison of experimental data with theoretical 
data, the latter being obtained from the solution for an infinite plane 
with a circular aperture. The excellent agreement can be attributed 
to the fact that the dimensions of the aperture are small compared to 
the tube's radiu.j and the distance between the aperture and the field 
point, and that the tube's radius is only a small fraction of the 
important spectral wavelength of the incident field. 

b. Long Slot in a Long Circular Cylinder 

The geometry depicted in the inset of Figs. 14a,c is the cross 
section of an infinitely long circular cylinder with an angular opening 
of 2<j> Q . The electric field vector of the incident plane wave is parallel 
to the cylinder's axis and the incident wave has a zero phase at the 
cylinder's center. Figs. 14a,b show the angular variations of the 
aperture field for half-angles <f> Q * 10° and 30° and for various values 

of ka. The field at the aperture center is plotted in Fig. 14c as a 

function of ka for two opening angles, <J> 0 = 10° and <J> o * 30°. Note 
the dramatic effects of the interior resonance near ka = 2.4 [17]. 

Figs. 15a,b show the electric field variation along the cylinder's 
radius from the aperture's center to the cylinder's center for various 
frequencies [17]. The dramatic increase in interior fields can be seen 
for the wider aperture and for frequencies near the interior resonance. 
Fig. 15c is a plot of the cavity field magnitude at the center of the 
cavity as a function of frequency. Again, the effect of resonance is 
seen to be quite dramatic. 

A plot of the first interior complex resonance frequency as a 

function cf the aperture half-angle <f> o can be found in Fig. 16. Although 

any opening of the cavity will chift the resonance frequency, the effect 
is quite small for <f> Q <_ 10° but increases rapidly with increasing . 

In the case where the wavelength of the incident wave is much 
greater than the diameter of the cylinder, one may use an electro¬ 
static boundary-value problem to find the low-frequency penetrant field. 
For the field polarization shown in Fig. 17, the penetrant electric and 
magnetic fields at the center of the cavity take the simple form 
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(24) if 

E 1 H 1 ! | 

which ia plotted in Pig. 17. 

la the case where the cylindrical shell has N slots periodically 
distributed around its periphery {Fig. 18), the low-frequency penetrant 
field at the center of the cavity is given by [18] 


M Q > F 

E i " H Antl/ka) 


(25) 


where P is a function only of N^/tt, tf» Q being the half augular opening of 
one slot. In Pig. 18, F is plotted versus N^/tt. 



Pig, 18. The function F versus N,j> /ir, N being the number of apertures 





2.3.2.1.3 Simply-Connected Cavities 


a. Circular Aperture in the Wall of a Spherical Cavity 

The geometry is shown in the inset of Fig. 19 where the circular 
aperture is centered about the polar axis and the angle 26 q specifies 
the angular opening of the aperture. A time-harmonic plane wave is 
traveling along the negative z-axis and polarized with its electric 
vector along the x-axis. 

In Figs. 19-22 the variations of the total electric and magnetic 
fields are shown along the sphere's diameter from the center cf the 
aperture to the back of the cavity 119]. In addition to the solution 
obtained by solving the exact equations numerically, three different 
approximate solutions are given. In the approximate solution A, the 
aperture electric field distribution is assumed to be that of the 
incident field but with an adjustable amplitude. The interior fields 
are then represented in terms of cavity modes whose coefficients are 
computed from mode matching. The adjustable amplitude is determined 
from the continuity of the magnetic field at a chosen point on the 
aperture. In the approximate solution B, the Kirchhoff approximation 
is used and the interior fields are computed from Huygens’ principle. 

In the approximate solution C, the aperture is represented by equivalent 
dipole moments which are computed as if the aperture were in an infinite 
planar sheet. The approximate solutions B and C, of course, do not 
take into account the presence of the cavity and hence, as Figs. 19-22 
show, they exhibit no resonance effects. 

The energy density, |e|^ + |Z q H|^, at the center of the cavity as 
a function of ka is shown in Fig. 23 for two aperture openings, 0 Q ■ 10“ 

and 6 ■ 30°. The resonances at ka w 2.75 and 4.49 are clearly seen 

o 

and are more pronounced for the smaller aperture. At non-resonant 
frequencies, the density for fl Q * 30° exceeds that for 0 Q ■ 10° by as 
much as 10^ . 

At low frequencies where ka is much less than unity, the penetrant 
field at the center of the cavity takes an extremely simple form, namely 
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lEl/lEl lEl/lE 1 ! 



aperture confer back 

2/0 


Normalized total electric field along the z-axis for half 

opening angle 8 ■ 10°exact ( — ), approximation A (-), 

approximation B (—••—), approximation C (—•—). 





!z 0 hI /IeI 



10 0.75 0.5 055 0 - 0.25 - 0.5 -075 - 1.0 

aparture centar back 

z/a 

Fig. 20. Normalized total magnetic field along the z*-axis for half 

opening angle 0 =10°; exact (-), approximation A (-), 

approximation B ( —*—), approximation C ( —• ). 
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1.0 0.75 0.5 0.25 0 - 0.25 - 0.5 - 0.75 - 1.0 

aperture center back 

2/a 

Fig. 21. Normalized total electric field along the z-axis for hall opening 

angle 9 q - 30°; exact approximation \ (-), approximation 

B ( —• •—), approximation C ( —•— ). 












|z 0 hI/|e 1 ) IZohI/Ie 1 ! 



Fig. 22. Normalized total magnetic field along the z-axis for half 

opening angle 0 q - 30°; exact (-), approximation A (- 

approximation B (—••—), approximation C ( — • —). 
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Fig. 23. Normalized energy density (|]|| 2 + |Z o H| 2 )/l^ i | 2 as a function 
of ka. 


E z (0) W i \ 

” e T~ " K 6 o ‘ I Sln 30 o ) (26 > 

for E* parallel to z-axis (Fig. 24a), and 

E (0) H (0) / v 

■^1-7" * M 6 o - I 8in 6 o ' T sin 26 o + i sin 30 o) (27 > 

for and H* respectively transverse and parallel to the z-axis (Fig. 24b), 
where 8 q is the half angle of the aperture opening. Eqs.(26) and (27) are 
plotted in Figs. 24a,b as functions of 8 q . 

b. Small Apertures in the Wall of Cylindrical Cavity 

Two different aperture locations in the wall of a cylindrical cavity 
are shown in Figs. 25a,b. With the technique discussed in [10] simple 
formulas can be obtained for the penetrant quasi-static magnetic field 
at the center of the cavity. 
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Fig. 24. Normalized static penetrant field at Kie center of a spherical 
cavity with a circular aperture for (t > E A parallel to the 
polar axis, and (b) E transverse and H 1 prrallel to the 
polar axis. 
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(a) For £ » a (Fig. 25a) the low-frequency penetrant magnetic field 
at the center of the cavity for an aperture at (p Q ,0,0) is 
given by 


(A *x + B V 




A ■ a J i (c ll p o /a)l X * a m* S s< 


(0 fftfL /g 



Fig. 25. A cylindrical cavity with a small aperture in the wall: (a) 
aperture at (p o> 0,0); (b) aperture at (a,0,z Q ) where a is 
the radius of the cylinder. 









b - vtu^wyVic 

Hi- 1 - 84 - '02 - 3 - 83 


(b) For j z q — Jt/21 >> a (Fig. 25b) the low-frequency penetrant 

magnetic field at the center of the cavity for an aperture at 
(a,0,z Q ) is given by 


£ 0.776 - ? lll Z o"* /2l/a 

H ■ r e 


(C3*+ Dl y ) 


* 3 « 03 " C 02l Z o" £/2 l /a t <*■ A 

f i z _ e z * a m * H 8C 


(29) 


C - C^t/aL * H , D -t •'a • H 
11 z m sc y m sc 


(c) For a » Z (Fig. 25b) the low-frequency penetrant magnetic 

field at the center of the cavity for an aperture at (a,0,s o ) 
ia given by 


/! .-'*'W. 0 /'SVV^ 


In the above formulas, is the magnetic polarizability of the 
aperture in an infinite plane (see Sec. 2.1.3.2.1), K sc is the field at 
the aperture with the aperture covered. The validity of the above 
formula lies in the assumption that the aperture is smaller than all 
other relevant dimensions of the problem, in addition to being electri¬ 
cally small. 
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Figs. 26a, b show two different kinds of apertures in the wall of a 
rectangular cavity. For the problem depicted in Fig. 26a simple formulas 
for the quasi-static penetrant magnetic field at the center of the cavity 
are summarized below [10]. 



Fig. 26. (a) A rectangular cavity with a small aperture in one of its 

walls, (b) a hatch aperture with gasket in an infinite planar 
plate backed by a rectangular cavity. 












(a; c >> a > b (deep cavity) 


S<«/2, i/2, c/2, .1 ' * U U 

a b 0 


J ab ° 


(b) a > b » c> |x -a/21 > b (shallow 


H(a/2. b/2, c/2) 4 y i e ° ' 1 ^[THySin^/b) - ^cos^/b) ] 


, 4tt ~ 27r l x 0 ~ a/2|/b 


[m x cos(2Try o /b) - m y sin(27ry o /b) ] 


where (x o ,y Q ) is the center of the aperture cad 


m x m K' “m * H SC’ m y " V“m • ** sc (33) 

In each case the aperture is assumed to be small compared to all relevant 
length parameters of the problem. 

For the problem of Fig. 26b, an expression for the magnetic flux 
linking a rectangular loop (see the shaded area of Fig. 26b) formed by 
a line located at z - z v x = a/2 and the cavity walls is given by [20] 


^f(a,b,c.z 1 )H sc 


f(a . •. 8a 2 sinh[TT(c-z )/a] 

’ ’ , " 1> ‘ iirrsy (b+4a/ " > - . lph («/,) • lf «>- 

f(a,b,c,z ) --jL-[H!l[«fe±2bl Z 1 ( 2c ~ z j) I 

1 a + 2b(acL 4 3 J 

- 7 (b - 4c 2 /Tr 2 a)sech 2 (na/2c)8in(Trz 1 /c) I , if a > c 
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R - 2w/(oAa), L ■ iry (a+2b)/(4ft), 


ft « 2 £n[4(a +b)/w], 
a ■ conductivity of gasket 
A - thickness of gasket 

2.3.2.1.4 Coaxial Cavities 

a. Coaxial Cavity With a Small Aperture in the Outer Conductor 

The geometry of the problem is shown in Fig. 27. An approximate 
expression for the magnetic field of the dominant mode excited through 
an electrically small aperture A by a quasi-static external short- 
circuit magnetic field H gc is given by [10] 

si 1 J . u z' o c \ 

2irai Hn(a/b) p <|> 0 % sc ' 

where a m is the magnetic polarizability of the aperture in an infinite 
plane (see Sec. 2.1.3.2.1), 1^ and 1^ are respectively the unit vectors 
along the ^-direction at the field point and the aperture. The dimension 
of the aperture is small compared to all other relevant dimensions of 
the problem. 



Fig. 27. A coaxial cavity with an aperture in the outer conductor. 


347 






For the geometry shown in Fig. 28 the magnetic field of the dominant 
mode excited through a hatch aperture by a quasi-static short-circuit 
magnetic field H sc is given by [21] 


a.tifgg H sc 2 +w Wo ) rl 

" «0 lit *n(a/b) 3 + 3«/(a* ) y (R + sL) 


R ■ w/(oAa<p Q ) 


4 fcn[4(£ + 2a<]> )/w] 


and a and A are respectively the conductivity and thickness of the 
gasket. 

2.3.2.1.5 Depressions 


a. Infinitely Long Rectangular Trough in a Ground Plane 


The cross section of a two-dimensional rectangular trough in a 
ground plane is shown in Fig. 29a, where the dimensions h and w are assumed 



Fig. 28. A coaxial cavity with a hatch aperture loaded by a gasket in 


the outer conductor. 









(a) Cross section of an infinitely long rectangular trough 
in a ground plane, (b) the normalized magnetic and electric 
fields at the center of the trough's bottom, (c) the 
normalized magnetic and electric fields along the center 
line of the trough, and (d) the normalized magnetic flux 
and the normalized electrostatic potential along the center 
line of the trough, where V « E w/2 and 4> • p H w/2. 












to be small compared to the wavelengths of the incident wave. Thus, 
the quasi-static approximation can be used, and the field inside the 
trough can be obtained by the method of conformal mapping [22,23J. 

Fig. 29b shows the field strength at the center of the trough's 
bottom. Fig. 29c gives the field variation along the center line 
of the trough. Fig. 29d shows the variation along the center line 
of the trough of the normalized magnetic flux between z =* z and z“h 
and the normalized electrostatic potential relative to the bottom of 
the trough. 

b. Infinitely Long Rectangular Trough Flanked by Two Dikes in 
a Ground Plane 

The field penetration into a rectangular trough flanked by two 
dikes in a ground plane has been analyzed in [23] in connection with 
EMP penetration into an open nose wheel well of an aircraft. The 
geometry of the problem is shown in Fig. 30a. Under the quasi-static 
approximation, the two-dimensional boundary-value problem is solved 
by the method of conformal mapping. Fig. 30b shows the field strength 
along the center line of the trough. Fig. 30c gives the normalized 
magnetic flux and electrostatic potential along the center line of 
the trough. 

For h > w/2, the field strength at the center of the trough's 
bottom is given by the simple formula 

l 5- “ ^ “ °* 4789 e _,rh/w (37) 

sc sc 

c. Magnetic-Field Penetration Into a Semi-Infinite Pipe 

The penetration of a quasi-static magnetic field into a perfectly 
conducting, semi-infinite circular pipe under four different end 
conditions has been analyzed in [3] (see Figs. 31a -d). The magnetic 
field of the dominant mode along the axis of the pipe is found to be 

























(38) 


H x = \ C 1 H gc exp(-C 1 z/a). z > 0 
where ^ * 1.84118 and C^/2 is given in table 1. 


TABLE 1. THE COEFFICIENT C.^2 


Perfectly Conducting, Semi-Infinite Pipe 

C l/2 

With a perfectly conducting flange 

0.838 

Without a flange 

1.120 

With a perfectly conducting flange and a 
resistive cap 

0.838 

1 + 0.349 s p Q aoA 

With a perfectly conducting flange and a 
cap having an annular slot of width 
a/2000 at a distance a/10 from the 
pipe's wall 

0.30 


From the table it is observed that (1) the effect of removing the 
flange is about 34%, (2) the effect of inserting a resistance cap is 
to yield a "shielding ratio" similar to that in other low-frequency 
shielding problems, and (3) a perfectly conducting cap with an annular 
slot, even though the slot is extremely narrow, seems to have little 
effectiveness in shielding against the external magnetic field. 

d. Hemispherical Depression in an Infinite Conducting Plane 

A hemispherical depression in an infinite conducting plane is shown 
in Fig. 32. The quasi-static electric field penetration into such a 
depression has been solved exactly by the method of inversion in [24], 
whereas the quasi-static magnetic field problem has been treated by 
an integral-equation formulation solved numerically to a high degree 
of accuracy [25]. It is found that in the illuminated side, the 
circular aperture backed by the hemispherical cavity has the following 
jolarizabilities 
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2.3.2.2 Diffusive Penetration Into Cavities 


The diffusive penetration comes about because the conductivity of 
the walls, albeit high, is not infinite. At low frequencies for which 
the wall thickness is less than the skin depth, the diffusion mechanism 
is known to be an effective means for penetration by the magnetic field, 
while penetration by the electric field is negligibly small by comparison. 
At higher frequencies for which the wall thickness is larger than the 
skin depth, most of the incoming electromagnetic energy is shielded 
out by reflection and attenuation losses due to the cavity walls. Thus, 
diffusion penetration is of concern to the EMP system analyst mainly 
for the low-frequency magnetic field. 

In this section simple working formulas are given, both in frequency 
and time domain, to calculate the cavity fields for certain simple-shaped 
enclosures. These simple formulas are then generalized so as to be 
applicable to general-shaped enclosures. 

2.3.2.2.1 Physical Considerations of Shielding 

Fig. 33 shows an electromagnetic pulse H ex (t) of width x o impinging 
on a closed metallic shell of conductivity a, permeability y, and wall 



Fig. 33. An external electromagnetic pulse impinging on a closed cavity 
with finitely conducting walls. V - interior volume of 
enclosure; S - surface of enclosure. 
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thickness A. The qualitative features of the penetrant pulse H in (t) 
can be obtained by first identifying the important time parameters 
involved in the problem and then studying their relative magnitudes 
for enclosures used in practice [26]. These parameters are the pulse 
width t q of the incident wave, the transit time t (•* a/c) for a signal 
traveling across the enclosure, the diffusion time (- yoA 2 ) of the 
enclosure’s wall, and the fall time t f of the interior pulse H in (t). 

The fall time T f can be understood as the time constant of an LR 
circuit which describes the decay of the induced eddy-current loops 
in the shell. Clearly, these current loops have a resistance R « 1 /(ctA) 
and an inductance L « y Q a. Hence, r f - L/R « y o <jAa. In terms of the 
volume V and surface S of the enclosure one then expects = y oAV/S. 
For a typical high—altitude EMP and a typical enclosure of several 
meters in diameter and a few millimeters in wall thickness made of 
aluminum, T fl “ tens of nanoseconds, t Q “ hundreds of nanoseconds, 

T d “ tens of microseconds, while Tf * tens of milliseconds. It is 
thus seen that these time parameters are well separated by orders of 
magnitude. The great separation in value between and t is not 
crucial in order to have a simple description of the diffusion and 
decay processes that are involved in the physics of shielding by an 
enclosure. Suppose the external pulse H ex strikes the enclosure 

surface at t - 0 (see Fig. 33). Then for t < Tj , the interior pulse 
in d r 

H is insignificant, since T<i is the time for the pulse to "ooze" 

through the wall. For t of the order of T d , H in reaches its peak and 
by this time the external pulse has long passed the enclosure. For 
t > x d , the enclosure is left alone to decay through energy dissipation 
in the walls according to the decay law of eddy currents [27], implying 
that the fall time of H in is given by L/R and the peak value of H ln 
is proportional to R/L. Furthermore, H ex is effectively an impulse 
compared to H because x Q « x d . Thus the total time integral of H ex 
is expected to play an important role, and so one can introduce an 
effective impulse st-eagth as 

H o " f H* X (t)dt (41) 
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In terms of H q the peak value of H in is expected to be proportional to 
H q R/L with a dimensionless proportionality constant of order unity. 

In the frequency domain, the important length parameters are the 

wall thickness A, the enclosure maximum linear dimension a, the wall 

skin depth 6 (- /2/(may)), and the characteristic wavelength X Q (■= ct q ) 

of the incident pulse. Typically, A 3 a few millimeters, a a several 

meters, A - hundreds of meters, and 6 ~ 5x10 ^/a millimeters for an 
o 

aluminum shell with A being the wavelength variable of H 1 and measured 
in meters. For 6 <A the wall is said to be electrically thick and the 
attenuation and reflection losses in the wall account for a great deal 
of shielding. For 6 > A the wall is electrically thin and the shielding 
comes entirely from the eddy-current distribution in the wall, while 
the attenuation and reflection losses become irrelevant. This implies 
that for an electrically thin shell the geometrical shape of the enclosure 
is critical [4]. If one uses the above typical values, the dividing 
point 6 ■ A corresponds to A - tens of kilometers (or f * tens of kHz); 
that is to say, for A > tens of km (or f < tens of kHz) diffusive 
penetration will become important and if the planar-shield approximation 
to enclosure geometry is used, shielding effectiveness can be over¬ 
estimated by as much as 5 orders of magnitude or 100 dB [28]. 

2.3.2.2.2 Simple-Shaped Enclosures 

There are three canonical shapes of enclosure that have engaged 
the attention of many investigators in the past, namely, two parallel 
plates [5,29], an infinite circular cylindrical shell [5,30,31], and 
a spherical shell [5,31-33]. For these geometries the penetrant 
cavity field takes an extremely simple analytical form under the 
assumption that displacement currents are neglected throughout. This 
assumption has been shown to be sufficiently adequate for treating 
EMP shielding problems [34]. Other cavity chapes such as a prolate 
spheroidal shell [35] and a finite hollow cylinder [36] have also been 
studied but with no simple useful results. 

The basic equations to be solved are 
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V x F(r,s) ■ - sB(r,s) 


V x S(r,s) 


loE(r,s), inside shell 


with the usual boundary conditions that tangential E and H be continuous 
across the air-shell interfaces (see Fig. 33). The constitutive rela¬ 
tion between 3 and 2 is 

(yH, inside shell 

B - (44) 

(y S, outside shell 


a. Frequency-Domain Solution 


Define the transfer function T as 


_ . , H ln (s) __ magnetic field inside cavity 

nT s ' * ex. . " magnetic field in the absence of shield 


In what follows, H ex is taken to be uniform. We will use T for two 
(o) p 

parallel plates (Fig. 34a), ’ for a cylindrical shell with a 

longitudinal H ex (Fig. 34b), for a cylindrical shell with a 

transverse H® X (Fig. 34c) and, finally, T g for a spherical shell 
(Fig. 34d). Solving (42) and (43) for these geometries one obtains [28] 


p VF/ cosh p + Kp sinh p 


cosh p + -r Kp sinh p 
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where 


T„<P> 


cosh p + ^ Kp + ^) sinh p 


(49) 



(b) (c) 


Fig. 34. (a)Two parallel plates, (b) a cylindrical shell with 

longitudinal H SX , (c) a cylindrical shell with transverse 
H ex , and (d) a spherical shell. All cavity walls have 
thickness A, conductivity a, and permeability p. 
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each of which has only one break point, i.e., the first break point in 
Fig. 35b. This break point is directly related to the decay constant 
of the late-time behavior of the interior pulse. 

For electrically thick shells, i.e., 6«A, (46), (51) and (52) 

give 
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V 


4pA 


V 


6pA 

e 


^7 


Formulas (46)- (52) are valid for frequency f « c/(2a), and K >> 1, 
c being the vacuum speed of light. When f < c/(16a) and K > 5 they are 
accurate to within 5%. 

b. Time-Domain Solution 

Since a typical nuclear EMP can be treated as an impulse so far as 
the penetrant cavity pulse H in (t) is concerned, one may write for the 
external pulse (Fig. 33) 

H ex (t,x) - H Q 6(t-x/c) (59) 

where H q is given by the time integral of H ex as indicated in (41). 

Let the parameter K be introduced such that £ - K for two parallel 
plates, 5 - K/2 for a cylindrical shell, and ? - K/3 for a spherical 
shell. Then, the transfer functions (46), (51) and (52) can be written 
in one single formula 


T m (s) " “ ^h p T gp sinh p * “ ^ d > < 60 > 

and the time history of the cavity field H in (t) is then given by 

H rj"+fi st, 

o _ e ds _ 

2tt) J cosh p + 5 p sinh p 
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whereas the intermediate and late-time approximation of (61) is 



Fig. 37. Approximate and exact solutions for a penetrant EMP for £ 












Formulas (62) and (63) are valid for (i) £ » 1 (physically 
thin shells), (ii) t > (observation time is greater than the transit 
time across the cavity which varies from a few to tens of nanoseconds), 
and (iii) >> r (the diffusion time across the wall is much greater 
than the EMP pulse width; typically, a tens of microseconds and 
t - hundreds of nanoseconds). When these three assumptions are met, 
formulas (62) and (63) describe the time history of the penetrant pulse 
to a 0.1% accuracy. 

2.3.2.2.3 Arbitrarily Shaped Enclosures 

Formulas (60), (62) and (63) can be readily generalized to an 
arbitrarily shaped enclosure if the parameter £ can be expressed in 
terms of the global quantitie? of the geometry of the enclosure, such 
as the volume V and Che surface area S of the enclosure. Indeed, one 
can write [28] 


e 


j_ JL 

y r sa 


(64) 


where y r is the relative permeability and A the thickness of the wall. 
Define (see Fig. 33) 


R - l/(oA) - dc wall resistance 
L * p o V/S * cavity inductance 
- L/R - fall time 
2 

■ yoA * diffusion time 
Then, 5 can be rewritten as 


5 



(65) 


With £ interpreted as (64) or (65), formulas (60), (62) and (63) can 
readily be applied to enclosures of any shape provided that the 
assumptions of the preceding section are satisfied. Table 2 summarizes 
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the important parameters of the interior cavicy pulse H^ n (t), where 
H^ n (peak) means the peak value of the time derivative of H^ n (t). 


TABLE 2. QUANTITIES CHARACTERIZING THE PENETRANT PULSE H in (t) 


H ±n (peak) 

H in (peak) 

Rise Time 
(10 - 90%) 

Decay Time 
(1/e) 

RH 

6RH 

T , 


o 

o 

d 

L 

L 

LT d 

4 

R 


2.3.2.2.4 Enclosures With Other Wall Materials 

There are cavities whose walls are made of high-y metals. Typical 

3 4 

values of the relative permeability u r .are 10 - 10 . For these types 
of cavities one must resort to (46- 49), the inverse Laplace transform 
of which gives [28], by the method of residues, the penetrant cavity 
pulse shown in Fig. 38. 

There are also cavities with walls made of ferromagnetic material 
whose p is a function of the exciting field, or advanced composite 
material whose conductivity is a tensor. Cavities with these types 
of wall materials have received almost no attention, although EMP 
penetration through a single slab has been investigated [28, 37 - 38]. 
However, shielding by a single slab is not in general the same as 
shielding by an enclosure against low-frequency magnetic field. Fig. 39 
shows an example from which one can see that a single slab is 6 orders 
of magnitude (or 120 dB) more effective in shielding than a spherical 
enclosure of 3-meter radius and of the same wall material and thickness 
as the slab. 


2.3.3 PENETRATION 


The cavity fields discussed in Sec. 2.3.2 are 
sources described in Sec. 2.3.1. These fields may 


created by the coupling 
in turn penetrate through 
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the next layer into an interior region oi, for example, an aircraft via the 

three different types of penetration treated in Sec. 2.1.3, namely, the 

deliberate penetration via antennas, the inadvertent penetration via aper • 

tures, and the diffusive penetration through conductive walls. These 

penetration sources are illustrated in Fig. 40 and tabulated in table 3. 

The various symbols in table 3 are defined as follows: 

£ c , = cavity electric and magnetic fields (see Sec. 2.3.2) 

^ef’ ^ef = e ^^ ect ^- ve height and effective area (see Sec. 2.1.3.1) 

^eq* ^eq = ec l u: *- va l ent length and equivalent area (see Sec. 2.1.3.1) 

Z^, Y in - input impedance and admittance (see Sec. 2.1.3.1) 

a m = electric and magnetic polarizabilities defined with a 

ground plane (see Secs. 1.4.1.4 and 2.1,3.2) 

"t^ , = magnetic and electric current transfer functions (see 

cm ce 

Sec. 2.1.3.3) 

V oc , I gc = open-circuit voltage and short-circuit current at the 
antenna's terminals (see Sec. 2.1.3.1) 

p, m = electric and magnetic dipoles (see Sec, 2.1.3.2) 

1 J * equivalent electric and magnetic surface currents (see 
eq m,eq 

Sec. 2.1.3.3) 


antenna penetration aperture penetration diffusive penetration 



Fig. 40. Three tjpes of penetration sources. 
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TABLE 3. PENETRATION SOURCES 


Penetration 

Excitation 

Transfer Function 

Penetration Source 

Antenna 

E . H 

h ef * ^ef* £ eq’ ^eq 

V . I 



2 in* Y in 

oc sc 

Aperture 

t. t 

c c 

V % 

p, m 

Conductive 

t , t 


1 , 3 

Wall 

c c 

ce cm 

eq m,eq 


The penetration sources in the third column of table 3 can be obtained by 
multiplying the appropriate excitation in the first column by the appropriate 
transfer function in the second column. It must be remembered that the 
transfer functions discussed previously are calculated on the assumption 
of an infinite ground plane, and hence, they do not contain the character¬ 
istics of the cavity. The properties of the cavity, however, show up in 

the excitation fields f , H . 

c c 


i 

i 
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CHAPTER 2.4 
CABLE INTERACTION 


Engineering formulas and data describing the interaction of EMP- 
induced fields with cables are presented in this chapter. The cable 
Interior usually represents the final shielded volume of a given 
shield topology; the cable guides electromagnetic energy from its 
penetration point(s) to the load which terminates it. The formulation 
of the differential equations governing the behavior of the currents 
and voltages on transmission lines has been described in Sec. 1.3.2. 
The parameters entering these equations and the solution of the 
transmission-line equations are given in this chapter. 

Two distinct types of cable configurations commonly occur in 
this interaction problem: shielded cables, which are treated in 
Sec. 2.4.1, and unshielded or open cables, which are treated in 
Sec. 2.4.2. 


2.4.1 SHIELDED CABLES 

A shielded cable comprises one or more conductors within a 
cylindrical conducting shell which serves to shield the inner 
conductor(s) from the effects of external fields, in addition to 
serving as a return conductor. When there is only a single conductor 
within the shield and coaxial with it, the cable is a coaxial cable. 
When there are two or more conductors within the shield, the cable is 
referred to as a shielded multiconductor cable. 

Engineering data and formulas are readily available for coaxial 
cables but exceedingly sparse for shielded multiconductor cables. 
Accordingly, most of this section deals only with coaxial cables. 
Available data and formulas for shielded multiconductor cables apply 
only to the propagation problem for such cables, and the penetration 
problem is formally identical to that for open transmission lines 
(see Sec. 2.4.2). The coupling problem for shielded multiconductor 
cables has not been extensively studied. 
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2.4.1.1 Coupling to Coaxial Cables 


The source terms In the transmission-line equations for coaxial 
cables are presented in the following two sections. In Sec. 2.4.1.1.1 
the source terms for distributed coupling are given; source terms for 
discrete coupling are given in Sec. 2.4.1.1.2. 

2.4.1.1.1 Distributed Voltage and Current Sources per Unit Length 

The distributed voltage and current source terms in the s-domain 

(s) 

transmission-line equations (117) of Chap. 1.3 are respectively V (z ( s) 

, (a\ 

and 1 v (z,s). For coaxial cables these source quantities are related 
to the total cable current I t (z,s) (the algebraic sum of the currents 
carried by the center conductor and the shield) and the total charge 
per unit length Q^(z,s) by 

V' (8) (z,s) - Z^(s)I t (z,s) (1) 

I ,<a) (z,s) - n T (s)Q£(z,s) (2) 

In which Z,J.(s) is the shield transfer impedance per unit length and 
0 T (s) is the charge transfer frequency. I fc and are related by 
equation 

dl (z,s) 

—^-+ sQ'(z,s) - 0 (3) 

Additional source terms associated with direct coupling to the external 
field exist for eccentrically shielded "coaxial" cables and multi¬ 
conductor cables in general. These terms do not occur in a truly 
coaxial cables [1»2]. 

The parameters Z^(s) and 0 T (s) for tubular, braided, and tape- 
helical cable shields are discussed in the following. 

a. Tubular Cable Shields 

A tubular cable shield is a cylindrical shell of conducting 
material. The inner and outer radii are denoted by b and c respectively. 
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the shell's thickness is d-c-b, and a denotes the conductivity of the 
shield material, which Is assumed to be non-ferromagnetic. For. such a 
shield, the transfer impedance Z ^ has been given by (35) of Chap. 2.2, 
and the charge transfer frequency ^*0. In practical shields b/d >> 1 
and c/d » 1. An accurate approximate expression for under these 
conditions has been given by (37) of Chap. 2.2 and Is repeated here for 
easy reference 


Z^,(s) « R dc' / ®^d cschv ^,j 
Rdc “ 

where Tj-v^ad 2 . Curves of the magnitude and phase of Z^/R^ c as functions 
of normalized frequency fx d are shown plotted on different scales in 
Fig. 1. A linear-scale plot can be found in Fig. 21 of Chap. 2.2. when 
fx d >> 1, accurate approximate expressions for the magnitude and phase 

° f Z T /R dc are 


(4) 

(5) 


IWJ- 2 - 

|/ 2irfx d exp(-/irfx d ) 

(6) 

areU i /E d C l 

1 “ 4 " ^d 

(7) 


The relative error in the expressions (4) and (5) is approximately 
50 d/bZ over the EMP frequency spectrum. When fx d > 4 the approximate 
expressions given in (6) and (7) are accurate to within 0.1Z. 
b. Braided Cable Shields 

A braided shield is shown in Fig. 2. The radius of the shield is 
b and the pitch angle of the woven braid is i|i. The dimension of each 
of the braid apertures in the direction parallel to the cable axis is 6 
and the circumferential separation between apertures at constant axial 
position is w-4irb/N, where N is the number of carriers (bands of shield 
wires) in the braid (in Fig. 2, N-8). 











Fig. 1. Magnitude and phase of Z ^/ R ^ c versus fx d for tubular shields. 


The source coefficients Zjj, and £1 T for braided cable shields are given 
by [3-5] 


zj(8) - Zj. d (s> + sL^, 

(8) 

n T (s) - - sc'/c^. 

(9) 


in which Z,j, d Is the diffusion contribution to Z^,, L^, is the transfer 
inductance per unit length, C’ is the capacitance per unit length between 
the center conductor of the cable and the shield, and Cj, is the transfer 
capacitance per unit length. 











braid«d-wirt core 



Fig. 2. (a) A braided shield, (b) developed surface. 



where a is the conductivity of the braid material, d is the shield 
thickness (typically taken equal to the diameter of the shield wires), 
and K is the optical coverage of the braid, i.e., the fraction of the 








total shield area covered by the shield conductors. Curves of the 
magnitude and phase of Z^/R^ are shown in Fig. 1. 

The transfer inductance per unit length 4 may be expressed in 
terms of N, K, and ip as follows [4]: 


4 + (1 - K) 3 ^ V m (^)Z h (^)cos\ esc 2\p 


(12) 


in which cT^Cip) is a normalized magnetic polarizability of the shield 
apertures and ^(ip) is an interaction sum which accounts for the effects 
of neighboring apertures in the shield. is related to the magnetic 

polarizability a m (<iO of an isolated aperture by 


cT^iJO and cos 3 tJ> are tabulated in table 1 and shown plotted as 

functions of ij» in Figs. 3 and 4. The transfer inductance per unit length 
4 may also be written in the abbreviated form 


4-^g [(1-K) 3/2 ,^] (14) 

The function g [(1-K) 3 ^ 2 ,^] is given in tabular form in table 2. 

The transfer capacitance per unit length 4 is conveniently 
expressed as [4] 

, , f.U-K) 3 ^ 0 |i)cos ip 

-~ oTo- 5 - 3 - ' (15) 

U T we 4 + f d (l-K) a e (<|»)E e d)cos ij; esc 2ip 


in which a e (i |0 is a normalized electric polarizability of the shield 
apertures and E e (i|i) Is an Interaction sum which accounts for the effects 
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of neighboring apertures in the shield. of e (i|i) is related to the electric 
polarizability a e (i{i) of an isolated aperture by 




(i ) 3 

\ 2 / cos 41 e w ' 


(16 


The permittivity of the dielectric between the center conductor and the 
shield is e. The factor f d depends on e and upon the permittivity and 
thickness of the cable's dielectric outer jacket. For practical cables, 
f d is given by [6] 

if no jacket is present 

(17 

if a jacket is present 
The permittivity of the cable jacket ie denoted by e.. 

















a e (<JO and cos 3 ^ are tabulated in table 3 and shown plotted 

as functions of in Figs. 5 and 6. The transfer capacitance per unit 
length C^, may also be written in the abbreviated form 

ir-jijh [(l-K) 3/2 £ d ,*] (18) 

The function h [ (1 - K) 3 ^f^,i|)] is tabulated in table 4. Thus the charge 
transfer frequency is, according to (9), 

“l<‘> ■ t) t ,'(Wa) h (1 - ' < 19 > 

where C' - 2ire/ln(b/a) has been used (see Sec. 2.4.1.2.1), add where a 
denotes the radius of the center conductor of the coaxial cable. 

The expressions given in (10) and (11) are accurate within approxi¬ 
mately 50 d/b% for u "perforated conducting tube" model of the braid. 

The expressions in (12) and (15) are based upon the assumption that 
the aperture separation is small in comparison to the shield radius, 
so that a planar model of the cylindrical shields can be used for 
analysis. It is estimated that for commonly encountered braid shields 
these results are accurate within 10%. 

c. Tape-Helix Cable Shields 

A tape-helical cable shield is shown in Fig. 7. The shield has 
radius b, thickness d (d << b), and pitch angle ij*. The width of the 
gap between tapes is denoted by w. The number of separate helical 
conductors in the shield is M (in Fig. 7, M-2). 

The source coefficients and fi T are given by [7,8] 


Z^.(s) - Z^, d (s) + sL^, 

(20) 

aj(s) - - sc'/q. 

(21) 
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TABLE 4. h [(1 - K) 3/2 f d> ip] | 


\(l-K) 3/2 f d 

0.01 

0.02 

0.03 

0.04 

0.05 


(x 10" 2 ) 

5° 

0.521 

1.036 

1.545 

2.049 

2.547 

10° 

0.502 

1.001 

1.496 

1.987 

2.475 

15° 

0.491 

0.987 

1.463 

1.944 

2.423 

20° 

0.480 

0.956 

1.431 

1.902 

2.371 

25° 

0.471 

0.939 

1.404 

1.866 

2.326 

30° 

0.463 

0.922 

1.379 

1.834 

2.285 

35° 

0.458 

0.912 

1.364 

1.813 

2.259 

40° 

0.455 

0.906 

1.355 

1.801 

2.244 

45° 

0.454 

0.904 

1.352 

1.796 

2.238 


In which Zj, d is the diffusion contribution to Z^,, L^, is the transfer 
Inductance per unit length, C' is the capacitance per unit length between 
the center conductor and the shield, and O’, is the transfer capacitance 
per unit length. 

The diffusion term Z^ d is given by 

Z^ d (s) ■ R* c ^ d each *^sr d [l + tan 2 i|> cosht/sr^ J (22) 


Curves of the magnitude and phase of are given in Fig. 8 for 
various values of t|>. When fx d » 1 and <p > 0, accurate approximate 
expressions for Z^ d /R dc are 

l Z Td /R dcl “ / ^d tan2 * (23) 


ar « [Z id /R dc ] “ 


(24) 


< 


When 4 1 ■ 0, (6) and (7) may be used. 

















Fig. 7. (a) A tape-helical shield, (b) developed surface. 

The transfer inductance per unit length is expressed as 

*4 " 47 J/ 1 “ a 2 /b 2 ) tan 2 </» + ^(w/4b) 2 sec <p J (25) 

where a denotes the radius of the center conductor of the coaxial cable. 
When ip > 0 and w/4b « 1, the first term in the square brackets in (25) 
is much larger than the second term. This is the situation most commonly 
encountered in practice. 









Fig. 8. Magnitude and phase of Z^/R^ versus fx^ for tape-helical shields; 
ii»-20°, 40°, 60°. 

The quantity 1/C.J, is given by 

qT “ (w/4b) 2 sec i** (26) 

where e is the permittivity of the dielectric between the center conductor 
and the shield, and is the factor defined in (17). The charge transfer 
frequency 8^, is given by 


« T (s) 


£n(b/a) 


(w/4b) 


2 e sec 
e + c 


(27) 


for a helical shield with M-l and without an outer dielectric jacket. 
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The result In (22) Is analytically exact when d+0 and the gap 
width w 0. Typically w Is very small and the error Is negligible. 

The most important contribution to 1^, comes from the first term in 
square brackets In (25). The first term represents the contribution to 
Z^, due tc the circumferential currents in the shield. That term is 
analytically exact under the assumption that the current density is 
uniform across the tape. The remaining contributions to Z^. and 
are accurate to within 1% when w/4b < 0.1. 

2.4.1.1.2 Discrete Voltage and Current Sources 

The discrete voltage and current sources V^ 8 \z o ,s) and I^ 8 \z 0 ,s) 
due to the presence of an isolated aperture or connector at z - z q are 
given by [4,9] 


V <8) (z o ,s) 

I<8> <v> 


Z,(8) Vm 

(2*b) 2 Z c (s) 


(2 1 rb) 2 Z c (s) 


I t (a o* 8) 

Qt<V 8) 


(28) 


(29) 


in which Z' denotes the cable's series impedance per unit length, Z Q 
the characteristic impedance of the line, and Z w - /p Q /e the wave 
impedance of the dielectric material between the center conductor and 
the shield. The magnetic and electric polarizabilities of the aperture 
are denoted by and respectively. 

The discrete voltage source appears, in an incremental 

transmission-line circuit model, in series with an impedance Z & given by 

8 V« L ’ 

Z-(fl)-- (30) 

(2*b) 2 Z c (8) 

where L* denotes the cable's series inductance per unit length. The 
(s) 

discrete current source I appears shunted by an admittance Y , given by 
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<2*brz (■> 


in which C' denotes the shunt capacitance per unit length of the coaxial 
cable. When the Isolated aperture is used to model a connector, a contact 
resistance tern whose value must be determined from measurements Is 
added to the right-hand side of (30). An equivalent circuit representation 
of these discrete sources and their associated lanlttances la shown in 
Fig. 9. 


V 2 _V W /2 


line 


V W /2 Zq/2 


* 


M) 


tronemiaeion 

line 


Fig. 9. Current and voltage sources and their associated immitances 
for- discrete excitation. 


In practice, one may use the ideal values for Z', Z c , L', and C' 
(cf. 2.4.1.2) in (28) - (31) to obtain for tubular or bralded-shield 
cables the following formulas 


V <B) (a o , s) 

<v> 


ay. 

- h ct n I i 

(2*b) Z * 1 

-2TTSO e 

(2*b) 2 in(b/a) 


' Qi(* 0 »s) 


(32) 


(33) 
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z Ab) 


(34) 


(2irb) xn (b/a) 


For tape-helix shield cables, V v1 and Z given In (32) and (34) should 
be multiplied by the factor 


tan ill 

' 2 !n(b/a) 


and I v and Y^ given in (33) and (35) should be divided by this factor. 
Polarizabilities and ot^ for apertures of various shapes are given 
in Sec. 2.1.3.2. 

The results in (28) - (31) are analytically exact for apertures 
whose dimensions are electrically small. Thus they may be regaided as 
exact in practice. The expressions in (32) - (35) are as accurate as 
the approximations used (see Sec. 2.4.1.2). 

2.4.1.2 Propagation 

The total series impedance per unit length 2' and the total shunt 
admittance per unit length Y' for coaxial cables with tubular, bralded- 
wire, or tape-helical shields and shielded multiconductor cables are 
presented in 2.4.1.2.1. The solutions of the transmission-line equations 
are presented in 2.4.1.2.2 for coaxial cables with distributed shield 
coupling and for coaxial cables excited at an isolated aperture. 

2.4.1.2.1 Series Impedance and Shunt Admittance ” * 













of the region between the shield and the center conductor or conductors. 
In well shielded low-loss cables, neglect of the resistive contributions 
is a standard engineering approximation which leads to conservative 
estimates of the induced voltages and currents on the cable interior. 
This approximation is adopted throughout this section. In the following 
paragraphs, Z' and Y* are presented for coaxial cables with tubular, 
braided-wire, and tape-helical shields, as well as for shielded multi¬ 
conductor cables. 


for Tubular-Shielded Coaxial Cables 


The Internal immittances per unit length Z' and Y* for a tubular- 
shielded cable are given by [10] 


su 

Z' (s) - ~ Zn(b/a) 


(36) 


when resistive contributions to Z* are neglected. 

b. Z'(s) and Y'(b) for Braided-Shield Coaxial Cables 


The Internal immitances per unit length Z' and Y' for a braided- 
shield cable are given by [2,11] 


Z ' (8) “ 2T to(b/a) + SL T (38) 

< 39 > 

where and 1/C.J, are given in (12) and (15) respectively. Resistive 
contributions to Z* have been neglected. 

If the second terms in the above expressions are neglected with 
respect to the first, then (38) and (39) reduce to (36) and (37) 
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respectively. The relative errors in Z* and Y' incurred by neglecting 
the terms in L^, and 1/C^, are respectively 


TTg . Uh 

N £n(b/a) N £n(b/a) 

where g and h are given in tables 2 and 4. For typical braided-shield 
cables, these relative errors are less than 1 %. 

c. Z'(s) and Y'(s) for Tape-Helix Shielded Coaxial Cables 

The internal immlttances per unit length Z* and Y' for tape-helix 
shielded cables are given by [ 8 ] 

Z'(s) - fcn(b/a) + -j— £(1 - a 2 /b 2 )tan 2 ^ + ^ (w/4b) 2 sec ^j (40) 

Y'(s) ■ 2irse £in(b/a) + Tjj- (w/4b) 2 sec (41) 

when resistive contributions to Z' are neglected. The terms proportional 
2 

to (w/4b) may generally be omitted with negligible error, yielding 

su su / , , \ 0 

Z' (s) * ~ + 4 — (1 " * / b ) tan 2 * (42) 

‘isfcTfr (43) 

for the tape-helix shielded cable. The relative error incurred by 
neglecting terms in (w/4b ) 2 is less than 0.1% if w/b < 0.1 and \fi < 60°. 

d. Z'(s) and Y'(s) for Eccentrically Shielded Cables 

When the center conductor is not coaxial with the shield, the 
results given above must be modified. Let the distance between the axes 
of the shield and the internal conductor be D. Then (36) becomes 
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su ( 2 ,, 2 2 \ 

Z' (s) “ 2 ~ arccosh y --— / (44) 

and (37) becomes 

/ 2 2 2 \ 

Y" (s) “ 2irse/arccosh —— j (45) 

Eq. (42) becomes 

Z’ (s) * arccosh D ) + (l - a 2 /b 2 ) tan 2 * (46) 


It Is noted that 


TCCCh ( ^V -- 2 )- (4#) 

D-K) 


Jln(b/a) 


(47) 


e. (s) and (s) for Shielded Multiconductor Cables 

For a shielded multiconductor cable the per-unit-length series 
impedance (Z^) and shunt admittance (Yy) are matrices. Tables 5 and 6 
give respectively the elements Z^ and Yj^ for two- and three-conductor 
cables. To obtain those quantities it is assumed that the dielectric 
medium inside the shield is homogeneous and lossless, and that the inner 
conductors and the solid tubular shield are perfectly conducting. 

2.4.1.2.2 Solutions of the Transmission-Line Equations 

Let a cable run between z ■ 0 and z - £ and be terminated by impedances 
Z fc0 at z - 0 and z tJl at z ■ l. The characteristic impedance of the line 
Z c and the complex propagation constant y c (s) are related to Z' and Y' by 


Z c (s) - [Z'(s)/Y'(s)] 1/2 

(48) 

Y c (s) - [Z'(s)Y’(s)] 1/2 

(49) 


The terminal voltages and currents will be given in terms of the total 

(a) (s} 

current I t for distributed excitation, and in terms of V v and I for 
discrete excitation. 
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a. Distributed Excitation 


General formulas for the currents and voltages at the terminating 
impedances of a cable externally excited along its length are [8] 


- y°- s) + y°- s) 


«*.•> ■ Ftf)- ■ I » a - s) + I e U - e) 


V "V 

a-v ' rt8 % 

e - r r„e 


y Z -y Z 

-< ltr 0 ) *„« c * y e e c 
*«• y - r r ..^ 1 


l+r, g +r f 

L _ Z e o e 

Z tz 


T and r. are the voltage reflection coefficients at z ■ 0 and z *Z 










and f m , g jn , f e , and g g are the source quantities given by 


8m " 2Z c <*2 

£ ..^ [e -v ItW) . It(0) + YcQi] 

[* Tc \<*> - V 0) - V2] 

where 

ri -y u 

Qj_ ■ I e c I t (u,s)du 


(58) 

(59) 

(60) 

(61) 

(62) 


f* Y c u 

Q 2 " I e I t ( u ,s)du (63) 

J 0 - 

When the line is terminated at each end in its characteristic^ 
impedance, 


KO.s) - (Z^,/2Z c )Q ] 


! i + fe[ e 


' I t U) - I t (0) + y Q, 




(64) 


-Y * 

I(£,s) - e (Z^,/2 Z c )Q 2 


S 

2s 


[ 


Y c £ 

e I t (A) - I t (0) - 



(65) 


When Z tQ ■ Z £ and Z^ » 0, the short-circuit current at z ■ Si is twice 
that given in (65) and when Z^ q • Z c and Z^ ■ ®, the open-circuit wltage 
at z ■ i. is (2Z^) times the current given in (65). Terminal currents 
and voltages may be obtained for any other desired special case by 
appropriate manipulation of (50) - (63). 
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b. Discrete Excitation 


The point of entry of the externally excited signals is taken to be 
z ■ z Q (0 < z q < Z). The general formulas for the currents and voltages 
at the terminating impedances are 


I(0 ' s) *V s) Tjr 


KM) I, 


v . r ,' T c ( ‘-‘o > 


(67) 


where r and T. have been defined in (56) and (57) and 


I n (s) 


+V 2 ) + V (s) (Z +2 /2 + 2/Y )Y /2 


( 68 ) 


l(S)(Z eo + Z a /2) + V<S)(Z eo + Z a /2 + 2/Y a )Y a /2 
Ijl<8> (Z eo + Z J 2)(Z eZ + Z a /2)Y » + (Z *ff + + V 


■ e£ eo a' 


(69) 


and Z eo arid 2^ are the impedances seen at z * z q looking toward z ■ 0 
and z m Z respectively ^ 


(70) 


y (Z - z ) -y (Z - z ) 

e c 0 + r £ e c ° 

Z e£ Z c y (Z - z ) -y (Z - z ) 

e C ° - T.e c ° 


(71) 


Eqs.(68) and (69) for I and I„ may be considerably simplified by 
° * ( s ) ( B ) 

neglecting terms involving products of I , V , Z a> and Y fl ; under 
this approximation 
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I 0 (s) 


(72) 


v (s) _ z (.) 
el 


z ., + z .„ + < z . + Y „ z „, z „„> 


I,(s) 


V + Z .„ + < Z , + Z . Z .. Z .,„> 


(73) 


where the denominator terms in parentheses can be dropped If | z e £ + Z eo l 

Is large In comparison to IZ + Y Z „Z I. 

° r 1 a a ex eo‘ 

The Internal signals Induced by the sources at z - z Q when the line 

Is terminated In Its characteristic Impedance at each end are 


1(0,s) 

KM) 


V (S) _ z j(s) 


V <S) + V (8) -Y c (*-« 0 ) 


(74) 


(75) 


When z to «Z c and Z^-0, the short-circuit current at z “ i is 


I flC (M) 


•kb 


(6) XT (S) 7 


-Y c (A - z ) 


(76) 


When Z fcQ ■ and Z^ - », the open-circuit voltage at z - £ is 


V oc (M) - [v (s) +I ( 8 ) Z c ]e 


(77) 


Terminal currents and voltages may be obtained for any other desired 
special cases by appropriate manipulation of (66) - (73). 

The approximation involved In obtaining (72) and onward yields 
negligible errors, owing to the small magnitude of the quantities 
involved for typical cases. 
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2.4.1.3 Penetration 


The voltages and currents appearing at the terminations of a 
coaxial cable which Is excited from its exterior through imperfections 
in the shield may be calculated from a knowledge of the Th£venia and/or 
Norton equivalent circuits which represent the cable. Such equivalent 
circuits are given In the following two sections. In 2.4.1.3.1 equiva¬ 
lent circuit models for a cable with distributed coupling are presented; 
models for a cable excited at a single point are given in 2.4.1.3.2. 

In each case equivalent sources and immittances are given for the z m l 
termination of a cable which extends from z ■ 0 to z«£. 

2.4.1.3.1 Penetration Resulting From Distributed Excitation 

The parameters of the Thdvenin equivalent circuit for the cable 
termination at z*H are 



2 V8.- r o y + 

y l -y SL 


where r Q has been defined in (56) and f , g m » f g , and g £ have been 
defined in (53) - (63). 

The parameters of the corresponding Norton equivalent circuit are 



Results for three special cases are given below. 


(80) 

(81) 
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(.) Z to -0 
z Ih<*>» 
v £ ) <*,s) 

(b) 

z ih<‘-» ■ 


Z c tanh V 

Z c<8« +f m ) * <8.- 

cosh y c A 


2(Z cgn + g e )e c 


f e> 


(82) 

(83) 


(84) 

(85) 


Z Th<*« s > 


- Z c coth Y C H 


z c<8.- f „> + (y^V 

sinh Y~fc 


( 86 ) 

(87) 


2,4 - l - 3 - Z a°«tr»t lon Seedtime From m.cretc Excitation 

The parameters of the TWeenim e,uivalent circelt for the cable 
termination at * - A are 


Z Th ( ** a > “ z c 


V ~V 

e + r e c 


( 88 ) 


V^V.s) - V (a) 


V 

1 -re c 


T (®) . 


V -v 

e -re c 


- (89) 
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The parameters of the corresponding Norton equivalent circuit are 




V* 

,s) - 1 


(90) 




. *«?<*»•) 
(i.s) - 

v*’ 8 > 


(91) 

Results for three special 

cases 

are given below. 



<«) 

N 

O 

■ 

o 






Z Th ( * ,s) - 

Z c tanh y c i 


(92) 


v^Cje.s) - v (s) 

° 0eh V ° + z !<•> 

cosh y c A c 

sinh y c z o 
cosh 

(93) 

(b) 

2 to ■ 2 C 






2 Th<*-<» - 

2 „ 



(94) 


<*•»> ■ 

[v (s) 

+ v (s, K YcW ' 

z o> 

(95) 

(c) 

ho ■ “ 






z Th«-‘> - : 

2 c coth 

V 


(96) 



/„s sinh y z 

V ( ») T c o (s) 

sinh y £ + V 
c 

c ° 8h Y c Z o 

sinh y c R 

(97) 
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2.4.2 OPEN TRANSMISSION LINES 


Another class of cables often encountered within an aeronautical 
system consists of open or unshielded wires, as opposed to the coaxial 
lines treated in the previous section. Engineering information pertinent 
to the analysis of open transmission lines is presented in this section. 


2.4.2.1 Determination of Line Parameters 

The analysis of transmission lines described in Sec. 1.3.2 requires 
a knowledge of the line capacitance and inductance per unit length, or 
equivalently, the characteristic impedance Z c and propagation constant 
Y . For simple two-conductor systems (one conductor plus reference 
conductor, i.e., N-l), the usual line description is in terms of Z 
and y c » For multiconductor lines, however, the inductance and capacitance 
coefficients are more useful, especially when modes of different velocities 
can exist on the line. 

It is assumed in the following that the transmission lines are in 
a homogeneous medium and that all losses can be neglected. 


2.4.2.1.1 Isolated Transmission Lines 

One type of transmission line found in EMP applications is an 
isolated bundle of conductors containing N + l wires. For the N " 1 case, 
we have the conventional two-wire line, and for N >. 2 the line is said 
to be a multiconductor line. It will be assumed that the total current 
on the wire bundle is zero at every cross section. Fig. 10 illustrates 
a typical (N + l)-wire line, with the (N + l)st wire serving as a reference 
conductor. 


The inductance per-unit-length matrix (L^) of this line has 
elements [12] 


L ii - 2°, “"(vj" 


i^j, n-N+1 


(98) 


(99) 










for i,j *1. N. It is assumed that all values of D and r satisfy 

the relation D » r. Here represents the distance between the 
centers of the ith and jth wires, and r^ is the radius of the jth wire. 
Note that the matrix (L^) is of order N xN. 

With the assumption of a homogeneous dielectric of relative 
permittivity e r surrounding the line, the capacitance coefficient 
matrix may be evaluated as 

(cjjJ - \ < 100 > 

where the velocity v is given by v ■ c//e^ and c»3x 10®m/sec is the 
free-space wave velocity. Under this restriction the characteristic 
impedance matrix may be written 

(Z ) - v(L’) (101) 

C ij 

and the propagation constant is 

( V' ^ (102> 



wire N+l (reference) 

Fig. 10. Isolated (N + l)-wire transmission linu. 
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Table 7 gives these values for a two-, three-, and four-wire Isolated 
line, each of which has wire radii much smaller than the wire separations. 
2.4.2.1.2 Transmission Line Oyer a Ground Plane 

Another transmlsslon-llne configuration frequently encountered In 
EMP problems Is that of a bundle of N wires located near a perfectly 
conducting ground plane (Fig. 11). For this configuration TEM modes can 
exist on the transmission line without the requirement that the total 
current on the N wires be zero; the return current flows in the ground 
plane. One can regard this as an (N + l)-wire transmission line by 
considering the ground plane to be an additional wire. 

The inductance term for a single wire over a ground plane is [12] 

L' - ^ *n(2h/r) (103) 

where r is the wire radius, h is the wire height above the ground plane, 
and r << h. Similarly, the mutual inductance between two wires above 
the ground is 

L « < 104 > 
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TABLE 7. ISOLATED TRANSMISSION LINE PARAMETERS (LOSSES NEGLECTED) 





(LOSSES NEGLECTED) (Continued) 



13 j3 J 















(f i t) 





where is the distance between the two wires and , is the distance 
from one wire to the image of the other in the ground plane. With (103) 
and (104) the capacitance coefficient matrix, the impedance matrix and 
the propagation matrix can be calculated from (100) - (102). Table 8 
presents these quantities for one-, two-, and three-wire lines over a 
ground plane. 

2.4.2.2 Coupling to Open Lines 

The lumped or distributed equivalent voltage and current sources 
which drive the transmission-line equations of open lines are discussed 
in this section. Two types of excitation illumination by a plane wave 
(Sec. 2.4.2.2.1) and coupling from a parallel wire (Sec. 2.4.2.2.2) are 
discussed in detail; excitation by an aperture is briefly discussed 
(Sec. 2.4.2.2.3). 

2.4.2.2.1 Transmission Line Illuminated by Plane Wave 

The distributed voltage and current sources for TEM excitation of 
an open (N +l)-wire transmission line are related to the incident magnetic 
and electric fields, respectively. One of the assumptions made is that 
the separation of the conductors is small compared with a wavelength. 

With this assumption the general source terms for TEM modes on an N-line 
are (see Sec. 1.3.2) 


(v; (8) ) = s p o (d ± 

(105) 

(i[ (s) ) =* - sCc^xl-t 1 ) 

(106) 


where 3^ is a displacement vector between the electrical centers of the 
ith conductor and the reference conductor [13] and E^ and are the 
incident electric and magnetic fields. For wires with radii much smaller 
than the wire separations, these distances become equal to the geometrical 
separation between centers of the wires. 

For the two-wire line illustrated, in Fig. 12 the per-unit-length 
voltage and current sources take the form 
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TRANSMISSION LINES OVER GROUND PLANE (LOSSES NEGLECTED) (Continued) 



(f + t) r T d/ lt a)u-j 








TABxjE 8. TRANSMISSION LINES OVER GROUND PLANE (LOSSES NEGLECTED)(Continued) 



*n(D ,/DI .) (i ^ j) 









where y - s/e /c, 













2.4.2.2.2 Excitation of Transmission Line by a Parallel Line 


A common type of transmission-line excitation in internal EMP 
interaction problems is that shown in Fig. 13. A wire with a large 
current (the exciting wire) is located near a second bundle of N wires 
over a ground plane. This entire internal interaction problem can be 
viewed as N +1 wires over a ground plane in multiconductor transmission- 
line theory. The capacitance and inductance coefficients for the entire 
line may be computed or estimated using (100) - (104). It will be assumed 
that the parasitic currents in the N wires do not substantially modify 
the driving current in the (N + l)st wire. 

Defining the inductance and capacitance coefficients for the entire 
(N + 2)-wire system as + i and ^ij^N + l res P ectivel y» the voltage 

and current sources on the ith wire of the wire bundle can be expressed 
as 

q (s) (s,z) - - s c i,N + 1 V N + 1 (s* z )» 1-1 . N 

( 111 ) 

Vj^ s ^(s,z) - - s N + jI N + 1 (s,z), i ■ i.N 
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where V N + ^(s,z) and are the voltage and current at position z 

on the driving line, and C! , and L' . are the individual capacitance 
+ l l|Ntl 

and Inductance coefficients between the ith wire and the driving wire. 

The N-wire bundle can now be treated as a multiconductor line and 
the presence of the (N + l)st wire ignored. For this approach to be valid 
it is necessary that the loading Impedance of the driving line be connected 
only to the reference conductor and not to other wires within the N-wire 
bundle; otherwise the driving wire is strongly coupled to the N-wire bundle 
through the load. 

In Fig. 14 is shown the cross-section of a two-wire line located 
over a ground plane and excited by a third wire. From table 8 the induc¬ 
tance coefficients are 



/d 2 + (h 3 + h 2 ) 2 \ 
\D 2 + (h 3 -h 2 ) 2 / 


(113) 
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The corresponding capacitance coefficients are 


/(I^ + Dj) 2 + (h 3 + h 1 ) 2 \ 
1 V^ + Dj) 2 + (t^-h^ 2 / 

■^fRfr 

h\ + (hj + hj ) 2 

\ I>2 + ( h ,- t.,) 2 


< 5 Hf) 


(114) 


(115) 


The voltage and current sources on wires 1 and 2 can be determined 
from (111), once the response of wire 3 is known. 

2.4.2.2.3 Transmission Lines Excited Through Apertures 

Another important coupling mechanism results from an aperture in a 
ground plane and illuminating a multiconductor transmission line. 

In general, the presence of the aperture will not only provide 
excitation to the line, but will also modify the transmission-line para¬ 
meters in the vicinity of the line. Engineering formulas are presented in 
Secs. 2.2.1 and 2.2.2 for the equivalent sources and circuit parameters of 
an aperture in a ground plane passing under a single conductor. No comparable 
results for multiconductor lines are available. 

The case of a transmission line excited by a localized source, e.g., 
a small electric or magnetic dipole in the vicinity of the line, can be 
treated in exactly the same way as the aperture coupling problem. The 
principal difference is that any orientation of the dipole moments is 
permitted, and the dipoles need not reside on a ground plane. There exist 
no readily available general results for the source termu for this type 
of excitation. 
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2.4.2.3 Propagation Along Open Transmission Lines 


When the equivalent voltage and current sources have been determined, 
it is possible to evaluate the currents and voltages along the line, as 
described in Sec. 1.3.2. In this section data for a number of cases of 
excited transmission lines are given. Particular emphasis is given to 
the behavior of the transmission-line load currents. 

2.4.2.3.1 Two-Wire Line Response to Plane Waves 

A two-wire line illuminated by a plane wave is shown in Fig. 15. 

The Incident electric field is parallel to the load terminations (the 
x-dlrectlon). The current flowing in the load at z -1 is given by [16] 


l<*,s) 

where 


c -«c-V e ' Tia+ ‘ in e> ] «“> 

characteristic impedance of the line, y “ s/c, and 
M(s) - Z c (Z 1 + Z 2 )cosh(y£) + (Z* + Z^sinhCyi) 



Fig. 15. Two-wire line illuminated by plane wave with I 1 parallel to 
x-axis. 










For the special case of grazing incidence (0 - 90°), Fig. 16a shows 
the frequency response of the load current normalized with respect to the 
incident field for a 1-meter line having a characteristic impedance of 
635 ft. Fig. 16b shows the same quantity for broadside incidence (6 - 0°). 



Fig. 16. Normalized load current for a 1 meter line excited by a plane 
wave with E* * E*t x ,traveling (a) in z-direction (0 - 90°) and 
(b) in -y-direction (0 - 0°) [16]. 
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Note that for each of these figures, various combinations of load 
impedance and are used. 

The load current for the case shown in Fig. 17 is given by [16] 




'<Z +Z,) 


z l. 


(117) 


where K(s) is the difference of the two incident electric fields on the 
two parallel wires of the transmission line and is given by 


K(s) - E ± (b,s) - E i (0,s) 


(118) 


The other symbols are the same as in (116). 

Fig. 18 shows the ratio JI/E i | as a function of frequency for the 
same transmission line used in Fig. 16a, for the case where the wave 
travels in the x-direction (6 -90°). 



Fig. 17. Two-wire line illuminated by plane wave with parallel to z-axis 
and H* in x,y plane. 
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i 



Fig. 18. Load current for 1 meter line excited by plane wave with 
E 1 - t z E 1 traveling in x-direction [16]. 


The current l(0,s) for the 
for various values of Z^ and Z 2 


configuration shown in Fig. 19 is given 
in table 9 [17]. 



Fig. 19. 


b - X --- 

Two-wire line illuminated by plane wave with 
plane of the line. 


a 1 


normal to the 
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TABLE 9. LOAD CURRENT l(0,s) FOR CONFIGURATION OF FIG. 19 











2.4.2.3.2 Two-Wire Line Response to Localized Sources 


Fig. 20 shows the load current response at z = Jo for a 10 meter 1 
which is excited by a current If op located a distance R=2 meters awu 
from the center of the line. The loop is located along the midpoint 



Fig. 20. Current transfer function for a 10 meter line excited by a 
current loop. (a) Z^ = 10 7 S2; (b) = 1 0. 
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the transmission line at the point z - 5 meters and lies in the plane of 
the wires of the transmission line. The corresponding results for a small 
point electric dipole are illustrated in Fig. 21. 



Fig. 



Current transfer function for a 10 meter line excited by an 
electric dipole, (a) Z^IO 7 ^; (b) Z ± = 1 0. 
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2.4.2.3.3 Multiconductor Line Respons e 

In this section, we present the analysis of a rather simple network, 
a single section of multiconductor transmission line, using the BLT 
formaj.j.dm outlined in Sec. 1.3.2.3. 

A two-wire line above a ground plane is illustrated in Fig. 22. The 
corresponding ''inear graph for this simple network is illustrated in 
Fig. 22c. Because the region around the multiconductor line is homogeneous 










isotropic, and lossless, the per-unit-length inductance matrix (I/ m ) is 

directly proportional to the inverse of the capacitance matrix 

All current moaes propagate at the same velocity and the transformation 

matrix (T ) of Sec, 1.3.2.2.3 may be taken to be the unit matrix, (<5 ). 

nm pm 

For this special case the tube propagation matrix (P nm ) is given by 


< p ,»> 



(119) 


Since this network consists of only one tube, the propagation 
supermatrix in Sec. 1.3.2.3 is just a 2x2 block supermatrix which, when 
expressed in terms of its scalar components, has the form 



where the subscripts on the reflected or incident current components refer 
to actual wire components, due to the degeneracy of current modes and the 
particular choice of the transform matrix (1^). 

The combined current sources in the above equation are due only to 
the. physical voltage sources and on the line. Following (145) 
of Chap. 1.3, these terms are expressible as 



1 

■ — 

_ Y z s 
e s 0 

\z I- 1 

rv (s) i 

V 1 


2 

y* 3 

0 e 

L C nmJ 

v < s > 

L v 2 J 
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(122) 



where z is the source location, as illustrated in Fig. 21, and (Z £ ) is the 

characteristic impedance matrix for the multiconductor lina. 

From table 8 this impedance matrix can be calculated to be 


Its inverse, for use in (121) and (122), is 


[262.9 48.3 1 

(Z ) » oh* 

Sun L 48.3 317.9 J 

121) and (122), is 

.1 r 3.9 -.59*1 

(Z c > - 

nm L-.59 3.2 J 


(123) 


(124) 


At the z ■ 0 end of the tube, the current reflection coefficient matrix 
(T 1 ) is given by 

<r i ) " ( (Z c ) + (Z L 1>) )~ 1 ( (Z c ) ~ (Z L 1}) ) (125) 

" rn nm r "* 

i matrix at 

[100 0 I 

L 0 50 J 


where (Z v ') is the load impedance matrix at z=0 


( 2 . W ) 


(126) 


The reflected and incident currents at this junction are thus related by 


i{ r) (0) 
_l£ r) (0) 


( r i > 



( 0 ) 

( 0 ) 
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and an evaluation of (125) gives numerical values for 


'.44 .04 

< r i > “ 

tun L.07 .72 


( 128 ) 


A similar relation exists for the reflection coefficient (r 2 ) at 
z " £ » involving the load impedance at that point. From Fig. 22 the load 
impedance can be found to be 


«>>-[ 150 50 1 . 

run L 50 87.5 J 

reflection coeff 
T .29 -.15] 

L -.07 .60 J 


and the corresponding current reflection coefficient is 


(129) 


(130) 


Hence, using (128) and (130) the scattering equations, given in 
Chap. 1.3 take the form 




with the sources i? given by (121) and (122). 

This ELT equation may be solved for the incident currents and the 
total load currents by evaluating (131). Fig. 23a illustrates the 
normalized currents at z * l in wires 1 and 2 as a function of frequency 
for voltage excitation on line 1 only. Fig. 23b shows the corresponding 
curves for excitation on line 2 only. 

Representative numerical results are shown in Figs. 24 and 25 for 
a terminated two-wire line located over a perfectly conducting ground 
plane and excited by a normally incident plane wave whose electric 
vector is parallel to the axis of the line [18]. 

2.4.2.4 Penetration 

The penetration problem is considered to be the transfer of energy 
from the transmission line to the load imp''.lance connected to the line. 
The effects of the transmission line and sources are represented by a 
Thdvenin equivalent circuit at the load in question. 



(a) frequency (MHz) 


(b) frequency (MHz) 


Fig, 23. Response of currents in wires 1 and 2 for a 10-m line in 
Fig. 22 as a function of frequency. (a) V^(s) excited, 
V„(s) = 0; (b) V,(s) = 0, V 2 (s) excited. 










Ig/E 1 J (mA-meter/volt) ^ |l,/E* |(m A-meter/volt) 



Fig. 24. Two-wire transmission line oriented parallel to a perfect 
plane and illuminated by a plane electromagnetic wave. ( 
|l 1 /E i | vs. f; (b) l^/E 1 ! vs. f. 






|l/E'l (mA-meter/vott) 





Fig. 25. Two-wire transmission line oriented parallel, to a perfect 

ground plane and illuminated by a plane electromagnetic wave. 


629 













2.4.2.4.1 Two-Conductor Transmission Line 


For the case of a single-wire line over a ground plane, or for an 
isolated two-wire line, the Th£venin impedance and voltage source for a 
point excitation on the line is given in Sec. 2.4.1.3.2, which deals 
with the coaxial line. For distributed excitation the Thdvenin impedance 
remains the same, and the Thevenin voltage source can be obtained by 
integrating that uf a point source excitation. 

2.4.2.4.2 Multiconductor Lines 

For a multiconductor line the Thdvenin impedance seen at the end 
of a line of length & can be expressed as 


(Z Th 


) - (Z„ ) \ 


~y a \-l/ y l -YU \ 

im )+e <r T J) U («J" e <r, vm )) 


where the term (rj is the current reflection coefficient matrix 
nm 

given by (125). 


The Thdvenin voltage source for the multiconductor line is given 




nm 

where, as before, (v n ^ S ^(z g )) and (l m ^ s ^(z^)) represent the localized 
voltage and current sources on the transmission line at the position 

z_ V 

More general expressions can be derived for the Thevenin impedance 
and voltage using the general results in section 1.3.2, which take into 
account the multivelocity nature of energy propagation on the line3. 
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a- Open-Circuit Termination 


For the special case in which the load at the end of the multi¬ 
conductor line is open circuited, the reflection coefficient becomes 
the negative of the unit matrix and the Thevenin impedance and voltage 


source become 


(2 Th ) - <Z e )coth( Y a) 


(133) 




sinh(Y i) 


where z q is the source location, % is the line length, 
b. Short-Circuit Termination 

Here the termination impedance is zero, giving a reflection 
coefficient of unity. The resulting Thevenin quantities are 


(Z )tanh(y l) 


(136) 




sinh(Y c z 8 ) 

cosh(y l) 


c. Ma tched Termination 

For a matched Une, (.Z^) - (Z £ ), and the reflection coefficient 

is zero. The Thevenin quantities then^becorae 





(137) 
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SYSTEM APPLICATIONS 








CHAPTER 3.1 

ASSESSMENT AND HARDENING 


The purpose of this part of the document is to illustrate the 
application of the interaction technology described in Parts 1 and 2 to 
composite problems representative of system hardening or assessment 
problems. In Chap. 1.2 the process of decomposing a complex system 
into volumes, surfaces, transmission lines, apertures and antennas is 
discussed, and in Part 2 the responses of these elementary components to 
electrical excitations are presented in detail. In Part 3 we illustrate 
the recombination of the solutions for these elementary components to 
obtain a system response, with error estimates on the calculations. 

In this chapter we discuss the assessment and hardening problem and 
hardening concepts in general terms. Then in Chap. 3.2 are presented 
several illustrative system examples. In each of these example analyses 
we begin with a general description of the system components in order to 
identify the system topology. He then decompose the system into principal 
surfaces, principal volumes and elementary components, and illustrate with 
numerical examples the system response to the EMP. In addition, where 
system susceptibility to the EMP is identified or postulated, techniques 
for reducing the susceptibility are illustrated. 

3.1.1 THE ASSESSMENT AND HARDENING PROBLEM 

The analysis of system susceptibility or the synthesis of system 
immunity to the EMP are classical source-interaction-response problems. 

In susceptibility analysis one seeks to determine the response for given 
source characteristics and intervening structure, whereas in synthesizing 
hardness one seeks to limit the response to an acceptable level for a 
given source by appropriate manipulation of the intervening structure. 

In either case, an understanding of the EMP interaction with the inter¬ 
vening structure is crucial. A fundamental difficulty in acquiring this 
understanding, as well as for many other interference analyses, is that 
the electromagnetic properties of the intervening structure are often not 
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specified (e.g., structural materials, plumbing, etc.), or they are not 
specif I" for the entire spectrum of interest (e.g., 60 Hz power components 
or voii.-- . c icy communication equipment, etc.). Thus for susceptibility 
analyst.-, one must identify the intervening structure and estimate or 
ined.-u . its electromagnetic properties, while for hardening one must 
specify and control its procedures. 

fn addition to understanding the structure, one must also know the 
sensitivity of critical circuits to the response. This sensitivity to 
upset or damage varies over a wide range and depends on the input-output 
circuit design and the shielding quality of the equipment cabinet or 
housing. Thus, considerations of circuit design and shielding also enter 
into an integrated approach to system hardening. 


. 1,1* l Severity of the Problem 

To put the BMP interaction and hardening problem in perspective, we 
observe that the high-altitude EMP can induce open-circuit voltages of 
lho order of MV or short-circuit currents of the order of 10 kA in over¬ 
head conductors such as power lines. Small-signal electronic circuits 
iff data processing typically operate with switching signals of a few 
volt'-; or a few tens of mA. Thus, to prevent EMP-induced transients on 
power lines from producing circuit upset, sufficient shielding, attenua¬ 
tion, or other interference reduction must be provided to reduce these 
transient peaks by a factor of 10^ between the power lines and the 
-iii:. 1 11 -signal circuits operated therefrom. 


or airborne systems that do not possess long exposed conductors, one 
lin a similar perspective by deriving the effective area of a plate 
>p antenna (Fig. 1) chat will produce the switching voltage or current 
■xposed to the incident high-altitude EMP. The quantities of interest 
ic short-circuit current induced in a small plate antenna, which has 
>o source impedance, and the open-circuit voltage induced in a small 


nitenna, which has a small source impedance. These effective areas 
:proximaLely 1 cm 2 . That is, a plate (or loop) antenna of this area 
:ted directly to the small-signal circuits will have sufficient current 
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I *c s<r o A p dT 

(o) small equivalent electric dipole 


rod equivalent 
h*C s « 0 Ap 



Dipole current and loop voltage Induced by external fields. 







(or voltage) induced on it by the incident EMP to produce switching-level 
transients in these circuits. Therefore, one must virtually eliminate 
electronic circuit exposure with shielding and insert sufficient attenua¬ 
tion between exposed conductors and the small-signal circuits to limit 
the transients delivered to those circuits to tolerable levels. 

3.1.1.2 Shielding Surfaces 

Because of the great disparity between the EMP source strength and 
the circuit sensitivity, compatibility between them can only be achieved 
through a systematic approach to interference control. The foundation for 
such an approach is described in Sec. 1.2.1. The space about the sensitive 
electronic circuits or devices is partitioned by shield surfaces. As 
illustrated in Fig. 2, shielding surfaces may be used to control inter¬ 
ference of external origin, such as EMP, lightning, power switching 
transients, etc., or to control interference of internal origin such as 
emanations from transmitters, rectifiers, counters, and other switched 
high-current or inductive loads. Hence, the fundamental approach is 
applicable to controlling the EM? and all other types of interference, 


wove* \reflected 
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^ penetration (~0) 

shield 

^nciden.^ 
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conductor 


(a)exclusion of external waves (b) confinement of internal waves 

Fig. 2. Shielding surfaces. 
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which is an important consideration since it permits an integrated 
approach to interference control and tends to eliminate situations in 
which correction of one interference problem aggravates another. The 
control of internal and external interference sources with a two-layer 
shield system is illustrated in Fig. 3. 

3.1.1.3 Penetration of Shields 

The shielding surfaces may be compromised by conductors that pass 
through them. Such conductors are usually necessary to supply operating 
power and to communicate with the shielded circuit (i.e., to accommodate 
input and output data). Other conductors having non-electrical functions 
may also pass through the shielding surfaces. Pipes and tubes for 
utilities, hydraulic and pneumatic systems, and steel cables for controls 
and hoists fall into this category. 



(excluding) 


Fig. 3. Two-layer shielding topology for controlling internal and 
external interference sources. 
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The shields may also be compromised by openings for personnel 
entrance and egress, ventilation, light, and access for assembly or 
maintenance. Smaller, but often numerous, openings occur at riveted, 
bolted, or spot-welded joints in shield surfaces. All such openings (or 
apertures) permit some of the interference fields to penetra e through 
the shield surfaces. 

Finally, because all practical shielding materials are imperfect 
conductors, some of the interference fields may diffuse through the shield. 
Except for very long slender structures such as cable shields, such diffusion 
is usually important only at low frequencies or for electrically thin, shields. 

In summary, interference fields may penetrate shields 

(a) along insulated conductors passing through the shields; 

(b) through openings or imperfections (apertures) in the shields; 

(c) by diffusion through imperfectly conducting shields. 

The objective of system hardening is to control these interference penetra¬ 
tions at each shield, so that the interference reaching the sensitive circuit 
is within the tolerance of the circuit. 

3.1.1.4 Coupling and Propagation 

For a quantitative analysis of hardness, the current and charge 
distributions on conducting appendages (power lines, trailing wire antennas, 
missile plumes, etc.) and on the shield surfaces must be determined. The 
interaction of the EMP source fields with these shield and with cables and 
other elements outside the shield produces these current and charge distri¬ 
butions, which in turn are the excitation sources for the three shield 
penetration mechanisms listed above. The penetrant fields interact with 
structures inside the shield to produce the current and charge distributions 
on cables and other structures enclosed by the shield and on the surface 
of the next inward shield. The latter is the first step of the next layer 
of the interaction problem that deals with the second shield surface. 

These coupling and propagation analyses, which are the subject of 
Part 2 of this document, often become more complex as the layer of shielding 
increases. Outside the first principal shielding surface (e.g., outside 







the building shield or aircraft skin) there are only a few powet lines, 
cables and antennas which are often of a simple geometry that is amenable 
to analysis. Between the first and second shields (i.e., inside the building 
or aircraft skin), the number of cables and other structures is much greater 
and their geometry is more complicated. Because of this complexity, the 
engineering approach is frequently that of "scoping" the intermediate 
interaction problem rather than obtaining an analytic solution to it. 

Thus representative but greatly simplified examples, such as an insulated 
wire passing through both shields, or a cavity-backed aperture, may be 
analyzed to obtain representative wire currents or cavity fields. These 
analyses may then be used to estimate the surge limiting or filtering 
required on wires. 


3.1.2 HARDENING CONCEPTS 


3.1.2.1 System Topology 

The essence of interference control, whether for the EMP or for other 
sources, is to establish shielding integrity, thereby limiting the inter¬ 
ference currents and fields that can penetrate the shield surfaces. A 
first step in interference analysis or control is, therefore, to identify 
the system topology, as discussed in Chap. 1.2. That is, the principal 
shielding surfaces at which the barrier to penetrating interference will 
be established must be identified and examined for compromising apertures 
and penetrating conductors. In practical systems, there are often several 
layers of shielding that form a set of nested shield surfaces, as shown 
in Fig. 4, each of which serves as a barrier to penetrating interference. 

In ground-based systems, the first principal surface might be a building 
or room shield, and the second principal surface might be an equipment 
cabinet, and the third principal surface might be a box that contains 
the small-signal circuits. In airborne systems, the first surface would 
usually be the aircraft or rocket skin, and the second surface would be 
the housings for the avionics equipment. These surfaces usually serve 
as successively more exclusive barriers to the interference, so that as 
one progresses from the outside toward the inside of Fig.4 where line pene¬ 
trations are absent, the interference environment becomes less severe. 
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In addition to the partitioning of space into principal volumes by 
the nested shield surfaces illustrated in Fig. 4, the principal volumes 
may be partitioned into elementary volumes by internal dividers as 
illustrated in Fig. 5 by the dashed lines. This cellular topology is 
common in aircraft and ships, where the interior regions are partitioned 
by bulkheads and decks. The cellular topology permits controlled grada¬ 
tions of interference environment within a region between shield layers. 

For nearly perfect shields (thickness large compared to skin depth) 
it is sometimes convenient to visualize the shield as two independent 
surfaces — an outside surface on which reside the externally induced 
current and charge densities and an internal surface on which reside the 
internally induced current and charge densities. This concept is depicted 
in Fig. 6, where the two-surface idea for the shield layers is shown. For 
uncompromised shields (no penetrating conductors or apertures), each cell 
is electromagnetically independent of every other cell and of the external 
environment. 

3.1.2.2 Penetrating Conductors 

The two-surface idea is particularly useful for determining how 
interference-carrying conductors should be connected to the shield to 















Fig. 6. Two-surface idea for nested cellular shields. 


preserve its integrity. If an external interference-carrying conductor is 
connected to the outside surface of the shield, as illustrated in Fig. 7, 
the interference current flows onto the outside surface of the shield and 
thus has little effect on the volume enclosed by the shield. However, if 
the conductor is connected to the inside surface of the shield as in Fig. 8, 
the interference current flows onto the inside surface of the shield and 
contaminates the volume enclosed by the shield. To preserve the integrity 
of the shield, therefore, interference current of external origin must be 
diverted to the outside surface of the shield as illustrated in Fig. 7. 

Several examples of the proper application of this principle are 
given in Fig. 9 together with some common compromises and violations of 
the shield. Note that each of the compromises and violations permits the 
currents on the outside conductors to flow into the protected region inside 
the shield. It should also be observed that filters and surge arrestors 
behave in the same way as any other connection of a penetrating conductor 
to the shield; that is, they divert the interference currents to the 
outside surface of the shield, thereby preventing these currents from 
entering the protected region. Because power and signal-carrying conductors 
cannot be continuously connected to the shield, they must be momentarily 
connected (when a certain threshold is exceeded) or connected only at 
frequencies not used for power or signals (i.e., through a filter). In 
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Fig. 9. Shielding integrity near interference-carrying external conductors. 
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either case, the diverted interference currents must flow to the outside 
surface of the shield, as illustrated in Fig. 9c, if shield integrity is 
to be preserved. 

Each of the "proper" methods of preserving shielding integrity shown 
in Fig. 9 involves diverting the external conductor current to the outside 
surface of the shield. Methods of interrupting the current could also be 
employed, but at the first layer of shielding the current-diversion method 
may be more reliable and less expensive than the current-interruption 
approach. This is particularly so for ground-based ^‘sterns for which 
the external conductors may be power lines and communication cables that 
can carry tens of kA of lightning or EMP-incuded currents toward the 
shield. Since the open-circuit voltages associated with these currents 
are of the order of MV, current-interruption techniques for treating 
these conductors would require insulation capable of withstanding these 
extremely high voltages without flashover. Such insulation is expensive 
to Install and it requires considerable maintenance to ensure reliability. 
(However, dielectric pipes can be economical for water, sewer, and other 
plumbing penetrations.) 

At secondary and tertiary shields where the open-circuit voltages 
are less severe (i.e., hundreds of volts instead of MV), current- 
interruption techniques are illustrated in Fig. 10, where the open-circuit 
voltage impressed across the current-interruption device is also indicated. 
Such techniques are usually applied only to insulated conductors such as 
power and signal conductors; "groundable" conductors such as cable shields, 
plumbing, and waveguides are economically and reliably treated with the 
current-diversion approach of Fig. 9b. 

There are, of course, many other input/output circuits that can 
serve as buffers or isolators at the secondary and tertiary shields. Many 
of these are functional components of the system or electronic circuit 
that can be adapted to shielding purposes. Rectifier power supplies and 
dc-to-dc converters may serve to isolate the primary power conductors 
from the conditioned power supplied to the small-signal circuits. Tuned 
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3.1.2.3 Aperture Control 


Most facilities require windows, doors, ventilation openings, access 
hatches, etc., which may also compromise the integrity of the shield. The 
penetration of external fields through apertures that are small compared 
to a wavelength is illustrated in Fig. 11. As shown in Fig. 11a, part 
of the electric field that would otherwise terminate on the outside surface 
of the shield fringes through the aperture where it may induce charges on 
internal cables. Similarly, some of the magnetic field ihat would other¬ 
wise be bounded by the surface current in the shield is permitted to 
fringe through the aperture, link an internal cable, and thereby induce 
a voltage in the cable (Fig. lib). If the aperture is large compared 
to a wavelength, the incident wave can shine through the aperture as 
illustrated in Fig. 12. Because the shortest wavelengths of concern 




Fig. 11. Electromagnetic penetration of small apertures. 
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in EM? hardening are of the order of 1 meter, the shine-through penetra¬ 
tion mechanism usually occurs only at large windows and doors. Because 
the shine-through wave is attenuated *ery little in the direction of 
propagation of the incident wave, however, almost the full incident EMP , 
peak field strength may be transmitted to the interior of the shield 
through large apertures. 

The fields penetrating a small aperture depend on the aperture size. 
Therefore, if a given area of wall opening is subdivided into small 
openings, the penetrating fields at an interior point will be reduced. 

Thus one common treatment for such openings is to cover them with a 
conducting screen or mesh, so that the large opening is converted into 
a multitude of small openings. 

More reduction can be obtained with sacrifices in optical transparency 
and increased resistance to air flow by adding thickness to the screen. 

Then each small aperture becomes a tube through the wall and behaves as 
a waveguide beyond cutoff. Fields transmitted through a waveguide beyond 
cutoff are attenuated exponentially with distance altng the guide, so that 


649 









very large attenuation may be achieved by using many small tubes welded 
or brazed together in a honeycomb structure. Sketches of the magnetic 
field in the vicinity of a single aperture, an array of small apertures, 
and an array of waveguides beyond cutoff are shown in Fig. 13. 


shield 



(a) single aperture 


shield 



(b)many smofi 
aperture'.* 


shield 


(c) array of waveguides 
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Fig. 13. Magnetic field penetration of apertures. 







CHAPTER 3.2 

ILLUSTRATIVE SYSTEM EXAMPLES 


In this chapter we present illustrative analyses for four example 
systems: a rocket vehicle in flight, an aircraft, a ground-based system, 
and a satellite. In each case we discuss the system in general terms, 
decompose the system topologically, and then illustrate with numerical 
examples the system response to the EMP. 

3.2.1 ROCKET VEHICLES IN FLIGHT 

Typical elements of a multistage long-range rocket vehicle are shown 
in Fig. 1 together with a representative electrical wire harness and 
external cable raceway. The external cable raceway for interconnecting 
the guidance and control system with the downstage components is commonly 
used with monocoque motor construction. The raceway cable is used by the 
guidance and control system to control motor ignition, thrust vector (or 
other steering), stage separation, interstage jettison, and in some cases 
engine shutdown or thrust termination. The cable is also used to provide 
feedback on engine pressure, nozzle position, and other status or perfor¬ 
mance parameters to the control system. At staging, the wiring associated 
with the expended motor is jettisoned with the motor casing. The cable is 
usually provided with pull-away connectors to accommodate this operation, 
but mechanical and explosive cable cutters have also been used. 

Smaller rocket vehicles used for ground-to-air, air-to-air, or air- 
to-ground missiles have similar components, but these are often one or 
two-stage vehicles and are usually smaller than the long-range, multistage 
vehicle. Smaller vehicles using forward-looking radar, infrared, or other 
target-seeking systems may also have the guidance and control package 
forward of the payload, rather than aft of the payload, as is usual in 
long-range vehicles. Finally, because the time of flight of the smaller 
vehicles is short, the in-flight characteristics of these vehicles are 
often less important than the pre-launch characteristics, insofar as 
interaction with the EMP is concerned. The electromagnetic characteristics 
of the long-range multistage vehicle will be examined in this section. 


651 


payload 

\ 


guidance 

— 

0* 


stage 3 



interstage 

S 


stage 2 




interstoge /~I3\ 
stage l 


TrZJ 

vehicle 


*3. A 


wire roceway 
harness covers 


Fig. 1. Multistage rocket vehicle, wiring, and cable raceway. 


Representative wiring in the vicinity of the payload and guidance 
and control system is illustrated in Fig. 2. As illustrated, the raceway 
cable originates in the guidance and control system and then branches 
to supply the downstage motor and staging functions. Other wiring 
associated with the guidance and control system may include telemetry 
or communication antenna cables and cabling to provide payload cover- 
removal, activation, and ejection. An umbilical connector to accommodate 
ground checkout and pre-launch functions is also located on or near the 
guidance and control system. When the umbilical cable is removed during 
launch, the pins of the umbilical connector may be exposed to the EMP 
environment. Deadfacing connectors that cover, retract, or break contact 
with the pins may be used to reduce this exposure. 








Fig. 2. Typical payload and guidance cabling. 


Representative wiring in an interstage area is shown in Fig. 3. 

The wiring in this region supports engine ignition and engine pressure 
monitoring, staging ordnance initiation, and perhaps thrust termination 
or motor destruction (for aborting the mission) on the downstage motor, 
and nozzle or thrust vector control and interstage-removal ordnance 
initiation for the upstage motor. 

The sensitive circuits in a rocket vehicle are mainly in the guidance 
and control package, which contains small-signal digital electronics for 
computing the vehicle trajectory and providing error-correction commands 
to the rocket steering system. Additional sensitive circuits may be found 
in the steering system (near the motor nozzles) and in the staging ordnance 
system (electro-explosive devices). 
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Fig. 3. Typical interstage cabling. 


3.2.1.1 System Topology 

The first principal shield for the all-metal rocket vehicle is the 
vehicle skin and raceway cover. Because high strength-to-weight-ratio 
composite materials are displacing metals for large motor casings, however, 
it is common for one or more of the motors to be electromagnetically trans¬ 
parent. As illustrated in Fig. 4, the first principal shield is then 
transferred from the metal motor casing shown on the left in the figure 
to the raceway and interstage structure shown on the right. The current 
density on the raceway will usually be larger on the nonmetallic rocket 
than on the all-metal vehicle, and unless particular care is exercised in 
maintaining the shielding integrity in the interstage area and at raceway 
joints, the effectiveness of the first principal shield on the nonmetallic 
vehicle may be considerably less than that on the all-metal rocket. 

Compromises in the first principal shield often occur at joints in 
the vehicle skin between stages, at joints in the cable raceway covers, and 
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Fig. 4. First-layer shielding for rocket vehicles. 


at access ports on the interstage structure or on the skin of the guidance 
and control system. The shield is also compromised at the aft end of the 
vehicle where the end of the raceway cable and some of its branches may 
be exposed. In addition, the umbilical connector and any openings for 
antennas on the vehicle are also potential penetration points. 

A portion of the second principal shield for a typical rocket vehicle 
is illustrated in Fig. 5. The second principal shield is composed of the 
raceway cable shield; the housings for the electro-explosive devices, 
transducers, and nozzle control systems; and the guidance system container. 
The umbilical connector may constitute an abrogation of the two-layer 
shielding topology if conductors from this connector are connected directly 
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Fig. S. Second-layer shielding for rocket vehicle circuits. 


to small-signal circuits inside the guidance system. Deadfacing or wire¬ 
cutting operations may partially restore the two-layer shielding after 
the umbilical cable from the launch equipment is removed. 

Leakage through the second principal shield may occur at connectors 
and along the raceway cable shield. EMP-induced interference penetrating 
the connector shells and cable shield can propagate along the internal 
conductors to the guidance and control system and to the electro-explosive 
initiators and nozzle control systems. EMP-induced interference can also 
enter the guidance and control system by means of leads from the umbilical 
connector and antennas. 

In Sec. 3.2.1.2 through Sec. 3.2.1.4 numerical example calculations 
will be made for each of the events shown in the interaction sequence 
diagram (Fig. 6). 

3.2.1.2 External Interaction 

The interaction of an all-metal rocket with the incident EMP can be 
analyzed using the theory of cylindrical antennas. Because the configura¬ 
tion of the vehicle changes as the motors are expended and jettisoned, 
the antenna analysis may have to be repeated for several different 
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Fig. 6. Interaction sequence diagram for a rocket vehicle in flight 
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configurations. A 3-stage rocket may have 3,4, or 5 < mfigurations during 
its flight (4 if the third stage is jettisoned, 5 if the payload cover or 
shroud is also removed). These configuration changes primarily affect the 
amount of analysis required, rather than the techniques to be used. In 
the final configuration with the third stage and shroud removed, however, 
the vehicle may be more accurately characterized as a satellite than as a 
rocket. 


A serious complication of the analysis is encountered if the effects 
of the motor exhaust plume are to be included. This complication results 
from the facts that the conductivity of the plume is much smaller than 
tb c of the metal skin and varies spatially within the plume, that the 
size and shape of the plume vary with altitude (Fig. 7), and that the 
electrical properties of the plume are not thoroughly understood. Never¬ 
theless, the .plume has the effect of extending the effective length of 
the vehicle and causing the current density at the aft end of the vehicle 
to be enhanced (see Sec. 2.1.2.3.2), as illustrated in Fig. 8. 

For the rocket-vehicle example discussed here, an all-metal vehicle 
is considered and the effects of the plume are neglected. In addition, it 
is assumed that all Joints and access openings are optically opaque, so that 
only the magnetic field significantly penetrates the first principal shield. 
The external interaction problem then reduces to that of determining the 
surface current density on the vehicle skin. 

The current density at low and intermediate frequencies consists of 
two parts. The first part is produced by the interaction of the incident 
magnetic field with the conducting skin and is given by (ree Eq.(12) of 
Chap. 2.1) 


J 


o 



<t> 


( 1 ) 


when the electric vector is parallel to the axis of the vehicle. The net 
axial current produced by this interaction is zero, since the current 
induced on the front side is in the direction opposite to that of the 
current on the back side. 



658 





i 


I 

J 











The second part of the induced current is the electric dipole current 
produced by interaction of the vehicle with the axial electric field. At 
low frequencies (h « X), this current is of the form (see Eq.(12) of Chap. 
2 . 1 ) 


J 


1 


jo^aE* 

20^7 


( 2 ) 


at the center of the vehicle, where a is the radius of the vehicle. For 
eVh 1 - Z Q - 120tt , max(J Q ) >. IJJ when 


f 


(3) 


For a typical ICBM (L»2h“20m, a a lm), then a Q is, according to (14) of 
Chap. 2.1, approximately 0.9797 and the skin interaction current density J Q 
is greater than for f <, 4 MHz; Thus, for fields that diffuse through 
the raceway cover, the current density J Q induced by the magnetic field 
will dominate. On the other hand, the high-frequency penetration through 
joints and apertures and coupling to the raceway cable will be dominated 
by the dipole or "antenna" current J^, because the coupled voltage has the 
form jtoJ^, which emphasizes the high frequencies. 

The complete dipole current at intermediate frequencies is given by (17) 
of Chap. 2.1. The EMP spectrum displays a 1/f behavior in the vicinity of 
the half-wave resonance at 7.5 MHz. Hence, the first resonance response of 
the vehicle to the incident EMP can be represented by the step responses 
in Fig. 4 of Chap. 2.1. For our example we will assume H* * E i /120ir ■= 133 A/m, 
and the peak current at the midpoint of the vehicle is then 5.8 kA, from 
Fig. 4 of Chap. 2.1. 

3.2.1.3 Penetration of First Shield and Intermediate Interaction 

The intermediate internal interaction problem is to determine the 
current induced on the shield of the raceway cable. The cable and raceway 
are treated as a leaky coaxial transmission line in which the shield is 
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the raceway and covers, and the center conductor Is the raceway cable. 
This model is illustrated schematically in Fig. 9 for three vehicle con¬ 
figurations, The leakage through the shield occurs by diffusion through 
the covers, by a distributed longitudinal polarizability per unit length 



*21 


alt stage* 


Fig. 9. Excitation of raceway cable through apertures at cover joints. 









o' representing the longitudinal raceway joints, and by a distributed 
polarizability per unit length ot^ ^ representing the annular joints 
between adjacent sections of the raceway cover, as illustrated in Fig. 10a. 

The joint polarizabilities and the skin current density are used 
together with transmission-line theory to obtain the voltage and current 
induced on the raceway cable. Two solutions, one for distributed longitudinal 
joints and one for each of the distributed annular joints can be obtained 
for the raceway cable illustrated in Fig. 10a. However, for illustrative 
purposes we will use only one uniformly distributed transfer inductance 
L.J, to represent all leakage through the shield. To further simplify this 
example, we will Ignore the interstage regions and the associated lumped 
impedances Zj-j and Z 2 ^ in Fig. 9. Thus we will model the three-stage vehicle 
raceway as a single segment of a leaky transmission line, instead of three 
segements ^is illustrated in Fig. 9. 



(a) polarizability per unit (b) small dipole equivalent 

length of raceway of umbilical connector pins 

cover joints 

Fig. 10. Coupling parameters for raceway cover and umbilical connector. 
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In addition, we will make an estimate of the open-circuit voltage 
induced on the pins of the umbilical connector illustrated in Fig. 10b. 

3.2.1.3.1 Diffusion Through Skin 

For a continuous metal raceway cover, the penetration of the missile 
current through the raceway cover is by diffusion only. To examine this 
effect we can use (4) of Chap. 2.4. The diffusion time constant for a 
40 mil (1 mm) thick aluminum cover is 

2 

■ po d = 44.5 ps (4) 

and from Fig. 1 of Chap. 2.4 the frequencies that freely penetrate the 
cover are 

f £ l/x d => 22.5 kHz (5) 

Therefore, we are primarily concerned with frequencies well below the missile 

resonance frequency of 7.5 MHz (the diffused fields at 7.5 MHz are smaller 
13 

by a factor of 10 than those below 22.5 kHz because of shield attenuation 
at 7.5 MHz). Furthermore, at 22.5 kHz, the 20-m long vehicle is electrically 
short, and because the EMP pulse-width t q is short compared to the EMP 
appears to be an impulse of magnitude H q t o , where H q is the peak incident 
magnetic field strength. 

The open-circuit voltage induced at one end of the raceway cable when 
the other end is connected to the missile skin is then 


V 

oc 


( 6 ) 


where w is the perimeter of the raceway cover, ?. is the length of the missile 
and Z^, is the transfer impedance of the raceway cover given by (4) of Chap. 
2.4 with w replacing 2irb. Making this substitution one gets 

2H r l 

V (s) ” ——- /i7, csch /st, (7J 

oc ad d d 
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which has the spectral form shown in Fig. 1 of Chap. 2.4. The time-domain 
curve for V o{ ,(t)odT d /(2H o T Q £) is given in Fig. 113b oi Chap. 2.1, from which 

2H T £ __ 

V , - 5.9 <* 4.56 x 10 J V, at t * 4.0 ys (8) 

pic ad 

It is thus evident that a continuous flawless raceway cover would provide 
adequate shielding for the raceway cable,since 4.6 mV on this cable should 
cause no damage or upset in the missile electronic equipment. A similar 
conclusion can be reached if a flawless cylindrical raceway cable shield 
(or conduit) were used instead of the raceway cover. 

3.2.1.3.2 Leakage Through Joints 

In practical applications the raceway covers are attached with threaded 
fasteners or quick-disconnect fasteners. Thus the cover is not electro- 
magnetically flawless because the cracks between fasteners permit the 
magnetic field to penetrate the covers. Such bolted joints characteristi¬ 
cally permit magnetic fields to penetrate through the seam. This effect 
can be represented by a transfer impedance “ jwL^,, as described in 
Sec. 2.4.1, Eq.(8). Note that in contrast to the diffusion case discussed 
above, this jwL^, leakage increases with frequency; hence the high-frequency 
part of the spectrum is more important for this case. 

Although the value of L' is not calculable for bolted and riveted 

A _£ 2 

joints, a typical value for the equivalent polarizability zz is 10 m , 

which implies values of L.J, of the order of 1.0 - 1000 pH/m. 

The voltage induced per unit length on raceway cable is of the form 

VCt)-i;§ (9) 

where I is the raceway current, a fraction of the total current on the 
missile. At the midpoint of the missile, this current is a damped 7.5 MHz 
sinusoid of 5.8 kA peak amplitude. Approximately 1/20 of this current would 
flow on a 1-foot wide raceway. Thus the peak raceway current is approximately 
290 A, and 
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dt 


( 10 ) 


v ' 2 * £ lV„k ‘ 1.37xl0 1O A/ S 
peak 

Hence, the voltage induced per meter is 13.7 V/m for the larger value 
of 14 . 

Because of propagation delays and nonuniform current distribution, 
the total open-circuit voltage induced on the cable is less than £xl3.7 
volts ™ 274 volts; nevertheless, a voltage of this magnitude is large 
enough to be of concern for small-signal electronic circuits operating at 
signal levels of the order of 1 volt. Therefore, it is apparent that the 
second layer of shielding is necessary to provide a safe margin of protec¬ 
tion for circuits at the ends of the raceway cable. 

Usually the cable shield, which forms the second principal shield for 
the raceway cable conductors, is connected to the vehicle structure at 
both ends. The current and voltage (or charge) on the shielded cable short- 
circuited at both ends must thus be known in order to perform the next 
stage of the analysis — the penetration of the cable shield and interaction 
with the internal conductors. Although straightforward, the analysis of 
the transmission line with distributed sources is long and tedious (see 
Chap. 2.4) and is best performed with the aid of a computer. 

We may obtain an estimate of the current in the shield at low fre¬ 
quencies (i « A) by observing that the impedance of the cable shield shorted 
at both ends is primarily inductive and is approximately given by 

ja»L - jto £L' (11) 

where L' is the inductance per unit length of the cable and raceway. For 
broadside incidence the induced voltage in the loop formed by the cable 
shield and its short-circuit terminations is 

V(co) - ju M^I (12) 

where I is the current flowing in the raceway. Hence the cable current at 
low frequencies is 
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( 13 ) 


For a typical characteristic impedance of 40 ohms, L' is 0.133 pH/m, 
-9 

for Li - 10 H/m, the t.::’ cable current is 


If the cable were not shielded, this current would flow on the wire bundle. 

As the first resonance frequency f^ is approached, however, the cable 
shield circuit can no longer be accurately represented by a lumped source 
V driving a lumped inductance £L'. 

3.2.1.3.3 Voltage on Connector Pins 

If the umbilical connector is not deadfaced when the umbilical cable 
is removed, the pins may behave as small electric dipole antennas inter¬ 
acting with the surface electric field (or the surface charge density 
p*eE) as illustrated in Fig. 10b. To estimate the open-circuit voltage 
induced on the pins, we need to know the effective height h g of the pins 
(as dipole antennas) and the surface electric field strength E. From the 
dimensions of typical umbilical connectors, we can estimate the effective 
height of the pins to be about 1 cm. Also, from the properties of cylinders 
having aspect ratios (&/a) of 20 it is known that the surface field is on 
the order of the incident axial field except very near the ends or corners 
(where it is larger than the incident field) and near the center (where 
the surface field vanishes). If the umbilical connector is at neither of 
these locations, the open-cxrcuit voltage induced on the pins is on the 


“ 500 volts (peak) 


for the canonical 50 kv/m EMP. The antenna impedance (juiC) is very large 
at most frequencies of interest (C“0.3 - 1 pF) and the antenna is loaded 


'i* 
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with the characteristic impedance of the internal wire (- 100 ohms), so 
that the decay time-constant for the voltage delivered to the wire is 
30 to 100 ps (i.e., much less than the EMP rise time). Hence, even 
though the induced voltage on the pin is much larger than that induced 
by the raceway cover leakage, its effect on internal components may be 
less important because of the very short time-constant of the circuit. 

The use of deadfaced umbilical connectors ensures that this penetration 
path will be ineffective. 

3.2.1.4 Penetration of Second Shield and Internal Interaction 

As illustrated in Fig. 11a, the internal interaction analysis for 
the rocket vehicle consists of repeating the transmission line analysis 
using the raceway cable shield transfer characteristics driven by the 
cable current to obtain the voltage and current of the internal conductors 
of the raceway cable. For the internal conductors, only the current and 
voltage at the cable-ends (i.e., those delivered to the sensitive compo¬ 
nents) are of interest. These quantities arise from distributed diffusion 
and aperture leakage through the cable shield (Fig. lib), and from discrete 
leakage at the cable connectors (Fig. 11c). As was noted in the inter¬ 
mediate interaction analysis, however, only the aperture leakage is 
significant for the EMP. The distributed transfer impedance and transfer 
admittance for most cable shield configurations are given in Sec. 2.4.1. 

The discrete transfer impedance for connectors may be obtained from 
empirical data. 

Although the raceway cable is a multiconductor cable, it will be 
treated as a single-conductor cable (with shield) to simplify the analysis, 
and only the common-mode open-circuit voltage at the end of the cable will 
be determined. This voltage induced by the interaction of the incident 
EMP with the rocket vehicle will constitute the final result for this 
analysis. In addition, as was the case for the raceway, the current in 
the cable varies with position and frequency (or time). Because the 
solution of the transmission-line equations for the distributed raceway, 
shield, and internal wire currents calculated at sufficient frequencies 
to obtain an inverse Fourier transform is very cumbersome, only a rough 
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Z TC (connector) 
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Fig. 11. Voltage and current delivered to loads in guidance system 
and interstage components, (a) Shielded raceway cable and 
connectors; (b) voltage and current from distributed coupling 
(cable shield); and (c) voltage and current from discrete 
coupling (connectors). 
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estimate of the currents will be made. Estimates similar to those made 
above for the voltage and current induced in the raceway cable will also 
be made for the internal wire current and voltage. 

3.2.1.4.1 Cable Shield Parameters 

The leakage through the braided wire shield of the raceway cable is 
determined by the transfer inductance and the charge transfer frequency 
defined in Sec. 2.4.1. For our example, we will assume the following 
cable shield properties: 

cable radius b - 1 cm wire size in braid d - 0.15 mm 

weave angle ij; ■ 30° no. wires per carrier n • 10 

coverage K ■ 0.9 no. carriers in shield N - 50 

Then from (14) and table 2 of Chap. 2.4, the transfer Inductance is 
I^ c - 0.275 nH/m 

and from (19) and table 4 of Chap. 2.4 (e r • 2.3) the charge transfer 
frequency is 

Slj - j 9.9 * 10 6 UC' 

where C' is the capacitance per unit length between the inner conductors 
and the shield. These transfer parameters are used to define the series 
and shunt sources driving the internal conductors in the cable. These 
sources, given by (1) and (2) of Chap. 2.4 are 


V ,(8) « jul4 c I t (*,s), («4 C » R£) 
i ,(s) - n T Q^(z.s) 


(16) 


where 1 ^. and are the total current and total charge per unit length on 
the cable. 
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3.2.1.4.2 Internal Wire Voltage 


The driving sources given by (16) are space- and frequency-dependent, 
and because the cable is electrically long at the frequencies that freely 
penetrate the shield, a transmission-line solution of the type described 
in Sec. 2.4.2 is required to obtain the current and voltage on the internal 
conductor. A crude estimate of the internal wire voltage is obtained from 
the low-frequency approximation 

V oc (t > - “4c IT 


«. Sdi 

* L Tc L' dt 


(17) 


where I is the raceway current which is approximated by a 290A sinusoid. 

Using (10) for the value of dl/dt one finds the peak open-circuit voltage 
to be 

V oc ( t )| “0.57 volts (18) 

I peak 

This is to be compared with 274 volts calculated earlier for the unshielded 
raceway cable. The addition of the braided wire shield has thus reduced 
the open-circuit induced voltage on the raceway conductors by a factor of 
almost 500. 

This example has provided some insight into the interaction of a rocket 
vehicle with the EMP and some representative excitation levels at points 
of interest in the vehicle. However, the low-frequency approximations used 
for the internal conductor analysis are very crude and should be used only 
for a rough estimate of the response. In a rigorous application to a system, 
the skin current density and the raceway cable current and voltage must be 
determined at enough points along the vehicle to define standing waves at 
the highest frequency of interest. That is, the distributed driving sources 
must be de f ined and the transmission-line theory must be used to calculate 
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the internal wire current or voltage. Such an approach is particularly 
important in the rocket vehicle example because the resonances of the 
vehicle and the cable shield occur at approximately the same frequencies, 
and may have the effect of a double-tuned transformer in enhancing the 
interaction of the interior wire with the EMP field at selected frequencies. 

3.2.2 AIRCRAFT 

3.2.2.1 General Description of Aircraft 

3.2.2.1.1 Airframe and Fquipment 

Although aircraft interaction with the EMP has some similarities 
with rocket vehicle interaction, there are many significant differences. 
Aircraft undergo fewer configuration changes in flight than do multistage 
rocket vehicles; their principal axes (wirg and fuselage) are horizontal 
rather than vertical; their engines produce no conductive plume; and their 
flight trajectory in the atmosphere is predominantly horizontal rather 
than vertical. Until recently, most military and commercial aircraft 
were of all-metal construction. While the all-metal airframe is still 
the norm, the introduction of composite materials such as glass fiber or 
carbon fiber-reinforced epoxy is an increasingly common deviation from 
this norm. 

Aircraft are also equipped with extensive systems designed to 
accommodate the flight personnel — a fact that, on the one hand, makes 
" the aircraft more complicated than the rocket vehicle and, on the other 
hand, makes the aircraft somewhat less dependent on automatic navigation 
and control systems. In the intermediate interaction regions, aircraft 
are considerably more complex than rocket vehicles because of the ubiquitous 
wiring, hydraulic tubing, control cables, and heat and ventilation ducting. 

In addition to elaborate environmental control systems, the aircraft contains 
a power plant and its derivatives, flight controls, and radio systems for 
communication and navigation. Except for some of the radio antennas, these 
systems are all within the mold lines of the airframe. 






In addition to these flight systems, the aircraft will have "payload" 
systems related to its mission. Thus, for example, the aircraft may be 
equipped with fire control systems, bomb sights, terrain following 
systems, electronic countermeasures, IFF transponders, and many other 
mission-oriented systems. Fighters and bombers may carry external stores* 
of weapons or fuel in pod3 on wing tips or on pylons under the wings. 

Such external stores may be jettisoned, thereby altering the shape of 
the vehicle, and they may contain electronic circuits that are critical 
to the aircraft mission. 

Although the wide variety of mission payloads precludes a detailed 
description of each here, it is observed that the systems that require 
greatest EMP immunity are those containing small-signal electronic circuits. 
Since many of these circuits are digital in modern systems, they tend to 
be more susceptible to transients than the older analog circuits. It is 
also remarked that mission-oriented systems have grown increasingly 
sophisticated and susceptible to EMP effects with the development of 
high-performance, low-power Integrated circuit components. The same 
remarks apply to flight systems. Hence, ensuring the ability of the 
aircraft to perform its intended functions in an EMP environment (or 
after exposure to one) is made more difficult by these advances in 
technology. 

3.2.2.1.2 Power Plant and its Derivatives 

The power plant usually consists of one or more turbine engines which 
provide the power for propelling the aircraft as well as for generating 
electricity, hydraulic power, and auxiliary power in the form of compressor 
bleed air. Supporting the power plant are: (a) the fuel system, which 
consists of the fuel tanks, pumps, gauges, and purging or venting systems; 
(b) engine controls such as the throttle, afterburner, and thrust reverser 
controls; (c) performance monitoring systems for engine pressure ratio, 
temperature, oil pressure, engine speed, etc.; and (d) protection systems 
such as fire warning sensors and fire extinguishers. Some of these items 
are illustrated in Fig. 12. The power plant is composed of mechanical and 
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Pig. 13. Control surfaces on a modem jet transport. 


often incompatible with the aerodynamic responses of the aircraft, servo¬ 
mechanisms and autopilots are used to aid the crew in maintaining stable 
flight. Gyros, compasses, altimeters, and other instruments used with 
these servomechanisms thus become a part of the flight control system. 

The flight controls are typically mechanical or electromechanical systems, 
but servomechanisms and autopilots contain small-signal electronic circuits 
that require protection from EMP-induced currents. 

3.2.2.1.4 Radio Systems 

The radio communication and navigation systems permit the crew to 
communicate with the ground and with other aircraft, and assist in fixing 
the aircraft position and in identifying and avoiding flight hazards such 
as thunderstorms, enemy aircraft, or other aircraft on a collision course. 
The communication systems in common use are VHF and UHF radio, but HF is 
often used on over-the-ocean flights, and VLF ra’io is used on some 
special-purpose aircraft. The antennas for some of these systems are 




illustrated in Fig. 14. Navigation aids in common use are radio direction 
and range-finding systems (VOR, ADF, DME). Sophisticated ground-mapping 
and terrain-following systems are found on some advanced military aircraft. 
Most aircraft also carry weather radar, and military aircraft often have 
IFF and ECM systems. All of these systems contain extensive small-signal 
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Fig. 14. (a) Some antennas on aircraft; (b) wire antennas and flush-mounted 


antennas. 









densities everywhere on the aircraft is almost never attempted. It is 
adequate for EMP interaction studies to obtain the charge and current 
densities at a few specific points on the airframe, such as the points 
where antennas are mounted, where windows or albedo or sextant ports are 
located, where there are doors or access plates, or where there are cracks, 
seams, or nonmetalllc skin sections. 

3.2.2.3.2 UHF Antenna 

As an example we will examine the current and charge in the vicinity 
of an antenna such as a UHF blade antenna near the nose of the aircraft. 

The charge density at the nose of an EC-135 aircraft is shown in Fig. 30 
of Chap. 2.1. From Fig. 65 of Chap. 2.1 one can find the effective height 
h £ and the impedance Z^ n of the UHF blade antenna. The open-circuit 
voltage induced at the terminals of the antenna's connector is 

V oc - V/.„ (19) 

where p is the charge density which would exist on the skin of the aircraft 
at the location of the antenna if the antenna were removed. 

It is apparent from Fig. 65 of Chap. 2.1 that the effective height 
of the UHF antenna is small (less than 0.5 cm) for frequencies below 
100 MHz. It is also apparent from Fig. 30 of Chap. 2.1 that the charge 
density p is very large (10e Q E^ - 100e Q E^ for the frequencies shown). 
Because the EMP source spectrum is weak above 20 - 100 MHz, the antenna 
response in this region of the spectrum is also weak. However, in the 
vicinity of 2.5 MHz, the source is significant and the charge density on 
the skin is enhanced by the fuselage first resonance. 

Because of the shunt across the UHF blade antenna (Fig. 64, Chap. 2.1) 
the antenna characteristic at low frequencies is 

h e - h;(jm) 2 LC a (20) 

where L is the inductance of the shunt (L - 27.6 nH), C # is the antenna 
capacitance (C ft “ 2pF), and h^ is the effet ive height of the antenna 







before shunting (h^ “ 0.2m). Because L, C a and are all nearly Independent 

of frequency at frequencies below 20 MHz, h increases approximately as 

e 

in this region, whereas the EMP spectrum is falling as to throughout most 
of this region. Thus, if the normalized pXto) in Fig. 30 of Chap. 2.1 
represents the impulse spectrum of the charge density, the antenna response 
to the EMP will look like the derivative of the impulse response; that is, 


V Qc (to) “ K jto p(w) 

V (t > 


( 21 ) 


where K - E Q h^LC a * 5.5 x10 -16 and E o - 5 x 10 4 V/m - amplitude of eV). 

While the Inverse transform of the charge density spectrum can be 
obtained numerically, an estimate of the transient charge density can be 
obtained from the spectral peak magnitudes and bandwidths of the two 
resonances displayed in Fig. 30 of Chap. 2.1. 

A simple resonant circuit may be represented by the transfer function 


V(s) „ 1 

V 2 2 

o s + 2?u) s + oj 

0 0 ( 22 ) 

(t) 

where u is the undamped natural frequency and C is the damping ratio for 
° -1/2 
the circuit (e.g., for an RLC circuit, u> o - (LC) ' and £ - 1/(2Q) - 

RCii) o /2 - R/(2u o L)). The properties of the resonance that are important 
are the magnitude of the spectrum at the peak (s * jw ), namely 


V(t) „ . 


sin(m i 


|v(ju) o )| 



(23) 
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the resonance frequency u) Q , and the bandwidth Aw at 3 dB below the peak. 
These properties are illustrated in Fig. 23a. The impulse response of the 
circuit is shown in Fig. 23b where it is apparent that the impulse response 
is a damped sinusoid with a peak value of about V o /u> Q . 

For the two resonances shown in Fig. 30 of Chap. 2.1 for p"(u),we have 
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Fig. 23. Simple resonant-circuit spectrum and impulse response. 
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The time derivatives of these impulse responses, which approximate the open- 
circuit voltage at the antenna terminals, give the EMP responses: 

#1 ijl 

peak amplitude 2.4 volts 8.2 volts 

damping time constant 0.795 x 10 ^sec 0.318x10 ^sec 

fundamental frequency 2.5 MHz 4.2 MHz 

Therefore, it appears that the response of the UHF antenna to the EMP 
is dominated by the aircraft resonances and has a peak open-circuit voltage 
of a few volts. This result is consistent with the observations that the 
antenna is small and effectively shorted by the transmission-line stub 
throughout most of the EMP spectrum. The response calculated is for the 
antenna mounted on the nose where the charge density is enhanced. At more 
common locations on the fuselage, the charge density is lower by an order 
of magnitude. 

This behavior is fairly typical of small antennas with built-in 
lightning protection and coupling networks. The few volts delivered to the 
coaxial center conductor are usually well within the tolerance of the 
receiver/transmitter terminals; furthermore, this signal is shielded from 
the interior of the aircraft by the coaxial cable shield. Thus EMP coupling 
to such antennas is usually not a major problem. 

3.2.2.3.3 HF Fixed-Wire Antennas 

To estimate the response of the HF fixed-wire antenna to an incident 
EMP let us examine Fig. 91 of Chap. 2.1 and the spectrum of a double¬ 
exponential pulse. The asymptotic behavior of a double-exponential pulse 
is shown in Fig. 24, where it is noted that for frequencies below f^ (times 
greater than x^), the Incident pulse behaves as an impulse of magnitude 
E Q T f , while for frequencies between f^ and f 2 (times between x r and x^), 
the pulse behaves as a step function of magnitude E q . For the double¬ 
exponential EMP, f^ - 0.6 MHz and - 40 MHz, so that the large 5 MHz 
resonance in h^ in Fig. 91 of Chap. 2.1 falls in the step-function region 
of the EMP speccrum. Thus we may estimate the antenna response by obtaining 
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and resonance frequency lead to a damping ratio C a 0.02 (Q = 26), and 
so the high-Q approximation can be used. Also, 5.2 MHz is in the "step- 
function" region of the EMP spectrum; thus the response to a 5 x10 V/m 
step excitation will be used. Since 

—7— - 1000 when w = 2ir x 5.2 x 10^ 

a> o dw o 

we have V o /w^ * 38.5. The peak open-circuit voltage induced at the 
terminals of the fixed-wire antenna by the 50 kV/m incident EMP is then 

V(t)| pk ^ 5 x iO 4 x 2V o/o)^ » 3.85 MV (25) 

There is also a smaller, broader resonance at 1.7 MHz in Fig. 91 of 
Chap. 2.1; this is apparently the airframe first resonance, and the peak 
induced voltage at this frequency is about 0.4 MV. Thus the response at 
5.2 MHz dominates the antenna response. 

In Fig. 91a of Chap. 2.1 it is seen that the antenna input Impedance 

A 

is approximately 6x10 ohms at 5.2 MHz. Hence the antenna behaves as a 
current source supplying a short-circuit current v oc / z in “ 3.85x10^/6x 
10* * 64A to any load impedance small compared to 6xl0^ohms. If a 
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50-ohm matched coaxial cable is used between the antenna and the receiver, 
this cable will carry 64A on the center conductor and the braided-wire 
shield. As indicated in Fig. 26, the voltage between the center conductor 
and the shield would be 3.2 kV, certainly enough to damage the receiver 
if the TR switch was not activated by the EMP induced pulse. 

3.2.2.4 Internal Interaction 
3.2.2.4.1 Fixed-Wire Cable Crosstalk 

A question remains regarding the effect this EMP-induced voltage might- 
have on other avionics on the same aircraft. Some of the EMP-induced 
signal will leak out of the braided wire shield used on typical coaxial 
transmission line and excite other nearby cables. A typical leakage 
inductance for the 50-ohm RG-213 cable is 0.25 nH/m. The voltage per 
meter developed outside the cable by the 64A current inside is 

V' = u) q L^I - 0.52 V/m (26) 



Fig. 26. Voltages and current induced by a 50 kV/m double-exponential 
pulse on HF fixed-wire antenna components. 
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Electric coupling between the braid shield and the external conductor has 
been neglected in this analysis. For the E-4 aircraft, 20 m of this cable 
may be required between the antenna and the receiver, so that as much as 
10 volts could be developed on other conductors in the same bundle by 
leakage out of the antenna feed cable as indicated in Fig. 26. This 
assumes no coupler at the antenna terminals; a coupler is usually installed 
near the antenna terminals which, unless it were tuned to u , would attenuate 
the EMP-induced signal. 

Although 10 volts is not a large transient for the interior of the 
aircraft, it is large enough to upset logic circuits unless the circuits 
are protected by an additional layer of shielding. Furthermore, because of 
uncertainties in the estimates leading to the 10-volt result, a safety 
margin of perhaps an order of magnitude is desired. 

3.2.2.4.2 Wires Near Aperture 

Interaction of the EMP with conductors inside the aircraft by means 
of fields penetrating apertures, such as windows, hatches, or doors, is 
also of interest. Such interaction is particularly likely in the vicinity 
of the cockpit where windows or canopies are required for operator 
visibility, and in wheel wells and bomb bays where large doors and poor 
electromagnetic seals can permit significant penetration. 

Let us consider a wire bundle routed near a window as illustrated 
in Fig. 27a. The window and wire bundle can be represented as an aperture 
and a wire as shown in Fig. 27b. For the wire close to the wall (h/R o “Q.l) 
and not too close to the edge of the window (&/R q < 2), the data of Figs. 2 
and 3 of Chap. 2.2 can be used. The open-circuit voltage induced on the 
wire by a surface tangential magnetic field H gc perpendicular to the wire 
is 

V oc ■ V““o h V 1 sc /( ’' R o> (27) 

where f is the small-hole correction factor given in Fig. 3 of Chap. 2.2, 
s 

and a is the magnetic polarizability of the aperture. For a round hole 
of diameter &, the polarizability nf the hole is 
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(a) physical problem (b) canonical problem 


Fig. 27. Aperture penetration and interior wire interaction. 

a m - H 3 /6 (28) 

At airframe fundamental resonances, the short-circuit surface magnetic field 
H flc is several times the incident magnetic field at points not too close 
to the extremities of the airframe. 

For the EC-135 data of Fig. 32 of Chap. 2.1, the airframe first 
resonance occurs at about 2.5 MHz and the surface field is 20 times the 
incident field strength. Because the incident double-exponential EMF 
varies as 1/w at 2.5 MHz and the induced open-circuit voltage varies as 
a), these frequency dependences cancel and the open-circuit voltage is 
directly proportional to the impulse response of the airframe. The impulse 
response whose frequency-domain properties are shown in Fig. 32 of Chap. 2.1 
is a damped sinusoid of normalized peak magnitude 25it x10° at the fundamental 

3 

frequency of 2.5 MHz. For a 0.5 m diameter window, a - 0.0208 m , and for 

m 

a typical wire position, the damped sinusoidal open-circuit voltage on the 
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wire has a peak value of about 110 volts. This is a significant voltage; it 
illustrates the importance of either treating windows to reduce the 
penetrating fields or routing wiring far from such openings. 

3.2.2.5 Hardening Approaches 

On aircraft there appears to be little that can be done to control 
the charge and current density induced on the skin by the incident EMP 
(with the possible exception of aircraft with trailing-wire antennas). 
Therefore most of the hardening concepts depend on establishing and 
controlling the first principal shield at the skin or at some other 
natural or deliberate shield surfaces. The pressure hull of the aircraft 
may be chosen because it is already a controlled surface and most sensitive 
avionics are in the pressurized region. Adding EMP control to the pressure 
barrier thus requires less special attention than imposing EMP requirements 
on otherwise uncontrolled skins and bulkheads. 

As the above examples have illustrated, the principal offenders in 
EMP interaction are large antennas (or other line conductors that act as 
antennas) and large apertures. These devices allow the EMP energy to 
penetrate the first principal shield and to Interact directly with equip¬ 
ment or indirectly through mutual coupling to other internal wiring. The 
topological approach to hardening requires that the apertures in the first 
principal shield be closed and that the currents on the penetrating con¬ 
ductors be diverted to the outer surface of the shield. 

The apertures may be closed by covering them with metal skin if no 
penalty is incurred by doing this. For many apertures (notably the cockpit 
windows), however, visibility must be maintained. In such cases, several 
alternatives are available. A fine mesh that does not appreciably degrade 
visibility may be used to break the large aperture into many small apertures, 
thereby reducing the total aperture penetration. A conducting coating of 
stannous oxide having a surface resistivity of 2 to 5 ohms/square can be 
applied to significantly reduce the EMP penetration without seriously 
degrading transparency. Finally, one can simply avoid routing cables 
serving sensitive circuits near the large apertures. The latter approach 
may require somewhat more control over cabling practices than is normally 
exercised in aircraft manufacture. 
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Conductors that penetrate the first principal shield are often more 
serious compromises of the shield than the large apertures. It is important 
in EMP hardening to trace the system topology and identify all penetrating 
conductors, whether they are electrical cables or pipes, tube3, control 
cables, etc. Each must be treated in some manner to prevent externally 
induced currents from passing through the skin to the interior of the 
aircraft. Techniques for treating groundable stationary pipes and tubes 
and signal-carrying conductors are suggested in Fig. 9 of Chap. 3.1. An 
additional treatment for electrical wiring is to distort the first principal 
shield, so that the shield encloses the "external" wiring; that is, to 
enclose the external wiring in a conduit or other shield that is topologi¬ 
cally part of the first shield. This approach can be used for wiring in 
the wings, bomb bays, and wheel wells where natural shielding afforded by 
the airframe is very poor during parts of the mission. 

3.2.3 GROUND-BASED SYSTEM 

Permanent ground-based installations such as rocket vehicle launchers 
and communication facilities are generally characterized by large external 
appendages such as power lines and communication cables, and by facility 
shields of various qualities. For the present example, we will use the 
rocket vehicle launcher illustrated in Fig. 28. Commerical power is 
normally used to operate the system and to perform expendable station¬ 
keeping operations. Communication and monitoring from a remote location 
is done through a buried, shielded communication cable. An alternative 
communication channel may be a radio system; hence, an external radio 
receiving antenna and feed cable may be provided. 

The system illustrated in Fig. 28 is considerably simplified; opera¬ 
tional systems often contain many other external elements such as outside 
lighting, WWV receivers, local radio communications systems, external power 
outlets, intrusion alarm sensors, radiation/EMP monitors, local telephone 
cables, etc., as well as plumbing for water, sewage, fuel, etc. However, 
the elements shown are representative of the external Interaction elements, 
and they will be used to illustrate EMP interaction with long overhead 
conductors, long burled conductors, and "local" antennas and antenna feeds. 








power 

lines 



Fig. 28, Components of a ground-based launcher. 


In addition, as will be discussed later, it will be assumed that the 
launch tube lid is imperfect, so that external magnetic fields may penetrate 
through the joints between the lid and the launch tube walls. Thus, this 
example will also demonstrate the effect of penetration through the 
apertures in the shield. 

3.2.3.1 System Topology 

The first principal shield for the system will be the welded steel 
walls of the launch tube and ground equipment compartment. This shield is 
identified in Fig. 29 as Sq y Except for the launch tube lid and the 
holes for cable entries, the outside envelope of Sq 1 is considered to 
be continuous steel plate. 

Within Sq ^ there are secondary principal shields that form the 
housings for power and signal processing circuits. These secondary shields 
are identified as ^ in Fig. 29, and are usually metal equipment cabinets. 
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Within the launch tube the vehicle skin ^ is a ^ so a secondary prinicpal 
shield that separates the rocket vehicle circuits from the environment of 
the equipment room and launch tube. 

The pertinent system topology is illustrated in Fig. 30, where the 
l&ft half of the diagram represents the equipment room and the right half 
represents the launch tube. The first principal shield on the left side 
is compromised by the penetrating cables, while on the right side the 
shield is compromised by the leaky lid apertures. The divider between 
the left and right sides represents the wall separating the launch tube 
from the ground equipment room; this divider is compromised by the umbilical 
cable between the support equipment and the vehicle. 



Fig. 29. Identification of Fig. 30. System topology, 

shielding surfaces. 
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All sensitive circuits and components are presumed to be in the 
small-signal regions enclosed by the second principal shields. That is, 
all small-signal circuits are housed in the ground support equipment 
cabinets (shield or in the vehicle guidance and control compart¬ 

ment (shield S 1 2 ). Less susceptible circuits (lighting, heating/air 
conditioning, power conditioning) may be compatible with the equipment 
room environment. 

3.2.3.2 External Interaction 

Four important external interaction problems that can be identified 
on the first principal shield Sq ^ of Fig. 30 are (1) the overhead power 
lines, (2) the buried communication cable, (3) an on-site antenna and 
feed cable, and (4) the external fields exciting the apertures about the 
launch tube lid. These example problems will be worked out in this section. 

3.2.3.2.1 AC Overhead Power Lines 

The elements of the power line problem are illustrated in Fig. 31a. 

The exposed elements are a semi-infinite overhead conductor with a vertical 
down lead. These elements drive a shielded feeder that leads to the main 
distribution panel. At the main distribution panel the power circuits 
branch out to the various system loads, one of which is the equipment 
within the first principal shield. All circuits are assumed to be enclosed 
in tight metal conduit, so that negligible additional interaction occurs 
between the feeder and the facility shield. Within the main distribution 
panel the power conductors leave the conduit and are routed to circuit 
breaker terminals. This portion of the conductors has been represented 
by an inductance in Fig. 31a; it could also be represented by a segment 
of transmission line whose characteristic impedance is larger than that 
of the conductors in the conduit. 

a. Overhead Line 

Fig. 31b illustrates the problem geometry for the determination of 
the Norton equivalent source characteristic of the incident EMP and the 
exposed conductor. The induced terminal current can be obtained from 
scattering theory or approximated using transmission-line theory. In 
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Fig. 31. External coupling and propagation through AC power system. 

(a) AC overhead power line circuits; (b) equivalent source 
for overhead lines; and (c) source transferred to facility 
shield penetration. 

either case, the short-circuit current will depend on the incident EMP 
waveform and azimuth and elevation angles of incidence, and the current 
and admittance will depend on both the conductor size and height, and soil 
conductivity and permittivity. 

For this example, consider a power line that extends to infinity (away 
from the facility) and is 10 m above soil of conductivity 10 ^mho/rn. Also 
for simplicity, assume that the power lines can be represented by a single 
conductor of radius 0.1 m. Then for an exponential pulse E Q e t ^ T (with 
x ■ 250 ns) incident at an elevation angle of 20° (i|j * 20°) end-on (<jj ■ 0), 
the line is characterized by (see Sec. 2.1.2.3.3a) 
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(29) 


Z 

Z -V 2 - *n(2h/a) - 217 ohms 

C Ztt 

t /t - ^ sin - 0.0912 (30) 

O CT 

-9 

or - 0.250 x 10 mho - sec/m 

D(i^,<f0 - 5.67 (vertical polarization) 

The short-circuit current at the terminals is given by (93) of Sec. 2.1.2.3.3a.4 
and is plotted in Fig. 32 for E q - 10^ V/m. The source admittance Y^ is the 
inverse of the characteristic impedance Z c , i.e., Y^ « Y^ - 1/Z c . These 
define the Norton equivalent source representing the above-ground power line, 
as illustrated in Fig. 31b. 



Fig. 32. Short-circuit current induced in power line by exponential 
pulse of incident field. 
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b. Low-Voltage Wiring 


The propagation of the induced current through the feeder* distribu¬ 
tion panel, and essential load conduit is illustrated in Fig. 31c. The 
stray inductances in the distribution panel and the other circuits in the 
support building (outside the first principal shield) are represented by 
a Tee network in Fig. 31c. Generally, the electrical wiring consists of 
several conductors in a conduit and thus the transmission lines shown in 
Figs. 31a and 31c are multiconductor transmission lines. As suggested in 
Fig. 31c, the transmission-line problem is solved as a two-conductor line 
to obtain the common-mode Norton equivalent source (I^.Y^) at the point 
where the conduit penetrates the first principal shield. 

c. Service Entrance Conduit 

The equivalent source 1^ drives the line end of the service entrance 
conduit conductors. For this example, we will consider only the common-mode 
currents on these conductors, and assume that the conductors and feeder 
conduit form a uniform, lossless transmission line. The Norton equivalent 
source I^ 2 \ Y^ at the end of the service entrance conduit entering the 
main distribution panel is then 

V«> - (31) 

8 c 1 + p(0)e JZU 


!< 2 > - .J L+ P(0) _ 

l + p(0)e"J m 


(32) 


where p(0) - (Y^ - Y^)/(Y^ + Y^^), and l are, respectively, the 

characteristic admittance and length of the conductors in the service entrance 
conduit, and Y^ is the source admittance of the Norton equivalent source 
driving the conduit. Eqs.(31) and (32) above thus transfer the Norton 
current source from the line end of the conduit to the main distribution end. 

For a feeder conduit 30-m long with a common-mode characteristic 
impedance of 25 ohms, p(0) ** 0.85 and the conduit is a quarter-wavelength 
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surface. In an operational facility, the geometry is even more complicated 
because the lid makes a sliding contact with the top of the launch tube, 
so that the aperture has depth as well as area. In addition, the crack 
between the lid and the tube may be partially filled with lubricants and 
RFI gasket material. For this example, however, we will assume a simple 
circumferential aperture divided into three segments by the lid/tube contact. 

The external interaction problem consists of determining the surface 
fields (Fig. 39a) and the current density J flowing across the top surface 
of a metal cylinder immersed in the soil due to the incident EMP (Fig. 39b). 
A second mode of excitation is for longitudinal current to flow from the 
lid to the walls of the tube; this current will be driven by the vertical 
component of the electric field, whereas the current flowing across the 
top is driven by the horizontal component of the magnetic field. 

The remainder of the external interaction problem is the calculation 
(or estimation) of the magnetic polarizability of the apertures of Fig. 39c 
(see table 15, Sec. 2.1.3.2). It will be assumed that the electric 
polarizability of the aperture is negligible in the practical case of a 
wide, low-impedance flange contact between the lid and the cylindrical 
launch tube. 



Fig. 39. External coupling to launcher lid apertures, (a) Surface fields, 
(b) surface magnetic field at lid, and (c) dipole moments of 
slots. 
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The radial current at the edge of the lid is 

I * ju> 2e (52) 

due to the vertical electric field when the elevation angle of incidence 
is small. The current across the lid produced by the horizontal magnetic 
field H t is, to the same degree of approximation, 

X 2 « a(2E i /Z £) ) (53) 

where a is the radius of the lid, Z Q m /p 0 /e 0 and A ■ Tra^. The ratio of 
these currents is 


I r /I z * jir ka (54) 

where k - ui/c. Thus, when ka « 1, for which these approximations are 

valid, the current 1 dominates. The surface current density exciting the 
z i 

lid apertures is predominantly given by 2E /Z . 

3.2.3.3 Internal Interaction 

For the most part, the internal interaction consists of propagation 
along conductors; however, there are some special internal Interaction 
cases that are of interest. The first is the case in which a coupling 
between the input and output cables occurs at a cabinet or junction box. 
This coupling occurs at high frequencies because of the capacitance 
between the input/output cables and the intervening circuit mass. Fig. 

40 illustrates this coupling circuit in simplified form. The input 



Fig. 40. Internal cable segment and capacitive coupling network. 
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cable is represented by a transmission line, and the capacitance between 
the input cable and the circuits in the cabinet circuits are represented 
by C^. The capacitance between the output cable and the cabinet circuits 
is represented by G^, and is the capacitance between the circuits and 
ground, or cabinet, chassis. 


For illustrative purposes let us assume that * C 2 « C^, and that 
the small capacitances C.^ and C 2 appear to be open-circuit terminations 
at the ends of the input/output cables for times of interest in the EMP 
analysis. Then 



21 . 

x _ e -j 0 ) 2 i/c 


(55) 


where Z £ is the characteristic impedance of the cable and Z is its length. 
In the time domain 

Zc Ji [ 3 * W* ’ ml/c) ] " (t ' (56) 

where m * 2n - 1. 

Note that if the input current 1^ has a large derivative, the output 
current will be large. Consider, for example, a power lead with the 
current of Fig. 33 rising to 15 kA in 0.1 ys. The rate of current rise 
is 15 x 10 10 A/s, and for Cj.-Cj-IO pF, C 3 - 200 pF, and Z £ - 100 ohms, the 
peak output current is 15 A. Hence we have 15 A delivered to an output 
conductor that is ostensibly isolated from the power lead. 

A second internal interaction phenomenon involves leakage out through 
cable shields, propagation along the shields, and leakage back through the 
shield to internal conductors. A simple example is illustrated in Fig. 41, 
where a larger EMP induced current J. flowing on internal conductors induces 
currents 1^ and 1^ on the cable shields and a voltage V on the internal 
conductors of the second cable. This phenomenon is most effective at high 
frequencies because the braided-wire shields are leaky at high-frequencies 
and the inductance of grounding conductors allows high-frequency com¬ 
ponents of the shield current I g ^ to flow onto the second cable as 1^* 
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For a cable shield transfer impedance per unit length, 

the current I^ in the shield is approximately 

'.l * ST I(t> <57) 

at early times (i.e., before reflections from the ends) and for 
IZ C « L g dl/dt. If the second segment of cable is the same as the 
first, the early-time voltage induced on the internal conductor of the 
second cable will be 

<=04) 2 

V oc (t) ■ -2P- «« «« 

For an inductance per unit length L' of 0.2 pH/m and a leakage inductance 
per unit length of 1 nH/m, the open-circuit voltage impulse induced 
in the second cable by a 15 kA-s impulse in the first cable is 11 V-s. 

For a cable impedance of about 100 ohms, this induced voltage would corre¬ 
spond to 0.1 A (for a short pulse) compared with 15 A for capacitive 
coupling between conductors. Such coupling phenomena as these are 
responsible for the apparent permeation of facilities by the high- 
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frequency responses even though stray series inductance and higher losses 
in dielectrics and conductors tend to attenuate the high frequencies. 

It is also noteworthy that the leakage through the shields is signi¬ 
ficantly smaller than the capacitive coupling between cable ends. 
Topologically, the shielded conductors are separated by two layers of 
shielding, whereas the capacitively coupled conductors are in the same 
shielded volume. 


3.2.4 SATELLITES 

Satellites used as observation platforms or communication relay 
stations are rather complex vehicles topologically because of their solar 
cell arrays and their gossamer nature. Because the stresses on the vehicle 
structures in space are minimal and weight is at a 4 remium, the satellite 
vehicles are often rather flimsy and skeletal in comparison to aircraft 
and rocket vehicles. Communication satellities may also contain large 
apertures to accommodate gimballed antennas or other adjustable-position 
components. These vehicles also often contain sensitive electronic systems 
to maintain the proper vehicle altitude and to store, relay, or read out data. 

The basic features of a communication satellite are illustrated in 
Fig. 42. The main structure of the satellite is a hollow right circular 
cylinder. It spins steadily on its axis to maintain orientation stability. 

Its cylindrical surface Is covered with solar cells. Two dish antennas 
are mounted on the cylinder's top end. This end is a movable platform 
detached from the rest of the cylinder. It is kept despun from the cylinder 
by a motor to achieve antenna aim control. A biconical horn antenna is 
mounted at the end of an axial shaft which extends through a circular 
aperture beyond the bottom end of the cylinder. Electronic components 
necessary for satellite operation are housed in the cylinder's interior. 

They are shown in Fig. 42 as "black boxes" connected to a circumferential 
cable bundle. 
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Fig. 42. Some basic features of a communication satellite model. 


3*2.4.1 EMP Environment for Satellites 

Because satellites are exoatmospheric vehicles, their EMP environment 
is significantly different from that of the surface and near-surface systems, 
The high-altitude EMP is generated in the lower, more dense region of the 
atmosphere well below the Ionosphere. In order for this wave to reach 
satellite altitudes, it must propagate through the ionosphere; in so doing 
its characteristics are noticeably altered. For example, because the 
ionosphere is a good reflector for frequencies in or below the HF band, 
these components of the EMP spectrum incident on a satellite are largely 
filtered out by the ionosphere. For frequencies above the HF band, the 
electron inertia causes the effective dielectric constant and the electrical 
thickness of the ionosphere to vary with frequency, so that this portion of 
the EMP spectrum is dispersed by the ionosphere. The EMP waveform incident 
on the satellite therefore has a smaller peak field strength and is more 
oscillatory than the waveform observed below the ionosphere. 
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Perhaps more important than the dispersed EMP wave incident on the 
satellite is the flux of gamma aid X-radiation produced by the nuclear 
detonation. S^'ce there may be little intervening media between the 
weapr > and the satellite for a high-altitude burst directly illuminating 
the satellite, there is little attenuation of the radiation propagating 
toward the satellite (except that caused by distance). This flux of 
radiation can interact with the satellite structure and components to 
cause system-generated EMP (SGEMP) and transient radiation effects un 
electronics (TREE). These effects are often more severe than the dispersed 
EMP itself on satellites. In the following discussion of satellite inter¬ 
action, only the EMP interaction is considered. 

3.2.4.2 EMP Interaction 

The central problem of the satellite-EMP interaction analysis is to 
evaluate the voltages and currents induced on the cables by the EMP. One 
source of cable voltages and currents arises from the direct excitation 
of external wiring and ..itennas. The antennas pick up energy from the EMP 
and inject it directly inLO the cables. Note that the solar panels act 
like antennai. A second source >f cable excitation arises from the 
penetration of the EMP fields through the open apertures on the satellite 
skin. These fields then interact with the cables in the satellite's 
interior. 

The skin of the satellite in Fig. 42 can shield most of the energy 
of an impinging EMP from the satellite's interior. However, some EMP 
energy can penetrate through the skin by way of the antennas and the 
apertures. The apertures include the circumferential slot at the rim of 
tue antenna platform, the vertical slits at ine joints of adjacent solar 
panels, and the circular hole for the biconical horn antenna. These 
apertures are illustrated in Fig. 43. 

Although the shape of the vehicle and its apertures are different 
trom those of the rocket vehicle and aircraft, the electromagnetic inter¬ 
action problem is quite similar to those already discussed. Furthermore, 
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Fig. 43. A geometrical model applicable to the calculation of EMP penetration 
through the apertures on the satellite. 


because the EHP problem is only part of the satellite interaction problem 
involving SGEMP and TREE considerations, only a simple numerical example will 
be worked out below. 

When the satellite is illuminated by an incident EMP whose magnetic 
field is parallel to the satellite axis, significant magnetic-field penetra¬ 
tion into the interior can occur via the slots and the hole shown in Fig. 43. 
The maximum open-circuit voltage that can be induced between the internal 
conductors and the shield of the circumferential cable bundle shown in 
Fig. 42 will be estimated in the following. It will be assumed that all 
of the magnetic flux which penetrates the satellite through the slots and 
hole also links the cable loop. The electromotive force associated with the 
rate of change of the magnetic flux will cause a total current I t to flow 
in the cable loop; this total current will then induce currents and voltages 
on the internal conductors of the cable bundle. The open-circuit voltage is 
estimated by treating all the internal conductors as a single conductor and 
by ignoring the presence of the "black boxes" shown in Fig. 42. 

The system top. ogy for this elementary problem is shown in Fig. 44. 

The first principal shield is the outer skin of the satellite. The penetra¬ 
tions of this shield to be considered in this example calculation are the 




vertical slots 



vertical slot apertures in the outer skin. The second principal shield is 
the shield of the cable bundle. This shield is typically a mylar-aluminum 
film, penetration through which occurs via diffusion. An interaction 
sequence diagram for this elementary problem is given in Fig. 45. The 
following notations are used: 

X, ■ length of vertical slots 
w = width of vertical slots 
n ■ number of vertical slots 
= resistance of cable loop 
= inductance of c«..ble loop 
b ** radius of cable loop 

r = radius of cable bundle 
o 

Z,J, ■ transfer impedance per unit length of cable shield 
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Fig. 45. Elementary interaction sequence diagram for satellite 
example calculation. 


It is shown in table 8 of Sec. 2.1.2.1.2 that the short-circuit magnetic 
field H gc on the outer surface of the satellite skin is approximately 

H sc “ U * (59) 

where H* denotes the incident magnetic field. The magnetic flux ^ which 
penetrates the vertical slot apertures is related to H gc and to a^, the 
magnetic polarizability of a single aperture, by 


= — a u H 
m U Vo si 


(60) 


The permeaoility of free space is denoted as usual by y Q . The magnetic 
polarizability, of a long slot aperture is given in table 14 of Chap. 2.1 by 








24 An(4i/w) 


Therefore, substitution of (61) into (60) yields 

ny 

*m 16 £n(4£/w) 

which is an approximate expression for the total flux linking the interior 
of the satellite via the vertical slots. 

It is assumed that all of the penetrant magnetic flux links the 
circumferential cable bundle. This assumption will lead to an overestimate 
of the total current induced in the cable loop. The electromotive force 
driving the cable loop is then simply -s$> m> and the current induced in the 
loop is this eraf divided by the loop impedance R^ + sL^. It can be shown 
that may be neglected in comparison to sl^ in the frequency range of 
interest (i.e., f £ 30 MHz because of the presence of the ionosphere 
between the source region and the satellite). From table 16 of Chap. 2.1, 
we have 


H “ i, o b ln ‘ 8b/r o> 


so that the loop current I fc is 


2 i 

= _ - mriTir 

t 16b £n(4i/w)in(8b/r Q ) 


(63) 


(64) 


Now the maximum open-circuit voltage V qc which can be developed 
between the shield and the internal conductors of the cable bundle is 
found from (117) of Chap. 1.3 and (1) of Chap, 2,4 to be®Ci 


V 

oc 


2TrbZ^I t 


(65) 


Using (5) of Chap. 2.4 and assuming that the cable bundle shield is electri 
cally thin over the frequency range^pf interest, we find that V qc is 
approximately 













( 66 ) 


v , . - _ 

oc 16 r Q a d £n(8b/r o Hn(4£/w) 

in which a and d denote the shield conductivity and thickness respectively. 

The time dependence of V is thus seen to be identical to that of H^; 
oc ^ 

and the peak value of V qc is given by (66) when H is replaced by its peak 
value. 

For purposes of numerical illustration, let l - 2m, w - 0.5 cm, n - 4, 
b - lm, r Q - 2 cm, a = 3.7x10^mho/m, and d = 0.025 mm. Then the open- 
circuit voltage V qc is givex by 

v oc - - e.exitrV] volts (67) 

in which [H*] denotes the numerical value of H*. It has already been pointed 

out that the presence of the ionosphere causes the incident EMP to have a 

smaller peak value than that which would be observed below the ionosphere. 

Thus the peak value of V will be less than that which would occur were 
oc ^ 

the ionosphere absent; choosing, for example, [H ] - 133, which would 
correspond to a peak electric field strength below the ionosphere of 
50 kV/m, we find that 


I V oc,peak^ < °’ 9 VoltS (68) 

3.2.5 ERROR-ANALYSIS EXAMPLES 

In this section we present the application of the error-analysis 
formulas described in Chap. 1.6 to some of the results obtained in the 
foregoing illustrative system analyses. 

3.2.5.1 Induced Voltage on Rocket Raceway Cable (cf. Secs. 3.2.1.3.2, 3.2.1.4) 

Eqs. (9) and (10) of Sec. 3.2.1.3.2 for the voltage Induced per unit 
length of raceway cable on a rocket vehicle yield the following approximate 
expression for the peak value of this voltage: ^ 
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pk = L T f l I pk w/< 


(69) 


in which w is the raceway perimeter and a is the missile radius. The 
quantity w/(2ra)is a purely geometrical parameter used to estimate the 
fraction of the total missile current flowing on the raceway cover. 

The root-mean-square (rms) relative errors in each of the quantities 


L^,, f 1 , w/a and I 


pk ' 


> respectively denoted by 


~2 *S 


/ ~ 2 


< Va ' 


pk 


and from (41), Chap. 1.6, the relative rms error in V', , <>L, > 

. , p pk 

given by 


(70) 


<V >^ ■ fd +<*?. >)<! +-<*f >)( 1 + <Va> )(1 + < i I ■ 1 1 

pk L “t 1 w/a pk J 

We briefly discuss each of the input quantities in (70). 

The transfer inductance per unit length L^, represents the aggregate 
effect of the bolted and riveted raccway-cover joints. It is very difficult 
to calculate both itself and the effect of combining the axial and 
circumferential polarizabilities into a single equivalent L.J,. Thus, an 
optimistic estimate of <(x^, ]> * would be 0.5, or 50%. We use this value 

in the calculation of <x 2 , 

pk 

The frequency can be accurately calculated for an idealised model 
of the rocket vehicle; measured natural-frequency data for given vehiclen 

arc also available. Thus we aesign the value 0.05, or 5%, to <( , 

r l 

The fraction w/a can be determined almost exactly for a given vehicle, 
but it is used in (69) to denote the fraction of the total missile current 








which flows in Che raceway cover. This current fracCion and Che geometrical 

-2 h 

fraction may not be identical; thus we will use “ 0.10, or 10%, 

for the relative error in w/a. 

The peak missile current I p ^> like the frequency f^, can be calculated 
quite accurately for an idealized model of the vehicle. Following the 
discussion in Sec. 2.1.2.1.1, we assign the value 0.15, or 15%. to <x^ > 

pk 

It is now a simple matter to evaluate the relative error in V^. We 
find that 


<V >** = 54% 
pk 


(71) 


exact, i.e., if <x^, > were set equal to zero, 


If the value of 1^ 

then <^ x V^j c / ,1S would be less than 20%. It is A apparent that the large relative 
error in L^, is the dominant contribution to that in V^, and 


<V“ < 5 h >!s 


<72} 


The open-circuit voltage developed on the internal cable conductor 
is approximately given by (17) of Sec. 3.2.1.4. The peak value of V „(t) 
is approximately 


V (t >L ■ £ 1 ’ 4c 57 ' P k I 


Ip* 


z l! ttV 
Tc L’ P 


pk 


(73) 


<x 2 „ >* - 0 . 00 , 


<xj\ > h - 0.10 


2 % ~2 li 

<* 1 / 1 -> - o - 10 - < 4 > °- 54 

pk 


(74) 
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obtain 




h 

> - 56% 


( 75 ) 


for the relative error in V (t)I 

*pk 

It is apparent that calculations of relative error in a given quantity 
are straightforward when the relative errors in the constituents of that 
quantity are known. What is far more difficult to quantify is the error 
caused by the use of, say, a low-frequency approximation such as that 
used to obtain (12) of Sec. 3.2.1.3.2, when the solution to the same 
problem without the low-frequency approximation is not known. It is at 
this point where engineering judgement and experience, as well as analyses 
which are as accurate as possible, must be used to develo-' estimates of 
the errors incurred in approximate analyses, 

3.2.5.2 Aircraft HF Fixed-Wire Antenna Respons e (cf. Sec. 3.2,2.3.3) 

The peak open-circuit voltage developed at the terminals of an HF 
fixed-wire antenna is estimated in Sec. 3.2.2.3.3 to be 


v oc (t> |. • 

|pK 

in which 


(76) 


=* peak value of incident EMP electric field 
u) q = center frequency of resonant response of effective, height h 
Am = 3 dD bandwidth of resonance response 
h e (a) Q ) ■ effective height at frequency w 0 

The principal assumptions used in obtaining this result are 

(a) The dominant contribution to the frequency-domain response 
arises from the resonance in effective height which occurs 
near f = 5.2 MHz. 
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(b) An equivalent step-function response can be used to derive (76) 
since the resonance near 5.2 MHz lies in the "step-function" 
region of the EMP spectrum (cf. Sec. 3.2.2.3.3, Fig. 24). 

The relative rms error in the peak voltage V qc is given by 

>*-|'(l+<i 2 >)<l+<*£ »<!+<£? » - l] 5 * (77) 

oc L pk v e -* 

in which £ “ Au> 0 / 2o> q . We assign example values to the rms relative errors 
in the input quantities as follows: 

<x 2 > J5 = 0.0, <i 2 >** - 0.25, < x? > }S “ 0.50 

pk ' ^ e 

yielding 

)> “ 0.57 (78) 

oc 


The short-circuit current I will have peak value 


where z in (w Q ) is real. Assuming that the relative error in the admittance 

1/Z.(u) ) is 25%, we find the relative error in the current I I to be 
in o sc| pk 

N*-|[l + (0.57) 2 ] [l + (0.25) 2 ]- 1 p 

- 0.64 (80) 


3.2.5.3 Satellite Cable-Bundle Induced Open-Circuit Voltage (cf. Sec. 3.2.<t.2) 
The open-circuit voltage developed between the shield and the internal 
conductors of the circumferential cable bundle shown in Fig. 42, due to 
electromagnetic penetrations of the vertical slot apertures in the 
satellite skin, is given in (66) of Sec. 3.2.4.2. 
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All quantities in (66) can presumably be determined exactly. The errors 
associated with that result arise, therefore, entirely from the modeling 
concept and the approximations used in its derivation. The principal 
assumptions used are that 

(a) The short-circuit magnetic field on the outer surface of the 
satellite can be approximated by the incident magnetic field. 

(b) The aperture penetrations can be treated as if the apertures 
were located in an infinite ground plane, rather than in the 
surface of a cylinder of finite length. 

(c) All the penetrant flux links the cable loop. 

The first assumption is valid for a long cylinder whose length greatly 
exceeds its diameter. The satellite is modeled as a cylinder whose length 
and diameter are roughly equal; thus some error is introduced by assumption 
(a). This assumption leads to an underestimate of the true surface current 
density; the error could be as large as a factor of two. 

Assumption (b) Introduces error because the slots extend almost the 
entire length of the satellite. The curvature effect is probably not an 
important source of error, by virtue of the results in Sec. 2.3.1.1.1. 
However, the fact that the slots are comparable in length to that of the 
cylinder tends to yield a low estimate of the penetrant flux. This may 
be partly compensated by assumption (c), which would overestimate the 
flux linkages of the cable bundle. If is suggested that an error of ± 5 dB 
be associated with assumptions (b) and (c). Thus V Qc as given in (66) 
probably contains a systematic error of a factor of roughly 1.5 (i.e., V qc 
as given in (66) is too low by a factor of 1.5) and an undetermined error 
of plus-or-minus a factor of 2. 
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It is now handled by DTIC. 

-‘‘'■'JAMES A. KEE, Major, USAF 
Chief, Technology Branch 





1st Endorsement 


22 Cct 84 


To: Defense Technical Information Center 
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AEWL-TR-80-402 to BMO/TR-84-34. Also add OPR BMO/MGEM, Norton APB, CA 92409 
to block 16. Also please forward BMO/MGEM 2 copies as soon as possible. 
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